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Chapter 1 


Introduction to current-mode 
circuit techniques 

1.1 Development of integration technologies 

The development of modern integration technologies is normally driven by the needs 
of digital CMOS circuit design. As the sizes of integrated devices decrease, so maxi¬ 
mum voltage ratings also rapidly decrease. Although decreased supply voltages do not 
restrict the design of digital circuits, it is harder to design high performance analogue 
integrated circuits using new processes. 

In digital integration technologies, there are fewer integrated devices available for 
circuit design. In a worst case situation, this means that only transistors are available 
for analogue circuit design. There may occasionally bee capacitances and resistors 
but their values may be small and there are significant parasitic components present. 
Thus, if we want to utilise the fastest integration technologies available, we are usually 
restricted to active components in the design of integrated analogue circuits. 

Since the introduction of integrated circuits, the operational amplifier has served 
as the basic building block in analogue circuit design. Since then, new integrated 
analogue circuit applications have emerged and the performance requirements for ana¬ 
logue circuits have changed. Voltage-mode operational amplifier circuits have limited 
bandwidth at high closed-loop gains due to the constant gain-bandwidth product. Fur¬ 
thermore, the limited slew-rate of the operational amplifier affects the large-signal, 
high-frequency operation. 

When wide bandwidth, low power consumption and low voltage operation are 
needed simultaneously, the voltage-mode operational amplifier easily becomes too 
complex and has characteristics that are not needed, for example DC-accuracy. On 
the other hand, circuit techniques used in radio frequency applications are usually too 
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simple to reach the required accuracy. Therefore, there is a growing need for new, low 
voltage analogue circuit techniques. 


1.2 Motivation for current-mode circuit design 

One procedure for finding alternative, preferably simpler, circuit realisations is to use 
current signals rather than voltage signals for signal processing [1,2], MOS-transistors 
in particular are more suitable for processing currents rather than voltages because the 
output signal is current both in common-source and common-gate amplifier configura¬ 
tions and common-drain amplifier configuration is almost useless at low supply volt¬ 
ages because of the bulk-effect present in typical CMOS-processes. Moreover, MOS 
current-mirrors are more accurate and less sensitive to process variation than bipolar 
current-mirrors because with the latter the base currents limit the accuracy. Therefore, 
at the very least, MOS-transistor circuits should be simplified by using current signals 
in preference to voltage signals. For this reason, integrated current-mode system reali¬ 
sations are closer to the transistor level than the conventional voltage-mode realisations 
and therefore simpler circuits and systems should result. 

When signals are widely distributed as voltages, the parasitic capacitances are 
charged and discharged with the full voltage swing, which limits the speed and in¬ 
creases the power consumption of voltage-mode circuits. Current-mode circuits can¬ 
not avoid nodes with high voltage swing either but these are usually local nodes with 
less parasitic capacitances. Therefore, it is possible to reach higher speed and lower 
dynamic power consumption with current-mode circuit techniques. Current-mode in¬ 
terconnection circuits in particular show promising performance [3]. 

When the signal is conveyed as a current, the voltages in MOS-transistor circuits 
are proportional to the square-root of the signal, if saturation region operation is as¬ 
sumed for the devices. Similarly, in bipolar transistor circuits the voltages are propor¬ 
tional to the logarithm of the signal. Therefore, a compression of voltage signal swing 
and a reduction of supply voltage are possible. This feature is utilised for example 
in log-domain filters [4], switched current filters [5], and in non-linear current-mode 
circuits in general. Unfortunately, as a consequence of the device mismatches this 
non-linear operation may generate an excessive amount of distortion for applications 
with high linearity requirements. Thus, in certain current-mode circuits, linearisation 
techniques are utilised to reduce the nonlinearity of the transistor transconductance, in 
which case the voltage signal swing is not reduced. 

However, new solutions invariably entail new problems. The compression of the 
voltage signal swing, for example, increases sensitivity to mismatches. Similarly, a 
large amount of reported current-mode circuits require advanced complementary bipo- 
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lar integration processes utilising vertical npn- and pnp-transistors with a high fj, 
circuits which need excessively high supply voltages in order to be useful in most bat¬ 
tery operated applications. Furthermore, some current-mode techniques such as the 
current-feedback are very old (compare to cathode-feedback in electron tube ampli¬ 
fiers) and are used as enhanced voltage-mode signal processing building blocks rather 
than as true current-mode signal processing building blocks. At radio frequencies, 
current-mode circuit techniques are limited to on-chip signal processing in integrated 
circuits as off-chip impedance levels are fixed, typically 50 Q. However, the aggres¬ 
sive scaling of integration technologies ensures that current-mode circuit techniques 
will remain useful in the future, while some longer on-chip sub-system interconnec¬ 
tions may need RF design techniques. 


1.3 Evolution of current-mode building blocks 

The current-conveyor, published in 1968 [6], represented the first building block in¬ 
tended for current signal processing. In 1970 appeared the enhanced version of the 
current-conveyor: the second-generation current-conveyor CCII [7], Neither of these 
building blocks became popular as a consequence of the introduction of the integrated 
operational amplifier at the time. As the voltage-mode operational amplifier concept 
had already been introduced in the forties, it is no wonder that the current-conveyor 
did not become a success overnight. Additionally, integrated current-conveyors were 
difficult to realise due to the lack of high performance pnp-devices in the integration 
technologies of the nineteen seventies. 

In the nineteen eighties, fast vertical pnp-devices were introduced in bipolar in¬ 
tegration technologies. During that time, research societies started to notice that the 
voltage-mode operational amplifier is not necessarily the best solution to all analogue 
circuit design problems. New research findings regarding current-mode signal pro¬ 
cessing using current-conveyors were presented. Furthermore, a commercial product 
became available: the current-feedback operational amplifier [1,8]. The high slew 
rate and wide bandwidth of this amplifier resulted in its popularity in video amplifier 
applications. 

Most reported current-conveyors and current-feedback operational amplifiers rely 
on the complementary bipolar process technology. In order to realise current-mode 
circuits with the less expensive CMOS-technology, different circuit topologies and op¬ 
eration principles are required. In 1988 the principle of a MOS current copier was pre¬ 
sented [9], which enabled sampled data analogue circuits using only MOS-transistors. 
In 1989 the switched-current (SI) principle was presented [5], The Si-circuits represent 
an alternative to the switched-capacitor (SC) circuits that do not need linear capacitors. 
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Si-circuits can therefore be realised with a standard digital CMOS-process. Several 
improvements to this circuit technique have been presented, for example the second 
generation Si-integrator [10] and the S 2 I-teehnique [ 11 ]to reduce current memory 
errors with a two-step sampling method. 

Following the introduction of sampled-data signal processing using current-mirrors 
continuous-time filter realisations based on current-mirrors were also reported [12— 
14]. Furthermore, various proposals for a CMOS current-mode operational amplifier 
have been published, either with a differential input and single-ended output [15] or 
with a single-ended input and differential output [16]. 

1.4 Adjoint principle 

As a wide range of voltage-mode analogue circuits already exist, a straight forward 
method of converting these voltage-mode circuits to current-mode circuits would be 
very useful. In such a method a circuit using voltage amplifiers and passive compo¬ 
nents is converted into one that contains current amplifiers and passive components. 
An ideal voltage amplifier has infinite input impedance and zero output impedance, 
while an ideal current amplifier has zero input impedance and infinite output impedance. 
Consequently, direct replacement of a voltage amplifier with a current amplifier will 
lead to different circuit behaviour. 

A voltage-mode circuit can be converted into a current-mode circuit by construct¬ 
ing an interreciprocal network by using the adjoint principle [1,17]. According to this 
principle, a network N is replaced with an adjoint network N ai the voltage excitation is 
interchanged to a current response, and the voltage response is interchanged to a cur¬ 
rent excitation, as demonstrated in Figure 1.1. Thus, the resulting transfer functions of 
these two networks N and N a are identical: 

H v (s) = ^ = ~ = Hi(.s). (1.1) 

b/i 

The networks N and N a are thus said to be inter-reciprocal to one another. When the 
networks N and N a are identical, for example in the case of passive networks, the 
networks are said to be reciprocal. 

Since all passive networks are reciprocal, all passive circuit elements have them¬ 
selves as their adjoint elements i.e., passive elements are inter-reciprocal. In order to 
maintain identical transfer functions for both the original network N and the adjoint 
network N„ the impedance levels in the corresponding nodes of both networks should 
be identical. Therefore, the signal flow is reversed in the adjoint network and a voltage 
source is converted to a current sensing element as they both behave as short circuits. 
Similarly, a voltage sensing element is converted to a current source. A list of circuit 
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Figure 1.1 interreciprocal networks N and N a . 



Table 1.1 Some circuit elements with their corresponding adjoint elements. 
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elements and their adjoint elements are presented in the Table 1.1. 

In addition, controlled sources can be converted with the same principles: the sig¬ 
nal flow is reversed and the impedance level is kept the same. In this way, a voltage 
amplifier is converted to a current amplifier and a current amplifier is converted to a 
voltage amplifier, respectively. However, since transresistance and transconductance 
amplifiers are inter-reciprocal, networks containing only transresistance or transcon¬ 
ductance amplifiers and passive elements differ only in signal direction and type. 

The adjoint principle can also be applied to transistor level circuits. In this case, 
a bipolar transistor in a common-emitter amplifier configuration is inter-reciprocal to 
itself and the common-collector amplifier configuration has the common-base con¬ 
figuration as its adjoint. Converting a voltage-mode bipolar transistor circuit to a 
current-mode MOS-transistor circuit could be beneficial as it minimises the use of 
source-follower stages which have poor low-voltage performance due to the bulk- 
effect. Bipolar transistor circuits are conventionally constructed of common-emitter 
and common-collector amplifier stages and the resulting MOS-transistor adjoint cir¬ 
cuit is constructed of common-source and common-gate amplifier stages. 


1.5 Scope of this book 

Because the development of new integration technologies is driven by the needs of 
digital integrated circuit design, deep-submicron CMOS technologies will be the main 
integration technology in the near future. Furthermore, because the high density of 
integration leads to low supply voltages, digital circuits will no longer benefit from 
the use of bipolar transistors. Consequently, the significance of BiCMOS integration 
technology is diminishing. Thus, in this work, predominantly standard low-cost n-well 
CMOS-processes are used to realise the developed current-mode circuits and different 
circuit topologies. Certain circuits have been realised with BiCMOS-processes with 
only npn-type vertical bipolar transistors, as a simple bipolar add-on to an analogue 
CMOS-process may yet remain a commercially feasible option long after the more 
specialised complementary BiCMOS-processes become too expensive to develop. 

In this book we concentrate on the design of linear current-mode amplifiers and on 
different linear and non-linear signal processing applications utilising these amplifiers. 
Such applications are comparable to signal processing techniques based on voltage¬ 
mode operational amplifiers. Therefore, a circuit designer familiar with circuit design 
with voltage-mode operational amplifiers would be able to see the analogy between 
current- and voltage-mode amplifiers and would be able to choose between both design 
methodologies in integrated circuit design. 

This book does not cover the entire field of current-mode circuit design, which 
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is extensive indeed. One such current-mode design technique is the translinear circuit 
principle, originally developed by Barrie Gilbert for synthesis of non-linear signal pro¬ 
cessing functions by bipolar integrated circuits [18] and extended to MOS integrated 
circuits that use transistors operating in weak inversion or in saturation [19]. However, 
in Chapter 7 logarithmic amplifiers are discussed as an example of non-linear signal 
processing with current amplifiers. Although logarithmic amplifiers do not belong to 
the category of translinear circuits, certain translinear circuit techniques can be used 
in conjunction with such amplifiers, for example in post-processing of the logarithmic 
output signal. Neither the log-domain filters [4] nor other dynamic translinear circuits 
is covered in this book because such circuit techniques are best suited to bipolar inte¬ 
grated circuits or micropower MOS integrated circuits which are beyond the scope of 
this book. 

Since 1968, a confusing amount of different current-mode building blocks have 
been proposed. Consequently, the most significant current-mode building blocks are 
reviewed and compared in Chapters 3 and 4. As many of these current amplifiers op¬ 
erate without any global feedback, the linearity of the amplifier becomes an important 
design parameter. Consequently, the distortion mechanisms of different current ampli¬ 
fier topologies are discussed in detail. Current-mode amplifier macromodels are also 
discussed in Chapters 3 and 4 as they are an important tool in evaluating amplifier 
performance in different applications. 

The input voltage-to-current and output current-to-voltage conversions play an im¬ 
portant role in all current-mode signal processing systems and are discussed in Chap¬ 
ter 5 together with various differential to single-ended and single-ended to differen¬ 
tial conversion techniques. Several design examples, with experimental results, are 
included in order to demonstrate the performance of the enhancement techniques dis¬ 
cussed. Similarly, the noise in current-amplifiers is discussed as the noise behaviour 
of the system is strongly linked to the input interface. 

As an application example, active continuous-time filter realisations using current- 
amplifiers are discussed in Chapter 6. In addition, first conventional active filter tech¬ 
niques based on voltage-mode amplifiers are reviewed. Subsequently, different active 
filter techniques based on current-conveyors are reviewed. Furthermore, three differ¬ 
ent methods for implementing active continuous-time filters using high-gain current- 
conveyors are presented. Finally, two high-gain current-conveyors based continuous¬ 
time filter chips are designed and fabricated and the filter design procedure and the 
resulting filter performance is discussed in detail. 

In Chapter 7 two different logarithmic amplifier operating principles are discussed. 
Two logarithmic amplifiers are designed and fabricated using current amplifiers and 
other current-mode circuitry. These two design examples serve to demonstrate that 



8 


References 


efficient logarithmic amplifier realisations can be designed with both operating princi¬ 
ples using current-mode design techniques. 
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Chapter 2 


Basic current amplifiers 


In this chapter, different basic current amplifier topologies are discussed. With these 
amplifiers, more complicated current-mode amplifiers are constructed in the CMOS 
integration technology. There are two types of basic CMOS current amplifiers: invert¬ 
ing and noninverting current amplifiers. The inverting current amplifiers are realised 
with different current-mirror topologies whereas the noninverting current amplifiers 
are either realised with two cascaded current-mirrors or with a one-transistor ampli¬ 
fier stage in a common-gate configuration. Furthermore, it is well know that, with 
a common-gate amplifier stage, only unity gain noninverting current amplifiers, i.e. 
current buffers, can be realised. Therefore, the basic current amplifiers involved are 
different realisations of current mirrors and current buffers. 

Basic amplifier building blocks such as current-mirrors have already been dis¬ 
cussed in much of the literature on analogue integrated circuit design [1-3]. As these 
textbooks assume that the basic amplifiers are used to construct high gain voltage am¬ 
plifiers, an essential nonideality for current amplifiers is omitted: distortion. When 
current signals are assumed rather than the traditional voltage signals several assump¬ 
tions that have been made in the literature are not valid or at least have a different 
significance. Therefore, in this chapter is evaluated which mechanisms in practice 
dominate the dynamic range of these current amplifier building blocks. As signal 
frequencies increase, different mechanisms begin to dominate the operation of the am¬ 
plifier and consequently the amplifier nonidealities are analysed at both high and low 
frequencies. 

One such basic amplifier building block is however not included in this chapter: 
the differential amplifier stage, also known as the source-coupled pair. The reason for 
this omission is that this building block has very limited application in current-mode 
signal processing, which typically involves gain boosting of a local feedback loop. As 
this amplifier stage is now used as a traditional voltage amplifier, the same assumptions 
as those already mentioned in the literature [1-3] also apply here. In certain cases, as 



12 


Basic current amplifiers 


with the circuit topology depicted in Figure 2.17b, the topology may only resemble a 
source coupled pair, but in practise its operation is completely different. 

2.1 Current-mirror 

Inverting current amplifiers with moderate and easily controlled gain can be realised 
with current-mirrors. A simple realisation of a MOS current-mirror [1] is presented in 
Figure 2.1. If one assumes that the transistors operate in the saturation region (vps > 
vcs — Vy ), so that the drain current equation is ip = P" c j'' w (iy- V r )~ (I + Xvps ), 
where the parameters are: 

surface mobility of the channel. 

C„ x = gate oxide capacitance density, 

W effective channel width, 

L effective channel length, 

Vy threshold voltage, 

X channel length modulation parameter. 

Then, if the effect of source and load impedances is first neglected, the current-mirror 
large signal equation shows inverting current gain proportional to the aspect ratios of 
transistors M i and M 2 , with certain additional dependencies 

^ _ ‘OUT WnL\ / V(;s — Vl7 V I + Xvps 2 HolCpxl ^2 1 ) 

>IN L 2 W\ V V GS Vj I / I + Xvpsi M„\C m l 

In the current-mirror, the process variation of the channel width W, channel length 
L, mobility fj„, and oxide thickness t ox produce linear gain error comparable to the 
variation of the resistor ratio errors in the closed loop operational amplifier circuits. 



vss 


Figure 2.1 Inverting current amplifier with a simple MOS current-mirror. 
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Other parameters in the current gain equation likewise have an effect on the circuit 
nonlinearity and are discussed in detail in the following sections. 

2.1.1 Nonidealities due to the channel length modulation 

In addition to the random process variation, finite input and output impedances have 
a significant effect on the gain accuracy. The small-signal input impedance of the 
inverting current amplifier depends on the transconductance of the input transistor M\ 



and the small-signal output impedance depends on the drain-source conductance of the 
output transistor A/ 2 , accordingly 

r mil ^ = T~: • (2.3) 

gdsl AJ B 2 

In modern sub-micron CMOS processes the g m /g r i s ratio is less than 100 and conse¬ 
quently a significant gain error results when more of these current amplifier stages are 
cascaded. This gain error is usually reduced by increasing the output impedance using 
different cascode mirror topologies rather than the simple two transistor current-mirror. 

Three different cascode current-mirror topologies are presented in Figure 2.2. The 
simplest uses only one more transistor at the output that can be biased quite freely 
(Figure 2.2a). In this case, however, the drain-source voltages v^si = vos and vds 2 
are different and gain error may result. Moreover, these drain voltages are signal de¬ 
pendent and thus the channel length modulation X, which continuously increases as 
progressively shorter channel length devices are introduced, can additionally produce 
significant amount of distortion. Therefore, topological improvements must be made 
in the current-mirror in order to maintain the drain-source voltages vdsi and vds2 as 
equal as possible. 

This is achieved by using other cascode current-mirror topologies rather than the 
simple current-mirror or the cascode current-mirror of Figure 2.2a. In the circuit of 
Figure 2.2b, an additional current-mirror constructed of transistors M 3 and A /4 is added 
on top of the original current mirror in order to force the drain voltage vds2 of the 
transistor A / 2 equal to vasi = vcs [1]- Unfortunately, this reduces significantly the 
input and output voltage ranges and thus the minimum supply voltage of the circuit is 
quite high. It is therefore better to add the cascode transistors, A /3 and A/ 4 , directly to 
the drains of both mirror transistors, M\ and A/ 2 , as presented in Figure 2.2c and bias 
the cascode transistors with an additional voltage so that the drain voltages vds\ and 
vds 2 are slightly above the saturation voltages of the mirror transistors M\ and A/ 2 , in 
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Figure 2.2 Different cascode current-minor topologies, (a) A simple three transistor cascode 
current-mirror, (b) A simple four transistor cascode mirror [ 11. An enhanced current-mirror 
capable of operating with low supply voltages [4,5|. 
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all signal conditions [4,5]. 

If(3 = jJ„C ox y-, A. andl Vj of all of the transistors in the three current mirror circuits 
are assumed equal, so that the drain-source voltages of transistors M | and M-± are the 
only unmatched parameters, the output current iour equals 

1 + Al'O.S'2 . w A 

'OUT = -— .- 'IN ~ -l/N ~ M v O.V2 - V’avi )UN- (2.4) 

1 + Ar/jii 

Although this equation is an approximation, the distortion of these three cascode cur¬ 
rent mirrors can be compared with adequate precision. Furthermore, the drain-source 
voltages Vos i and vos2 of the main mirror transistors M\ and M 2 can be expressed as a 
function of the small signal input current with additional constants that depend on 
the mirror topology 


~ \/ 1 >IN 
vos 1 ~ Vos -1 -< 

(2.5) 

gm 


Vfl.s'2 ~ Vo? + AVos + a— ■ 

(2.6) 


gm 

For the current-mirror of Figure 2.2a, the constant a is approximately - 1 because the 
drain-source voltage vos 2 drops as the output current increases. With this topology the 
static difference of the drain-source DC-voltages, A Vos, can be relative high depending 
on the cascode transistor bias voltage. For current mirrors of Figures 2.2b and c, the 
constant a is approximately 1 and A Vos is only a few millivolts. 

Given these assumptions, the output current can be now expressed as 

iour = ~'in (I + AA Vos) ~ ij „— (•—«)• (2.7) 

gm 

This equation demonstrates that the drain-source DC-voltage mismatch term b pro¬ 
duces only gain error as the term a has a significant effect on the current-mirror dis¬ 
tortion. If the input signal is rewritten as i m = /sin(aw), where /' is the current signal 
amplitude and co the signal frequency, the second order harmonic distortion of the 
mirror can be solved: 

HD2(\) ~ r—-(I -a) = (2.8) 

gm 2 

where m = 4- is the modulation index. If we assume a moderate modulation index 
in 

m = 0.2 and a modern submicron CMOS process, where the ratio may be as low 
as 40, the distortion of the three transistor cascode current-mirror of Figure 2.2a is 0.5 
%, while in both four transistor cascode current-mirrors the distortion almost vanishes. 
Therefore, the distortion arising from channel length modulation can be neglected if 
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the appropriate mirror topology is selected and the main mirror transistors M\ and 
are designed so that they have significantly longer channel lengths than the minimum 
channel length. One must be careful in bias circuit design because it is easy to construct 
a bias circuit where the same distortion mechanism as in the mirror of Figure 2.2a 
occurs. 

In practice, the A-model used to approximate the drain-source conductance does 
not work well with submicron channel lengths as the drain-source conductance is no 
longer proportional to the drain current near the saturation voltage. The same is also 
true in the case of drain-source voltages in the range of two volts or more. Therefore, 
the X of the two mirror transistors can be assumed to be equal only if the static differ¬ 
ence of the drain-source DC-voltages AVps is minimal. However, the final conclusion 
that the effect of the channel length modulation is minimised by tracking the drain- 
source voltages of the main mirror transistors is still true as, in this case, the parameter 
A, can also be assumed equal for both transistors. Therefore, the use of proper cascode 
topologies is even more important than the calculations may show as the parameter X 
itself can generate distortion in certain current-mirror topologies. 


2.1.2 Nonidealities due the W mismatch 

If P = /j 0 C ux j-, X and vds of both transistors are assumed to be equal, so that the 
transistor threshold voltage mismatch A Vj = Vt2 ~ VVi is the only nonideality, then 
the output current iouT equals 


lour = ~i/N - !|a Vj - AVj\j2 p(f//v + /«). 


(2.9) 


From this equation, it can be seen that the Vj mismatch produces a static offset current 


Ioff{AV t ) = \aV^ + AVt^/Wb, ( 2 . 10 ) 

but as the square root term is signal dependent, the V r mismatch also produces gain 
error and distortion. This term can be approximated with a Taylor series 




21 B 


54 I 

128/£ ' 256/E 


3l + ) 

256/5 ■) 


( 2 . 11 ) 


If we assume that the input signal is 


ii jv = ('sin(cof) = m/g sin(cof), 


( 2 . 12 ) 
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where fis the current signal amplitude, CD the signal frequency, and m = the modu¬ 
lation index, different harmonic components can be collected 

ViiN + hi ~ Vh sin(cot) 

2 3 

+ —-cos(2w) - —-sin(3av) 

16 64 

" ^4 COS(4(0 ° + ^6 Sin{5c0f} + '' ' (2 ' ‘ 3) 

By using this approximation, we can solve the current gain as a function of the thresh¬ 
old voltage mismatch from Equation (2.9): 


A i{ AV T )*~l-AV T] j± = - 1-^. (2.14) 

This shows that the gain error depends on the saturation voltage Vdsat — V(;s — VY. 
For example, a threshold voltage mismatch of 5 mV produces 0.5 % gain error with a 
saturation voltage of 500 mV. 

The second order harmonic distortion due to the threshold voltage is 

< 2I5 » 

and the third order harmonic distortion is accordingly 

. w? A Vt 

< 2161 

The above equations show that it is relatively easy to design a current-mirror that has 
harmonic distortion lower than -60 dB at low frequencies. At higher frequencies, other 
distortion mechanisms start to dominate the nonlinearity of the current mirror. 

To test the validity of the equations, the current mirror distortion was simulated 
as a function of the threshold voltage mismatch. Both a simple current-mirror and 
the cascode current-mirror of Figure 2.2c are compared with the harmonic distortion 
equations (2,15) and (2.16) in Figure 2.3. In the simulations, Level 2 Spice-models 
of a 1.2^m CMOS-process are used; the aspect ratio of the mirror transistors M\ and 
M 2 is 100^/5^ while the aspect ratio of the cascode transistors M 3 and M 4 is 100 ^/ 2 /r. 
The saturation voltage of the mirror transistors is approximately 300 mV and the mod¬ 
ulation index is 0.2. In order to avoid high frequency nonidealities in the simulations, 
the input signal frequency is only one Hz. 

The simulations show that, in the cascode current-mirror, the threshold voltage 
mismatch is almost the only distortion mechanism present at low frequencies. For 
the simple current-mirror, the g m /gd s ratio is approximately 167 and thus the second 
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Figure 2.3 Simulated low frequency distortion of a simple and a cascode current mirror as a 
function of the threshold voltage mismatch. The mirror transistor Vdsai is approximately 300 
mV and the cascode mirror uses the topology of Figure 2.2c. The input signal frequency is one 
Hz and the modulation index is 0.2. 

order distortion due to the channel length modulation is approximately 64 dB, which 
is in the same range as the threshold voltage mismatch distortion. The two distortion 
mechanisms either cancel out or sum up, depending on the sign of the threshold mis¬ 
match. Besides, the threshold mismatch distortion alone predicts quite well the level 
of distortion also in the simple current-mirror case. 

2.1.3 High frequency nonidealities 

Linear effects 

The small-signal equivalent circuit of the simple MOS current-mirror of Figure 2.1 
is presented in Figure 2.4. In this schematic, the capacitance C,„ consists of the gate 
capacitances of the mirror transistors, M\ and AL, and all other parasitic capacitances 
in the current-mirror input node, excluding the gate-drain capacitance C g ,t 2 i.e. the 
Miller-capacitance. In order to minimise the inaccuracies arising from the threshold 
voltage mismatch, the mirror transistors usually have relatively large gate areas and 
therefore the gate-source capacitances are the dominant capacitances and consequently 
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Figure 2.4 The small-signal equivalent circuit of the simple current mirror. 


the input capacitance can be approximated as 


Cm ~ C gs i + Cg S 2 = -C, IX W\ L\ (Aj + 1), 


(2.17) 


where A< « - and L\ =Li. 

When the current-mirror is driving another current-mirror, the load conductance 
gi in the output admittance yi = gi + sC) is comparable to g,„[ and similarly the load 
capacitance C; is comparable to the mirror input capacitance C,„. Furthermore, all ca¬ 
pacitances at the output other than C gl /2 are included in the load capacitance C/ and 
thus the minimal effect of the drain diffusion capacitances of the output mirror tran¬ 
sistor and the output current source is omitted. Hence, we can assume the gate-drain 
capacitance C gl a to be far smaller than the capacitances C,„ and C/. As the drain-source 
conductances gj s j also g^ are also much smaller than the transconductances g,„| and 
g m 2 and the load conductance g/, the current-transfer function can be approximated as 


lout 

I'm 


o (l (s^~ l) 

8 m2 _ V to) \ Xml ) _ 

8m 1 I _i_ ^ { £ia I X' n 1 ^ \ 1 ^2 

\8»,[ ' gmigi J g»,\gt 


(2.18) 


With current gains close to one, the pole and the zero due to the load capacitance 
cancel each other resulting in a first order transfer function with a pole at 


8 ml 

Po = jr~, 

'-'in 


(2.19) 


and a zero at 


zo = - 


8»a 

C g J2 


( 2 . 20 ) 


The right half-plane zero does not contribute a great deal to the amplitude response 
near the corner frequency. Furthermore, the relatively insignificant Miller effect can 
be reduced even further if cascode current-mirror topologies are used. Therefore, the 
corner frequency can be expressed as a function of device dimensions and bias current 


3 / Palm 

Ai+l)l 2C ox WiL]' 


( 2 . 21 ) 
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if the Miller effect is neglected. The equation shows that there is a similar trade-off 
between gain and bandwidth as with operational amplifiers. In this case, however, 
the frequencies are much higher. As the corner frequency is strongly dependent on 
the channel length, there is a strong trade-off between bandwidth and gain accuracy 
as well as bandwidth and distortion. With high current gains, the Miller effect in the 
simple current-mirror reduces the bandwidth more than is indicated in Equation 2.21, 
as the capacitance C S( /2 is proportional to W 2 and A,, whereas the transconductance #,,,2 
is only proportional to the square root ofWA and A;. 

Certain cascode current-mirror topologies, such as the low voltage cascode current- 
mirror in Figure 2.2c, may reveal a degree of peaking of the current gain near the cor¬ 
ner frequency, as the input mirror transistor M\ and the input cascode transistor Mt, 
form a feedback loop with a second order transfer function. If the cascode transistors 
have the same aspect ratio as the mirror transistors, the non-dominant pole frequency 
is still twice the dominant pole frequency or even more. Moreover, the cascode tran¬ 
sistors should have larger aspect ratios than the mirror transistors in order to maintain 
good biasing conditions for larger signal variations. Furthermore, the threshold volt¬ 
age mismatch of the cascode transistors has very little effect on the mirror accuracy. 
Consequently, minimum channel lengths can be used for the cascode transistors, as is 
not the case with mirror transistors. As a result, the non-dominant pole is shifted even 
further and thus, in properly designed cascode current-mirrors, the cascode transistors 
have a negligible effect on the frequency response. 


Nonlinearity in limited frequency ranges 

High frequency distortion can be easily and intuitively derived if only a limited fre¬ 
quency range is considered. Then, instead of deriving complex equations for each 
distortion component valid for a very wide frequency range, a few simple asymptotic 
equations can be derived. 

First, frequencies significantly below the mirror corner frequency are considered. 
Although the frequency response is flat below the corner frequency, the parasitic ca¬ 
pacitances start to generate a significant amount of distortion even at relatively low 
frequencies. As the signal frequency increases, the input parasitic capacitances gradu¬ 
ally start to convert the non-linear input voltage v//v into a non-linear current i c -\ [6,7], 
Consequently, the large signal output current equation for high frequencies can be ap¬ 
proximated for the simple current-mirror as [8] 

four = -iiN + <'ci = ~iiN + Cin j— • (2.22) 

at 

For the cascode current mirror of Figure 2.5b, the parasitic capacitances Qji and Cm 
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Figure 2.5 High frequency effects (a) in a simple current-mirror and (b) in a low voltage 
cascode current-mirror. 


generate distortion in the same way as the input capacitance C//y. However, the cur¬ 
rents ic 2 and i C 3 cancel each other out because the parasitic capacitances at the mirror 
drain nodes, in addition to the cascode transistor transconductances, are well matched. 
Therefore, the same output current equation is also valid for the low voltage cascode 
current-mirror. 


At signal frequencies significantly lower than the mirror pole frequency (Oo = 
it can be assumed that the current flowing through the gate capacitance is merely a 
fraction of the input current, so that it does not affect the mirror input voltage v//y. 
As the gate-source capacitance is relatively linear in the saturation region, it can be 
assumed that the derivative of the mirror input voltage is the only non-linear ele¬ 
ment of the large signal current equation. Therefore, the nonlinear output current can 
be approximated 


iour = 


- i/w + C/iV \/2P — \/h,w + hi ■ 
at 


(2.23) 


If the term y/i tN + / B is approximated with a Taylor-series of Equation (2.11) and after 
substituting i w = i sin(wf), asin Equation (2.13), the equation can be derived and used 
to calculate harmonic distortion arising from the input capacitance. The second order 
harmonic distortion is 


HD2{C, n ) 


1 co 
4 coo’ 


CO <0)0 


(2.24) 
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where m = jL. Accordingly, the third order distortion is 


HD3(C in ) 


(l)<0)0 



(0 

Wo' 


(2.25) 


At signal frequencies significantly above the mirror pole frequency 0)o. the input 
capacitance C/a/ dominates the input impedance and thus the input voltage can be ex¬ 
pressed as 


V/N 


V r + 


I^+ — 

y P Cin 




m//jcos(o>f) 

(qC/h 


(2.26) 


By substituting this into the output current equation i OUT = | (v w — V r ) 2 and collect¬ 
ing different harmonic components, one arrives at 


lour 


(D 0 m/fl 


cos(o)/) + 


co 


«>o ,,, 2 Ib 
8 co 2 


cos(2coc) 


(2.27) 


The equation shows that there is ideally exclusively second order distortion present, 
which equals 


HD2(C,n) 




I con 
8 W co ' 


(2.28) 


Mirror as a feedback amplifier 

The current-mirror input transistor M\ can be considered as a feedback amplifier and 
thus the dynamic distortion equations derived in Appendix A.3 can be applied to depict 
the high frequency distortion also in this case. Then, as in Appendix A.3, the feedback 
amplifier can be divided into two parts, a linear integrator stage and a nonlinear output 
stage. The capacitance C;n integrates the input current forming the mirror input volt¬ 
age. The mirror input voltage is then amplified by the transistor transconductance into 
a nonlinear drain current. The diode-connected input transistor M\ forms the feedback 
alone so that, for the distortion equations, the feedback factor / is always one regard¬ 
less of current mirroring ratio. The current-mirror mirroring ratio affects only the total 
input capacitance C/a/ thus moving the mirror pole frequency (On. 

Letting / = 1, b\ = \/2$2hu b 2 = 7 P 2 and by = 0, the second-order distortion 
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equation (A.38) as a function of frequency can be simplified to 


HD2 = -m 
4 


GXOo 


v /o> 2 + c^ v / 


m 


and, respectively, the third order harmonic distortion equation (A.39) is simplified to 

3 -> torn?, 

HD3=-m 2 - 0 - - = ■ (2.30) 

(co 2 + 0)5) y'4(0 2 +©5y'9a) 2 + ug 

By assuming co < C0(), Equation (2.29) simplifies to Equation (2.24) and similarly by 
assuming to > O)o the result equals Equation (2.28). Similarly, Equation (2.30) simpli¬ 
fies to Equation (2.27) when to < (On- Therefore the simple equations agree with the 
more complex feedback equations. 



Figure 2.6 Simulated and theoretical second and third order harmonic distortion of a a simple 
NMOS current-mirror with a input signal modulation index of 0.2. 


To test the validity of the distortion equations, the calculated distortion was plotted 
against simulated distortion in Figure 2.6. In the simulations the Level 2 Spice-models 
of a 1.2jUtn CMOS-process were used and the aspect ratio of the mirror transistors M\ 
and M 2 was 100ju/5//. A threshold voltage mismatch of 5 mV was assumed and the 
saturation voltage of the mirror transistors was approximately 300 mV. In the calcula- 
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tions, the (Og 27t56 MHz was extracted from the operating point simulation data. The 
simulated distortion of the simple mirror agrees quite well with the theoretical distor¬ 
tion although above the pole frequency a) 0 also other distortion generation mechanisms 
such as nonlinear drain and source diffusion capacitances begin to affect the simulated 
distortion. At low frequencies, of course, simulated distortion does not agree with the 
calculated distortion since DC-nonidealities such as the threshold mismatch was not 
included in Equations (2.29) and (2.30). 



Figure 2.7 Simulated second and third order harmonic distortion of a cascode current-mirror 
of Figure 2.2c with a input signal modulation index of 0.2. The cascode mirror is simulated 
with two different cascode sizes 100/r/5pand 100,u/2p. 

In addition, the high frequency distortion of the cascode current-mirror topology of 
Figure 2.2c was compared with the simple current-mirror without cascode transistors 
(Figure 2.7). The aspect ratio of the cascode transistors Mt, and A/ 4 was either 100p/5p 
or 100yu/2 /J. With the cascode current-mirror, there is a significant increase in the 
simulated distortion near the corner frequency. Although the distortion currents i C 2 and 
t'c '3 caused by the parasitic capacitances Co\ and Cp 2 cancel each other well below the 
pole frequency ft)o, this assumption is no longer valid near 03(3 as the input transistors 
form a feedback loop and the output transistors do not. As the currents ici and icj 
depend on the frequency in the same way as t'ci, the distortion peak can be shifted 
up by minimising the cascode transistor channel length. Furthermore, the peaking of 
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Figure 2.8 A three dimensional plot and its contour plot of the theoretical second order har- 
monic distortion of Equation (2.29) as a function of the modulation index m and the normalised 
frequency co/coo. 
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Figure 2.9 A three dimensional plot and its contour plot of the theoretical third order harmonic 
distortion of Equation (2.30) as a function of the modulation index m and the normalised fre¬ 
quency to/a)o. 
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the current gain near (Oo increases the signal amplitude and consequently distortion, 
but the peaking decreases as the cascode transistor channel lengths are decreased. A 
significant increase in the main mirror transistor area will shift (Do down so that these 
two distortion peaks do not overlap anymore resulting in a lower maximum distortion. 

The distortion Equations (2.29) and (2.30) can be presented as function of the nor¬ 
malised frequency ^ and the modulation index m in a three dimensional graphical 
form. A contour plot representation of the three dimensional graph is presented in Fig¬ 
ures 2.8 and 2.9. The second order distortion plot shows that a distortion level below 
-40 dBc is maintained with a modulation index of 0.1 near (Do. On the other hand, 
at frequencies 30 times below (Do, the distortion level below -40 dBc is maintained 
regardless of the modulation index. The third order distortion, however, is below -40 
dBc almost up to a modulation index of 0.8 with the whole frequency range. 

When the modulation index m approaches 1, the mirror transistors finally fall into 
the weak inversion region at negative input current peaks. Moreover, in the low voltage 
current-mirror, either the input cascode transistor or both mirror transistors may fall 
into the triode region if the cascode transistors are not properly biased or their aspect 
ratio is too small. For these reasons, these three dimensional plots are no longer valid 
as the modulation index reaches 1. However, these three dimensional plots depict the 
minimum distortion that is always present in a MOS current-mirror operating in strong 
inversion. As the cascode transistors add their own distortion peaks in the current mir¬ 
rors, this minimum distortion is not easy to reach near (Do and if even lower distortion 
levels are required, a better circuit topology or a transistor with a better linearity must 
be found. 

2.1.4 Distortion reduction methods 

As the high frequency distortion depends only on the modulation index m and the nor¬ 
malised frequency (o/(0o, we can reduce the high frequency distortion only by increas¬ 
ing the bandwidth or decreasing the maximum modulation index, which is realised 
only by increasing the bias current. However, there are at least three different possibil¬ 
ities to further reduce the high frequency distortion. The first method is to reduce the 
nonlinearity of transistor transconductance by deploying special circuit techniques. 
The second method is to reduce the non-linear current, either by lowering the input 
impedance or by reducing the input capacitance. The third method is to cancel the 
non-linear current by using a replica current. 

Transconductance linearisation 

The transconductance can be linearized by source-degeneration or by biasing the main 
mirror transistors in the linear region rather than the saturation region. The source 
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degeneration method involves adding a resistance in series to the transistor source. 
This method is simple to realise and it has an additional advantage: sensitivity to the 
threshold voltage mismatch is reduced. The output impedance of the current-mirror 
is increased by source degeneration but the input impedance is similarly increased. 
Current-mirror topologies optimised for a low voltage operation, using triode region 
transistors as source degeneration resistors, have been published [9,10], Unfortunately, 
these topologies are relatively complicated and thus their high frequency performance 
is not comparable to simple current mirrors. 

As biasing the mirror transistors in the linear region results is a drastic lowering 
of the mirror output impedance, regulated cascode structures described in more detail 
in Section 2.2 are sometimes used in current-mirrors, as reported in [11-13]. More¬ 
over, these topologies are relatively complicated and thus have low distortion only at 
low frequencies. Furthermore, in all regulated cascode current-mirrors, the dominant 
low frequency distortion mechanism remains the distortion due to the threshold volt¬ 
age mismatch as in all other current-mirror topologies. Thus, the full potential of the 
regulated cascode technique is not utilised in current-mirror applications. 

Another, albeit relatively theoretical, way to reduce the nonlinearity of the transcon¬ 
ductance is to increase the bias current and thus also the transistor gate voltages, so 
that the //> versus vqs characteristic becomes linear as a result of mobility degradation. 
Nevertheless, this does not lead to a reliable or to a power efficient realisation. How¬ 
ever, if we have to process very large currents the high frequency distortion may not 
be as bad as the calculations earlier have shown. 

Nonlinear current reduction 

The input impedance can be lowered and the input capacitance decreased simultane¬ 
ously by isolating the mirror transistor gates and the input node with an external ampli¬ 
fier stage. The additional amplifier stage adds more poles to the input feedback path. 
Stability problems will occur and all successful compensation methods will reduce the 
loop gain at high frequencies and increases the input node capacitance. Unfortunately, 
this additional gain is only needed near the corner frequency and thus the non-linear 
current is reduced only slightly or not at all. Therefore, reducing the nonlinear current 
by decreasing the input capacitance or input impedance is probably possible only in 
BiCMOS technology, when very large MOS current-mirror transistors are buffered by 
a wide band bipolar amplifier. 

Nonlinear current cancellation 

There remains the non-linear current cancelling method. At high frequencies the cur¬ 
rent flowing through the gate-source capacitance in MOS-transistor circuits is a simi- 
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Figure 2.10 Cascode current-mirror topologies which cancel out the high frequency distortion 
due to the input capacitance, (a) Enhanced Wilson current-mirror, (b) Distortion compensation 
with an additional capacitance [8], 


lar nonideality as the base current in bipolar circuits. This nonideality is decreased in 
bipolar integrated circuits, for example by the Wilson current-mirror. So the MOS ver¬ 
sion of the Wilson current mirror and the enhanced Wilson current mirror [2] in Figure 
2.10a have several times lower high frequency distortion than the mirror topologies of 
Figure 2.2. This replica current method can also be utilised in the low voltage cascode 
current mirror by adding a MOS-capacitor to the drain of the input mirror transistor 
M\ as shown in Figure 2.10b [8]. Unfortunately, such non-linear current cancellation 
is difficult to realise in practice while the input capacitance depends on the intercon¬ 
nection capacitances and on the parasitic capacitances of the signal source or driving 
amplifier stage. 

In Figure 2.11 the two current-mirror topologies using the non-linear current can¬ 
cellation are compared to the normal low-voltage cascode current mirror using cascode 
transistors with the aspect ratio of 100p/2^/. The device sizes of both mirror topologies 
are adjusted for minimum distortion level at a frequency of 2.5 MHz. The aspect ratios 
of the main mirror transistors M\ and Mi are 100^/5^ in all mirror topologies. 

The optimum distortion performance for the enhanced Wilson-mirror topology of 
Figure 2.10a was found with an aspect ratio of 100/v/3.2^ for the cascode transistors 
Mi and M 4 . Larger aspect ratio is needed to compensate for the reduction of the cas¬ 
code transistor transconductance due to the bulk effect. The additional MOS-capacitor 
Mb in the low voltage current-mirror has its optimal value at an aspect ratio of 190p/5,u 
with \Q0fj/2/j cascode transistors. If cascode transistors have the same dimension as 
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Figure 2.11 Simulated distortion (modulation index m — 0.2) of an enhanced Wilson current- 
mirror and a distortion compensated low voltage cascode current mirror compared against the 
earlier presented uncompensated low voltage cascode current mirror. 

the mirror transistors (100/.//5/7), also the MOS-capacitor should preferably have the 
same dimensions, but because of the bulk effect, the minimum distortion is reached 
with an aspect ratio of 140^/5,1/. 

The comparison of the simulated distortions shows that the enhanced Wilson current- 
mirror has significantly better distortion performance below (On. At higher frequencies, 
this topology has similar distortion performance to the uncompensated low voltage 
current-mirror. The distortion compensated low voltage current-mirror does not reach 
as low distortion levels as the enhanced Wilson current-mirror, even at lower frequen¬ 
cies, and just below a>o it has a very strong distortion peak. Therefore, this current- 
mirror topology merely shapes the distortion rather than reducing the total amount of 
distortion. 

The optimal non-linear current cancellation depends on the bulk effect and thus the 
optimal device aspect ratios depend on the cascode bias voltage and on the integration 
process used. Furthermore, the input capacitance strongly depends on the stray capac¬ 
itances of other circuits connected to the current-mirror. Therefore, these non-linear 
current cancellation methods cannot be used in general purpose applications where the 
same current-mirror cell is used for many different purposes. But, if we want to min¬ 
imise the distortion arising from the threshold voltage mismatch by using very large 
current-mirror transistors, it would be useful to decrease the distortion arising from the 
input capacitance by means of such non-linear current cancellation methods. 
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Figure 2.12 Noise in a simple MOS current-mirror. 


2.1.5 Noise and dynamic range 

The equivalent circuit for current-mirror noise behaviour is presented in Figure 2.12. 
As current-mirrors have limited current gain, it is not practical to reduce all noise to 
the input and thus the output current noise di\ is preferred in the calculations. The 
output current noise is 

di 2 ou ,=A ? ( di] + di\ { + — dfj +di\ + di\ 2 , (2.31) 

where A, ss — . As the current gain is moderate, the output noise sources cannot be 

neglected. Furthermore, the signal source impedance r s is usually very high and thus 
its contribution to the noise is usually negligible. 

The noise of a MOS-transistor, including both the thermal and the 1// noise [2], 

d ^ = ^ gmdf+ c^L^T (2 - 32) 

where the coefficient Kj is the flicker noise coefficient. The current sources are typi¬ 
cally realised with low transconductance PMOS transistors and therefore the noise of 
the current sources, di 2 Bl and di 2 B2 , have little effect on the output noise. Furthermore, 
the \jf noise normally makes only a minor contribution to the total wide bandwidth 
noise and therefore we approximate the output current noise as 

dih,i ~ {Ai + I) ~8m\df. (2.33) 

As the transconductance g,„ \ is 



2/fit 

Vcs\ - V'T ’ 


(2.34) 
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lowering the noise level means using small aspect ratios and high gate-source volt¬ 
ages. Furthermore, the dynamic range is maximised by using as high bias currents 
as possible. This, unfortunately, increases circuit area or supply voltage (or both) yet 
this applies regardless for all electronic circuits. Fortunately, at low frequencies, in¬ 
creasing the mirror gate area decreases both the 1 //-noise and the distortion due to Vj 
mismatch. 

If we assume one pole transfer function for the current mirror as in equation (2.19), 
its noise bandwidth is 



£m\ 

4C/v ’ 


(2.35) 


and thus the total integrated output noise is 


W - J f~di 2 nm \H(f)\ 2 df 
/ 2 kT 

* g».iy ( A i+ 1) (2-36) 

If signal frequencies are assumed to be at least two decades lower than the mirror 
corner frequency, so that the maximum signal amplitude can be assumed equal to the 
bias current, Ig\. Furthermore, if the total input capacitance C/v and the mirror input 
transconductance g,„i are expressed as a function of device dimensions and bias current 
with Equations (2.17) and (2.34), the dynamic range of the simple current-mirror is 
expressed as 


(2J7) 

However, if the bandwidth of interest is limited so that the noise bandwidth does not 
increase with transconductance, the dynamic range increases with bias current more 
rapidly than the equation shows. 

The cascode transistors also contribute to the current mirror output noise but with 
a different mechanism. The small-signal equivalent circuit of Figure 2.13 is used to 
calculate how the noise of the output cascode transistor < 7/4 compares with the noise of 
the output mirror transistor di\. As a consequence, other noise sources are neglected in 
these calculations. The total output noise generated in the output cascode and mirror 
transistor equals 


diL, = diZ + di 


*( 


gds2+sC„ 


gm 4 + gtls4 + gclv2 + 




(2.38) 


where C s = 4 + C s 4 + C ,/2 represents the total capacitance at the cascode transistor 
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Figure 2.13 The small-signal equivalent circuit of the noise generated at the output of a cas- 
code current-mirror. 

source node. At low frequencies, the noise of the cascode transistor is attenuated by 
approximately ( gds 2 / 8 nA ) 2 and thus this noise source can be neglected. At high fre¬ 
quencies, the cascode transistor noise increases as a result of the parasitic capacitances 
at the cascode transistor source. However, then this noise is usually attenuated else¬ 
where in the signal path and thus the noise and dynamic range calculated for the simple 
current-mirror do not change significantly for the cascode current-mirror topologies. 

2.1.6 Other mirror topologies 

Accurate current-mirror topologies for large signal amplitudes 

Occasionally, for example in the push-pull current-conveyors discussed in the next 
chapter, the current-mirrors must mirror very large current peaks compared to the bias 
current. Because of the large current variation, the channel length modulation has a 
considerable effect on the mirror accuracy and therefore cascode mirror topologies 
sensitive to channel length modulation should be avoided. Similarly, with large cur¬ 
rents, the basic cascode current-mirror may require too much voltage to operate with 
low supply voltages. 

The low-voltage cascode current-mirror earlier discussed has unfortunately one 
drawback: the input transistors are difficult to keep in saturation with large current 
signal amplitudes because the mirror gate voltage vgs varies with input current and the 
cascode transistor M 3 may fall into the triode region at negative current signal peaks if 
the cascode bias voltage Vb is too high. Similarly, the mirror transistors M| and M 2 can 
fall into the triode region at positive current signal peaks if the cascode bias voltage Vb 
is too low. 

The maximum current swing can be extended by using modified transistor-biasing 
schemes [14] such as the cascode current-mirror presented in Figure 2.14a. In this 
current-mirror, the cascode transistors are biased from the mirror input voltage with an 
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(c) 

Figure 2.14 Other cascode current-mirror topologies insensitive to channel length modulation, 
(a) A low-voltage cascode current-mirror with self-adjusting cascode bias 114J. (b) Cascode 
current-mirror with large current handling capability 116|. (c) A cascode current-mirror with a 
source-follower input level shifter 115]. 
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additional level shifter realised by a resistor. The nonlinearity of the resistor does not 
degrade the distortion performance of this current-mirror. Therefore, the resistor can 
be realised with a triode region MOS-transistor or a n-well resistor. However, the para¬ 
sitic capacitances involved in such integrated resistors add to the input capacitance and 
thus reduce the bandwidth of the mirror. Unfortunately, quite large resistance values 
are needed and thus the parasitic capacitance can similarly be large. Moreover, these 
parasitic capacitances are voltage dependent and therefore high frequency distortion 
may increase. 

An alternative method to ensure saturation region operation with large currents is 
to use a level shifter to increase the mirror input voltage. The mirror topology pre¬ 
sented in Figure 2.14c, with a Wilson-mirror like input structure does just that [15], 
where the level shifter is realised with a source-follower with a diode load (transistors 
Mf, and A/ 7 ). This amplifier stage additionally isolates the large gate-source capaci¬ 
tances of transistors M \, A /2 and Mb from the input node. This would lead to reduced 
input capacitance and hence to lowered high frequency distortion unless the result¬ 
ing feedback loop does not cause problems of stability. To avoid any peaking in the 
current transfer function, the feedback loop must be stabilised with an additional ca¬ 
pacitor in parallel with the gate-source capacitance of the source-follower transistor 
A/ 7 . This increases the input capacitance again and if the transistors M\, Mi and M (, 
have equal dimensions, the input capacitance is increased 50% compared to the simple 
current-mirror. Therefore the frequency response and distortion of this Wilson-input 
mirror resembles that of the normal low-voltage cascode current-mirror, which has a 
50% larger input capacitance. 

In the case of very large currents, we can no longer use a cascode transistor in the 
drain of the input mirror transistor A/ 1 . The only way to render the mirror insensitive 
to channel length modulation is to force the drain voltage of the output mirror tran¬ 
sistor A /2 to follow the input voltage. This action can be realised with an additional 
voltage amplifier as depicted in Figure 2.14b [16], Typically, the input capacitance of 
a differential voltage amplifier is quite large and this combines with the mirror input 
capacitance and thus the high frequency distortion is again increased. 

Resistively compensated mirror 

As in most cases, the current-mirror can be assumed to be a first-order low-pass system 
and thus it is an underdamped system. For this reason, its settling behaviour is not 
optimal. By using the low voltage cascode current-mirror of Figure 2.2c, a second- 
order low-pass system will result and the settling behaviour of the current-mirror can 
be tuned by the aspect ratio of the cascode transistors. 

However, there is also a different method to enhance the settling behaviour, one 
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which also extends the current-mirror bandwidth. This method inserts a resistor R 
between the current mirror input node and the gate of the mirror input transistor M\ 
as presented in Figure 2.15 [17]. In this case, the gate-source capacitance C gs i of 
the mirror input transistor M\ is isolated from the rest of the total input capacitance 
C' in = C,„ — C gs ] and a following second-order current transfer function results: 


A;(s) = 


8 m2 


1 +sRC'„ 


dm 1 | -f s w -j- s 2 - Cs ' |C " 1 

Hi" 1 Km I 


(2.39) 


When R = the zero cancels one of the poles and a first-order low-pass function 
results: 

(2.40) 




Then the resulting pole frequency is at 


dm I 

0)0 = ci’ 


(2.41) 


which is approximately twice the pole frequency of the uncompensated current-mirror 
(i.e. R = 0) with a unity gain current-mirror. Unfortunately, the increase of the band¬ 
width decreases with current gain. This resistive compensation method also works 
with cascode current-mirrors, where the transfer function is a third-order low pass 
function with one zero. However, as stated earlier, in most cases the poles caused by 
the cascode transistors can be shifted to higher frequencies so that the cascode current- 
mirror can be considered a first-order low-pass system. 

The resistor/? is usually implemented with a NMOS transistor operating in triode 
region as other integrated resistors have large variations that do not correlate with the 
transconductance of the mirror NMOS transistors. Nevertheless, the NMOS resistor 
requires additional circuitry that tunes the resistance value with a control voltage and 
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Figure 2.15 Resistive compensation technique enhancing current mirror bandwidth and set 
ding time [17|. 
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Figure 2.16 The frequency response and harmonic distortion of the resistively compensated 
current-mirror compared to the uncompensated mirror. 

tracks temperature and process variations [18]. 

The tuning circuit must be relatively accurate because an unmatched pole-zero 
doublet degrades the settling behaviour of the current-mirror in the way documented 
earlier in the case of operational amplifiers LI9], However, the poles and zeros in 
an operational amplifier are normally almost signal independent because the currents 
inside an operational amplifier vary significantly only when the amplifier is slewing 
or when it must supply exceptionally large currents to the load. Unfortunately, this is 
not the case with current-mirrors with resistive compensation: the transconductances 
of the mirror transistors are signal dependent and it increases with the input current. 
The resistance of the NMOS compensation resistor similarly increases with the input 
current. Therefore, the lowest pole and the zero move away from each other with large 
input signals, and settling times are significantly increased. 

As described earlier, the settling times can also be optimised by adjusting the as¬ 
pect ratios of the cascode transistors in the low voltage cascode current-mirror. In this 
case, both the dominant and nondominant poles track each other with large current 
signals. Thus, in many cases, the resistive compensation method does not significantly 
improve the high frequency performance of a current-mirror, at least with most cas¬ 
code current-mirror topologies and with large signal amplitudes. 
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The simulated frequency response and the harmonic distortion of the compensated 
current-mirror compared to the uncompensated mirror are presented in Figure 2.16. 
The current-mirror topology used is the simple current-mirror, i.e. no cascode transis¬ 
tors were used. Furthermore, the same aspect ratios (100/5) are used in mirror transis¬ 
tors as well as the same modulation index (0.2) and bias currents (100//A) as in earlier 
examples. The compensation resistor is not a MOS-resistor but an ideal linear resistor 
instead. The resistance is set to the inverse of the input transistor transconductance, 
which is approximately 1.98ki2. 

The results of the simulation reveal that, while the bandwidth of the current-mirror 
is doubled, the harmonic distortion peak location remains almost constant. Conse¬ 
quently, the distortion increases significantly compared to an uncompensated current- 
mirror with the same corner frequency as the compensated one. Moreover, the maxi¬ 
mum distortion is a few decibels higher than in the compensated one. Therefore this 
compensation technique is not very suitable for low distortion applications. 


2.2 Current buffer 

In the case of current-mirrors, we can realise inverting amplifiers with arbitrary current 
gain. Noninverting current amplifiers with arbitrary gain are, however, more difficult 
to implement. If we want arbitrary current gain, we can cascade two current-mirrors 
to get positive current gain. But if unity gain is sufficient, we can realise noninverting 
current buffers with common-gate MOS-transistor amplifier stages. As the voltage 
buffers have a significant role in voltage-mode circuits, the current buffers have an 
equally significant role in current-mode circuits. 

Two simple CMOS implementations of a noninverting unity gain current ampli¬ 
fier are presented in Figure 2.17. The amplifier in Figure 2.17a is a simple NMOS 
common-gate amplifier stage. In order to keep the transistor M\ in saturation the out¬ 
put DC-voltage level must be at least 


^out {min) = VpsAn + V/N = Vm - V'n • (2.42) 

In certain applications, it is impossible to maintain these bias conditions and therefore 
we need a voltage level shifter either at the input or at the output. A typical realisation 
is to use a diode-connected transistor at the input as a voltage level shifter as presented 
in Figure 2.17b. This current buffer resembles a simple current-mirror, except that 
the mirror transistor sources are connected to a high impedance node (current-source) 
rather than a low impedance node (negative supply voltage). 
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Figure 2.17 Simple CMOS noninverting unity gain current amplifiers, (a) A simple common- 
gate amplifier stage, (b) A common-gate amplifier stage with an input level shifter. 


2.2.1 Linear nonidealities 


The NMOS common-gate amplifier stage of Figure 2.17a produces an input impedance 


Z in — 


_ go + gdsl _ 

go {gnil +gdii + gds2) + gdslgdil ’ 


(2.43) 


where g 0 is the sum of the output conductance of current-source load Ip\ and the load 
conductance. Usually, the current buffer drives a low impedance load because g,„ 3 > 
g,i s the input impedance reduces to 


Z/ (1 * —. (2.44) 

8m 1 

and thus the DC current gain of the amplifier stage is approximately 



Hm i 


In order to increase the DC-accuracy the current source transistor A/j should be a long 
channel device. 

In many applications, however, such an amplifier stage is used to drive a high 
impedance load, typically a MOS-transistor gate, in which case g a <C gj.ii and the 
input impedance is approximately 




(2.45) 
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and the amplifier stage provides a DC transimpedance gain approximately 


R 


m 


l 

So Sds2 


8<ls I 
8m I 


( 2 . 46 ) 


This increased input impedance does not affect the high frequency behaviour as the 
parasitic capacitances start to reduce the high output impedance at relative low fre¬ 
quencies and thus the current buffer has a one-pole transfer function with a pole fre¬ 
quency of coo = fy 1 regardless of the load impedance. 

The operation of the level-shifted current buffer of Figure 2.17b is similar to the 
simple common-gate amplifier stage, where the input impedance is higher because of 
the added series resistance of 1 / (g m j +gdsi)- When comparing this current-buffer to 
the simple current-mirror with comparable device sizes the dominant poles fflo of both 
amplifiers are at the same frequency. While the input impedance of the level shifted 
current-buffer is typically half of the current-mirror input impedance, the total input 
capacitance C/w is similarly halved. 


2.2.2 Nonlinearity 

At low frequencies the drain conductance of the current source transistor M 2 converts 
the non-linear input voltage to a non-linear current and thus the low frequency second 
order harmonic distortion is 

HD2=-m^-, ( 2 . 47 ) 

a gm 1 

and the third order harmonic distortion is consequently 

HD3 = ( 2 . 48 ) 

32 g m | 

where m is the modulation index. At high frequencies the input capacitance C/n con¬ 
verts the non-linear input voltage to a non-linear current as in the current-mirror and 
therefore the distortion equations (2.24), (2.25), and (2.28) also predict the high fre¬ 
quency distortion of the current-buffer. Regardless, as this amplifier is not sensitive to 
device mismatch, the main buffer transistor M\ can be a minimum channel length de¬ 
vice and thus the distortion due to the input capacitance is not as big a problem as with 
the current-mirror. However, as the linear gate-source capacitance is now significantly 
smaller, the non-linear drain and source diode capacitances make a larger contribution 
to the high frequency distortion than in the current-mirror. 

If we compare a simple current buffer (i.e. a common-gate NMOS amplifier stage) 
to a simple voltage buffer (i.e. a common-drain NMOS amplifier stage), and we as¬ 
sume that no floating well devices are used, the operation of the voltage buffer is much 
more sensitive to the bulk effect. With floating well devices or with more complex 
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Figure 2.18 Alternative current buffer topologies, (a) Decreased input impedance by a reg¬ 
ulated cascode circuit [11], (b) Decreased sensitivity to output impedance by an additional 
cascode transistor. 

circuit topologies, the nonlinearity caused by the bulk effect can be minimised but this 
leads to reduced amplifier bandwidth. 

2.2.3 Noise 

At low frequencies the noise in current buffers is mainly arising from the current- 
source transistor Mi and the current-source load as the noise calculations on page 32 
for the cascode current-mirror have earlier shown. The cascode transistor source node 
is typically an internal node which has significantly less parasitic capacitance than 
the current buffer input node and therefore the high frequency noise arising from the 
main buffer transistor M\ is higher. If the current buffer is used as a voltage-to-current 
converter the impedance level at the input is quite low and the noise caused by the 
main buffer transistor increases. 

2.2.4 Alternative topologies 

The performance the current buffer can be enhanced by a modification to the circuit 
topology. The input impedance can be reduced by adding an amplifier stage to keep the 
input voltage variation as low as possible. This is easily realised by the regulated cas¬ 
code circuit of Figure 2.18a [ 11J. In this circuit the input voltage variation is amplified 
by the transistor M 3 and fed to the gate of the transistor M\ and thus the transcon¬ 
ductance of the transistor M\ is virtually multiplied by the ^ ratio of the transistor 
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Figure 2.19 Simulated distortion of a simple current buffer of Figure 2.17a and a regulated 
current buffer of Figure 2.18a. The modulation index is 0.2 in both cases. 


M 3 . This lowers the low frequency input impedance, which is however dependent on 
the load impedance, albeit with reduced sensitivity. This dependency is effectively 
removed by adding a cascode transistor to the drain of the transistor M\ as presented 
in Figure 2.18b. Unfortunately, the addition of this cascode transistor increases high 
frequency distortion as there are now two nodes where parasitic capacitances convert 
non-linear voltages to non-linear currents. On the other hand, the regulated cascode 
circuit effectively reduces distortion as it reduces the input voltage variation more than 
it adds to the input capacitance. As the regulated cascode feedback loop gain decreases 
at higher frequencies, the improvement in distortion performance gradually decreases. 
Furthermore, the feedback loop may need additional compensation which is realised 
with the capacitor Q-, 

In Figure 2.19, the simulated distortion of a simple current buffer of Figure 2.17a 
is compared to the regulated current buffer of Figure 2.18a. In both circuits, the aspect 
ratio for the main buffer transistors M\ is 100 ^/ 2 ^ and for the current source transistor 
M 2 is lOO^u/5 /j, the bias current /g| is 100//A,and the modulation index is 0.2. In the 
regulated cascode buffer, the transistor M 3 is five times smaller than the main buffer 
transistor so that the aspect ratio is 20/j/2/.t and accordingly the bias current /#1 is 
20jt/A. These simulations reveal that the regulated cascode circuit reduces the distortion 
efficiently at low frequencies and, as the signal frequency increases, it still has 4-5 
dB less distortion than the simple current buffer. Near the corner frequency, there is 
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slight peaking in the frequency response of the regulated current buffer and hence the 
distortion peak at the same frequency range. 

The noise performance of these two current buffer topologies does not differ greatly 
from the simple current buffer topology. As long as the — ratio of the transistor Mr 
is high in the regulated cascode circuit the main buffer transistor M\ has almost no 
effect on the total output noise [11]. Moreover, the additional cascode transistor in the 
current buffer of Figure 2.18b does not contribute to the total noise. 
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Chapter 3 


Open-loop current amplifiers 


In this chapter, the different open-loop current-mode amplifiers are discussed. By 
'open-loop amplifiers’, amplifiers with low and fixed current gain are referred to. This 
gain is set without any external feedback circuitry between the input and the output. 
Although no global feedback is used there nevertheless may be local feedback loops 
inside the amplifier itself. Despite the low and fixed current gain of these amplifiers it 
is possible to realise different types of amplification functions with a wide gain range. 
This gain is set directly by the transistor aspect ratios of the amplifier or alternatively 
by controlling the impedance levels at the input and output of the amplifier and thus 
realising either voltage-to-current or current-to-voltage conversions. In addition, most 
general purpose signal processing applications can be realized with these amplifiers. 
The amplifiers discussed in this chapter additionally have well set input DC voltages 
unlike the basic current amplifiers discussed in the previous chapter. Furthermore, 
because of the open-loop operation, amplifier nonlinearity has a greater effect on the 
signal processing performance and therefore different distortion mechanisms are dis¬ 
cussed in detail. 


3.1 First generation current-conveyor CCI 

The concept of the current-conveyor was first presented in 1968 [1] and further de¬ 
veloped to a second-generation current-conveyor in 1970 [2]. The current-conveyor is 
intended as a general building block as with the operational amplifier. Because of the 
operational amplifier concept has been current since the late 1940's, it is difficult to 
get any other similar concept widely accepted. However, operational amplifiers do not 
perform well in applications where a current output signal is needed and consequently 
there is an application field for current-conveyor circuits. Since current-conveyors op¬ 
erate without any global feedback, a different high frequency behaviour compared to 
operational amplifier circuits results. 
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Figure 3.1 The first generation current-conveyor symbol and its signal definitions. 

Current-conveyors are three-port networks with terminals X, Y and Z as repre¬ 
sented in Figure 3.1. The network of the first generation current-conveyor CCI has 
been formulated in a matrix form as follows 
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0 0 
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In other words, the first generation current conveyor CCI forces both the currents and 
the voltages in ports X and Y to be equal and a replica of the currents is mirrored (or 
conveyed) to the output port Z. 

Figure 3.2a presents a simple MOS implementation of the first generation current- 
conveyor CCI 1 . In this circuit, the NMOS transistors M\ and M 2 form a current mirror 
that forces the drain currents of the PMOS transistors M ) and M 4 to be equal and hence 
the voltages at the terminals X and Y are forced to be identical. 


3.1.1 Linear nonidealities 


The two current-mirrors in the CCI form a feedback loop so that the currents and 
voltages in the terminals X and Y follow each other quite accurately, even without 
cascodes. If the terminal Y is grounded, the low-frequency impedance at the terminal 
X is expressed as: 


Z*(0) 


7.y= 0 


l Sm\ | fff/.vl +fr/.s3 8<ls2+8ds4 

8m4 8 m2 8 mi 8ni38m4 8m28m4 


(3.2) 


At first glance, it may be noticed in this equation that the impedance may become neg¬ 
ative with certain mismatch conditions. However, as the transistors M i, A/t, My and 
A /4 form a loop that tries to balance itself the impedance in theX-terminalremains pos- 

lr The first current-conveyors were implemented using bipolar transistors but, because the goal in this 
paper is to compare a variety of circuit topologies, the corresponding integration technology is assumed 
for all discussed circuits. 




3.1 First generation current-conveyor CCI 


47 


VDD 



Figure 3.2 (a) A simple class-A implementation of the current conveyor CCI. (b) A more 
accurate class-A CCI with acascode NMOS mirror. 

itive even in the case of considerable transistor mismatch. Therefore, this circuit can 
readily provide an impedance in the range of ten ohms, which can be further reduced 
if cascode current-mirrors are used. 

For the current-conveyor of Figure 3.2b, the errors because of the NMOS cascode 
current-mirror are minimal compared to the errors because of the transistors My and 
My. Therefore, the drain currents oftransistors My and My can be assumed equal but, 
as the drain-source voltages of such transistors are different, there is a systematic offset 
voltage between X and Y terminals, which is approximated as 


Vo/ /'' ~ XVpsat (Vo.S'.t - V/K4) . 


(3.3) 


These results reveal that, in order to maintain adequate DC-accuracy, the input transis¬ 
tors My and My should be long channel devices with a low transconductance. 

Similarly, the calculations can be simplified by assuming the NMOS mirror transcon¬ 
ductances equal g„,| = #,,,2 = g m „ and by neglecting the NMOS drain-source conduc¬ 
tances when calculating the input impedance as a function of frequency: 


Zx(.v) 


Zy~() 


8mn (ffw3 8m4 ~f~ &/,v3 ) 8m?>8(ls4 

8 mn 8 m yHiny + 'gmyKiiiiCy + s 2 g w yC A Cx 


(3.4) 


The capacitances Cy and C\ in the equation are the total capacitances in nodes A 
and X, respectively. Nevertheless, the capacitance C/j at the node B is neglected, the 
explanation following a few paragraphs later. 
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Figure 3.3 The simulated and calculated current transfer functions of the CC1 of Figure 3.2b. 


The current transfer function from X to Z can be calculated with identical assump¬ 
tions to Equation (3.4) 


~ i + , v £L +J 2-Stgjt ’ 

8mn 8nmgm4 


(3.5) 


and thus the resulting poles of the transfer function are 


P 1,2 = 




8m4 . Sinn \ 

c7~ cl)' 


(3.6) 


Therefore, the current-conveyor bandwidth depends greatly on the input transistor 
transconductance g m 4 and the input capacitance Cx, whereas the NMOS transconduc¬ 
tance g nm and the capacitance Ca affect primarily the step response of the conveyor. 

If the capacitance at the node B is included, the current transfer function becomes 
a third order function with a left half-plane zero 


M s ) 


1 +®: 


; + a 1 s + CI 2 S 2 + ajs 3 ’ 
where the coefficients of the denominator are 


(3.7) 
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(3.9) 

(3.10) 


This third order current gain equation (3.7) is plotted against the second order gain 
equation (3.5) and the simulated current gain in Figure 3.3. Since the second and third 
order transfer functions are almost identical, the left half-plane zero cancels efficiently 
the pole due to the capacitance at node B. Unfortunately, both these equations differ 
from the simulated current gain. There are several reasons for this variation. The 
calculated current-gain equations neglect the NMOS cascode transistor high-frequency 
behaviour. In addition, all parasitic capacitances in node B are assumed to be grounded 
yet the gate-source capacitance C gx 4 represents quite a large capacitance between the 
input node X and the internal node B. The impedance level at the input is sensitive to 
device mismatch and as a consequence this impedance level is relatively unpredictable 
near the corner frequency. 


3.1.2 Nonlinearity 

At low frequencies, the four-transistor loop attenuates effectively all nonlinearities 
and only the threshold mismatch in the NMOS current-mirror and the channel length 
modulation of the output transistor M 3 produce distortion. The distortion deriving from 
the channel length modulation is significant only if the conveyor Z-output is driving a 
high impedance load, an effect that can be avoided by using a cascode NMOS current- 
mirror instead, which additionally increases the output impedance of the Z-terminal 
and decreases the input impedances of the X- and Y-terminals at the same time. 

At high frequencies, the signal path from the X-input to the Z-output increasingly 
resembles a cascade of a current buffer (transistor M 4 ) and a current-mirror (transistors 
M 2 and M 3 ) and consequently the high frequency distortion is roughly doubled from 
what the distortion of a single current buffer or a current mirror would be. 

3.1.3 Applications of the €€1 

Because of this low impedance at the input terminal this circuit can be used as an 
accurate current amplifier. In addition, the DC-voltage level at the current input X can 
be easily set to a desired value by the voltage at the Y-terminal and input voltage-to- 
current conversion is easier than in the case of a current-mirror. 

The first generation current-conveyor can be used as a negative impedance con¬ 
verter (NIC) [5], as if the Y-terminal is terminated with a grounded resistance R, the 
impedance at the terminal X equals 
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Zx 


/.y=R 


-R . 


( 3 . 11 ) 


With this negative impedance, For example, the input impedance of terminal X can 
be nulled with a small resistance R value [5] or the Q-value of passive inductances 
can be enhanced [6], Unfortunately, the large input impedance variation arising from 
device mismatch makes it necessary to trim this small resistance value for each circuit. 
However, if the simulated negative resistance value is maintained high enough, it can 
additionally be used to construct amplifiers, filters and oscillators. 


Although not often realised, a popular application of the current-conveyor is that 
involving current- and voltage-reference circuits. The core of a typical CMOS PTAT- 
or Bandgap-reference is a first generation current-conveyor CCI [4], Since this ap¬ 
plication generally has no specific speed requirements, both the variation of input 
impedance and the input offset voltage are easily minimised by using large input tran¬ 
sistors. More detailed examples of these circuits can be found in Chapters 6 and 7. 


One recent application for a CCI involves linearisation of MOS transistor transcon¬ 
ductance in transconductance-C filters [7]. Because the transconductance of a MOS 
transistor in triode region strongly depends on its drain-source voltage, a CCI can be 
used to force the drain voltage to a fixed potential and mirror the drain current to the 
high-impedance Z-output. 


3.1.4 Push-pull CCI topologies 


The current handling capability of the first generation current-conveyor can be ex¬ 
tended by constructing a push-pull current-conveyor, as presented in Figure 3.4a [8], 
The positive half of an AC-signal goes primarily through the lower conveyor con¬ 
structed of transistors whereas in the case of the negative half of the signal 

goes primarily through the upper conveyor, constructed of transistors A/ h ...M|(i. 

The quiescent current of the push-pull CMOS CCI is not easy to derive as it de¬ 
pends on several different mechanisms. However, an approximation for the quiescent 
current of this push-pull conveyor is presented in [8]: 


'a 


'q + 'q 
2 


( 3 . 12 ) 


where 
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Figure 3.4 Push-pull CCI topologies, (a) Uncontrolled bias current [8j. (b) Controlled bias 
current [9], 


Iq = — —— ~2 (l^ssl - V T\ ~ |Vr3|) 2 , (3.14) 

2^+v^J 

are the quiescent currents of the upper and the lower half circuits. These equations 
show that the quiescent current depends strongly on the supply voltages. Yet in these 
calculations transistors are assumed ideally matched and as a result the current mirror¬ 
ing errors in the four stacked current-mirrors add significant variation to the quiescent 
current [9]. This large quiescent current variation adds on to the already large input 
impedance variation. This quiescent current variation may even be so large that few 
millivolts of threshold voltage mismatch in the current mirrors may entirely turn off 
the quiescent current. 

The quiescent current can be controlled by using an arrangement shown in Figure 
3.4b [9], where the transistors M\ and are split into two unequally sized transistors. 
The larger transistors. M \^ and Mm, have their channel widths scaled by a factor Xpg 
and the smaller transistor, M\a and Mm, have their channel widths scaled by a factor 
1 — Xpi), so that the total channel width of these split transistors remains identical to 
the unsplit one. In this case, the X-terminal current is mirrored by a ratio Xpr to the 
Y-terminal through the transistors Ms and My,. Additionally, a constant bias current 
Iqb is injected into these Y-input transistors. The smaller transistors A/ja and M(,b are 
needed only to maintain the conveyor relation lx = W and can be omitted if Y-terminal 
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Figure 3.5 The division of the X-input current between transistors A/a and A /9 in the push-pull 
conveyor of Figure 3.4a compared to the class-A CCI. 


is grounded. Then the quiescent current settles approximately to 

Inn 

< 3J5) 

I — A.f/1 

and the quiescent current variation is effectively reduced. Similarly, the input impedance 
of the lower half-circuit can be expressed as 


Z'x(s) 


Zy= 0 


gmp 1 -p.y.SL-p /'xO-M +s 2C A C li _' 
Sum Km/i Klim 


(3.16) 


if all transistors are assumed ideally matched (apart from the deliberately scaled tran¬ 
sistors), so that g ml = g mn , g m2 = Xi Hgmn and g,„ 3 = g m4 = g mp . The total X-input 
impedance is the parallel connection of the two half-circuit input impedances and is 
roughly half of the impedance of one half-circuit. Although this quiescent current 
controlling scheme increases the X-input impedance, this impedance level is easier to 
control. This technique can additionally be used to control the input impedance of the 
simple class-A CCI implementations of Figure 3.2. 

The large signal behaviour as a function of the input signal current is depicted 
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graphically in Figure 3.5. As a consequence of the symmetrical nature of the push- 
pull connection the distortion of a push-pull amplifier is significantly different that 
of one of the half-circuits composing the push-pull amplifier. As in Appendix B.l, 
the even order distortion components are cancelled in push-pull amplifiers as in dif¬ 
ferential amplifiers if the nonlinearities of the upper and lower half-circuit correlate. 
Additionally, as the push-pull conveyor stays in class-A region with two times larger 
signal currents than the half-circuits operating alone, there is a 6 dB improvement on 
the second order distortion and a 12 dB improvement on the third order distortion. 

Unfortunately, the dominant distortion mechanism at low frequencies is the to¬ 
tally uncorrelated threshold voltage mismatch. Moreover, as NMOS transistors are 
approximately three times faster than PMOS-transistors, the two current amplifiers 
have different bandwidths and as a consequence of the high frequency distortion aris¬ 
ing from current-mirror input capacitances is also different. Therefore, no dramatic 
improvement on the second order distortion at high frequencies is expected in the case 
of push-pull current-conveyors. 

However, the errors deriving from the channel length modulation are quite system¬ 
atic and as a result push-pull conveyors are not as sensitive to channel length modula¬ 
tion as simple class-A conveyors, particularly where nonlinearity is concerned. For this 
reason, it is possible to use simpler cascode structures such as that presented in Fig¬ 
ure 2.2a. Furthermore, the push-pull conveyors should be able to amplify accurately 
significantly larger currents than the quiescent current and therefore more accurate 
current-mirror topologies cannot be used as explained in Chapter 2.1.6. 

When the signal amplitude exceeds the quiescent current one of the half-circuits 
turns off quite abruptly as seen in Figure 3.5. Therefore, cross-over distortion will 
occur both at positive and negative currents near the quiescent current. This cross-over 
distortion is difficult to analyse and simulate but even without any detailed analysis 
can be assumed that this distortion will be greatly significant at high frequencies. 

When the signal amplitude is significantly larger than the quiescent current of the 
conveyor, the distortion of the amplifier approaches the distortion of a push-pull class- 
B amplifier discussed in Appendix B.2. Although the power series coefficients describ¬ 
ing the nonlinearities of the half-circuits in the push-pull conveyor cannot be exactly 
calculated in the case of signal currents larger than the quiescent current they never¬ 
theless reveal a clue to the distortion performance of the push-pull connection. Thus, 
according to Equation (B.16), the second order distortion is because of the gain mis¬ 
match between the two half-circuits. Similarly, the equation (B. 17) shows that the third 
order distortion depends on the average of the second order nonlinearities attenuated 
by approximately nine dB. 

The class-B distortion has different behaviour in respect to the signal amplitude. 
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(a) (b) 

Figure 3.6 Low voltage CCI topologies, (a) Alternative input arrangement [l()|. (b) A folded 
CCI fill. 


While in the class-A region the second order distortion is proportional to the signal 
amplitude and the third order distortion is proportional to the square of the signal am¬ 
plitude, in the class-B region the second order distortion remains constant with respect 
to the amplitude, and the third order distortion is proportional to the signal amplitude. 
As the signal amplitude is increased, other nonidealities such as mobility degradation 
begin to affect the distortion and some of the transistors fall off the saturation region 
and as a result the distortion begins to rise with amplitude more rapidly once more. 

3.1.5 Low voltage CCI topologies 

The input voltage range at the terminals X and Y of the first generation current con¬ 
veyor is limited. The push-pull conveyor has particularly limited input range when re¬ 
alised with a standard n-well CMOS-process. Consequently, because of the bulk effect, 
the gate-source voltage of the input NMOS-transistors Ms and My is high. When the 
conveyor is used as an inverting current amplifier, so that the terminal Y is grounded 
the limited input voltage range is not such a critical parameter. However, the bulk ef¬ 
fect causes the optimal input voltage to shift towards the negative supply rail and the 
minimum supply voltage remains relative high even in the current amplifier applica¬ 
tion. 

One solution to the problem of extending the conveyor operation range to lower 
supply voltages is to alter the input structure. If X- and Y-terminals of the simple 
CCI of Figure 3.2 (i.e. the sources of the input PMOS-transistors Ms and My) are 
connected to the positive supply voltage and the input signal is injected into the source 
of the NMOS-transistor M\ , a current amplifier as presented in Figure 3.6a results [10], 
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However, this circuit is no longer a general purpose current conveyor but a current- 
amplifier with low input impedance. Because the input voltage is fixed to the ground, 
several amplifier stages such as this cannot be cascaded. Since the input impedance 
of the circuit remains low and the input voltage level is tied to a well known and 
fixed voltage, this circuit is ideal as an input stage of a current-mode signal processing 
system. 

In order to feed the bias current to the circuit, a negative supply voltage is needed, 
which will prevent this circuit from being used in certain applications. Alternatively, 
the bias current can be user programmed by a single external resistor inserted between 
the current input and the negative supply voltage. As the bias current and the input 
signal can share the same input pin, fewer pins are required for the chip package. 

Lower supply voltage can alternatively be achieved by using an NMOS current- 
mirror rather than a PMOS mirror, i.e. folding the circuit as depicted in Figure 3.6b 
[11], Since all transistors in the signal path are now NMOS transistors, the high fre¬ 
quency behaviour is improved. This circuit can additionally be used as a general pur¬ 
pose current-conveyor if a current source is inserted into the source of the input tran¬ 
sistor M 2 and then cascading these amplifier stages is possible, although the minimum 
supply voltage is raised by a few hundreds of millivolts. 


3.2 Second generation current-conveyor CCII 

In many applications, only one of the virtual grounds in terminals X and Y of the 
first generation current-conveyor is used and the unused terminal must be grounded 
or otherwise connected to a suitable potential. This grounding must be done carefully 
since a poorly grounded input terminal may cause an unwanted negative impedance 
at the other input terminal. Moreover, for many applications a high impedance input 
terminal is preferable. For these reasons, the second generation current-conveyor was 
developed. It has one high and one low impedance input rather than the two low 
impedance inputs of the CCI [2], 

The matrix representation of the second-generation current-conveyor CCII is 
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This current-conveyor differs from the first generation conveyor in that the terminal Y 
is a high impedance port, i.e. there is no current flowing into Y. While the Y-terminal 
of the second generation current-conveyor is a voltage input and the Z-terminal is a 
current output, the X-terminal can be used both as a voltage output or as a current 
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Figure 3.7 The principle of the second generation current-conveyors, (a) The positive con¬ 
veyor CCII+, i z = (b) The negative conveyor CCII-, i. = — 

input. Therefore, this conveyor can easily be used to process both current and voltage 
signals unlike the first generation current-conveyor or the operational amplifier. A 
further enhancement to the second generation current-conveyor is that there are two 
types of conveyors: in the positive current-conveyor CCII+, the currents i x and /, have 
the same direction as in a current-mirror and in the negative current-conveyor CCII- 
the currents i x and i z have opposite direction as in a current buffer. 

The second-generation current-conveyor is in principle a voltage-follower with a 
voltage input, Y, and a voltage output, X, and a current-follower (or current-inverter) 
with a current input X and a current output Z connected together (Figure 3.7). The 
negative second-generation current-conveyor CC11- can also be considered an idealised 
MOS-transistor, where the currents. i v = i g - 0 and i z = i,i = —i x = —and the voltages 
v x = v s = Vy = Vg. An ’ideal MOS transistor’ is one that has a zero threshold voltage V, 
and zero channel length modulation parameter X and operates in the saturation region 
regardless of the drain-source voltage (positive or negative). 

Three simple MOS CCII realisations are presented in Figure 3.8. The first is an 
NMOS transistor biased with two current-sources Ipx and lnz- Then there is always 
a DC-voltage level shift ofVc .91 from Y- to X-terminal, which can be avoided by an 
additional level-shifting transistor M 2 in the enhanced CCII- implementation of Figure 
3.8b [12]. If these two negative MOS conveyor implementations are compared to the 
current buffer implementation of Figure 2.17, both are found very similar. However, 
the terminal names are different and also their usage is different because the terminal 
Y can be used apart from the biasing purposes as a signal input. 

The class-A MOS implementation of the positive second generation current-con¬ 
veyor CCII+ of Figure 3.8c is close to the simple class-A implementation of the first 
generation current-conveyor of Figure 3.2a. Only one transistor, which was used to 
mirror the current form X-terminal back to the Y-terminal, is missing. As a conse- 
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(a) (b) (c) 

Figure 3.8 Simple class-A MOS implementations of the second generation current conveyor 
CCII. (a) NMOS transistor as a negative conveyor CCII- (b) An enhanced NMOS CCII . (c) 
The positive conveyor CCII+. 

quence of the lack of local feedback, the impedance level at the X-terminal of this 
CCII+ implementation is much higher than in the comparable CCI. The impedance 
level at the Y-terminal is as a result limited by the output conductances of the current 
sources Igy\ and 1^2- 

3.2.1 Linear nonidealities 

To represent the linear nonidealities of the conveyor implementations of Figure 3.8, 
the matrix representation of a second generation current-conveyor of Equation (3.17) 
is rewritten because the matrix no longer contains uniquely zeroes and ones. The CCII 
matrix representation with linear nonidealities [13] is 
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Yy Ai r G m r 
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Vx 

= 

A v f Z A - A vr 
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where A,,/ and A,y are the conveyor voltage and current forward gains close but not 
equal to one (or minus one) and A vr and A; r are the conveyor voltage and current reverse 
gains close but not equal to zero. Respectively, Y v , Z x , and Y z are the limited terminal 
admittances and impedance. In certain applications, the transconductance G,„/ from 
terminal Y to Z is similarly significant, although the reverse transconductance G mr 
seldom has any effect on the circuit behaviour. 

For the single NMOS transistor CCII- of Figure 3.8a, the nonideal matrix for low 
frequencies is calculated as 
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where 

/?.' = 8m + 8ml, + 8,1s + 8hx (3.20) 

and g/ )x and g/,, are the limited conductances of the current sources Irx and Ir/. Thus 
the voltage buffer of this conveyor is much more inaccurate as the current buffer essen¬ 
tially because of the bulk effect i.e. transconductance The X-terminal impedance 
and Y- and Z-terminal admittances are expected but there is a significant forward 
transconductance term as well as a reverse voltage gain term. The forward transcon¬ 
ductance is deriving from the nonzero output conductance gi K of the current-source 
lux, an d is the product of the forward voltage gain A,,/, the forward current gain A,/ 
and the current source conductance gbx 

G,nf = — =A v fgi, x A,i. (3.21) 

Vv /.=<> 

Similarly, the reverse voltage gain from Z to X A vr is arising from the limited NMOS 
transistor drain-source conductance g,i s , and will reduce the X-terminal impedance if 
the impedance level at the Z-output is high. 

As for the enhanced MOS CCII- implementation of Figure 3.8b, the matrix is 
approximated as 





0 

Xil\+Xlih 

Km 

8bb 



(3.22) 


Consequently, the transistors M\ and Mi are assumed ideally matched so that the 
transconductance g,„ and the drain-source conductance g,/ s is identical for both tran¬ 
sistors and gi,iu gi,x and gi, z are the output conductances of the current sources Irr, Irx 
and Irz, 

This MOS CCII- implementation not only cancels the voltage level shift of one 
Vgs, but it also cancels the errors in the forward voltage gain A,,/ deriving from the 
bulk effect. Additionally, the reverse voltage gain is approximately halved compared 
to the single NMOS CCII-. Unfortunately, all this happens at the expense of doubled 
X-terminal impedance Z x and slightly increased gain error in the forward current gain 
A,y. 
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In the case of the simple MOS CCII+ implementation of Figure 3.8c, the nonideal 
conveyor matrix is approximately 
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where g„ m and g ( i sl , are the ideally matched transconductances and drain-source con¬ 
ductances of the NMOS transistors M\ and Mi and where g mp and g dxp are the cor¬ 
responding parameters for the PMOS transistors Mt, and A/ 4 . Respectively, g hvU g /)v2 , 
gbx and gi, z are the limited output conductances of the current sources in the circuit. 

As the matrix shows, this CCII+ implementation entails no significant reverse 
gains. However, the Y-input admittance is in this case limited and, in order to en¬ 
sure a low Y-input admittance and low forward voltage gain error, the current-source 
Ihyi should be realised as a cascode current source, which will limit the voltage range 
of the conveyor. Since the signal path for the forward current gain of this conveyor 
is a cascade of a current buffer (A/ 3 ) and a current-mirror (A/| and M 2 ), the gain error 
is a sum of these two errors. In order to reach sufficient accuracy in the current gain, 
a cascode current-mirror should be used rather than the simple NMOS current mirror 
[Mi and Mi). This additionally ensures high output impedance at the Z-output. 


3.2.2 CCII macromodel 


A current-conveyor macromodel generally includes only the gain error and the lim¬ 
ited output impedance of the input voltage follower, and the current-mirror or current- 
follower as well as the limited Y-terminal impedance [14]. However, the nonideal 
matrix representations can be easily converted to a small-signal macromodel contain¬ 
ing all significant linear nonidealities [15]. The macromodel for a CCII+ derived from 
equation (3.18) is presented in Figure 3.9. In this model, the forward transconductance 
G,„f is modelled by an admittance Y x as the relation between the admittance and the 
forward transconductance is 


G„ 1 / = — 
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~ \t A u 1 + Y X Z X 


(3.24) 


However, in the model schematic the admittance K, is split into two admittances with a 
value of Y x /2 between the X-terminal and VDD and between the X-terminal and VSS. 
The reason for this is best explained by comparing the test set-up for measuring the 
forward transconductance, presented in Figure 3.10a, and the set-up for measuring the 
power supply rejection ratio simultaneously for positive and negative supply, as pre- 
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Figure 3.9 The linear macromodel for the positive second generation current-conveyor CCII+. 


sented in Figure 3.10b. Moving the Y-input relative to the power supplies is equivalent 
to moving the power supplies relative to the Y-input and consequently the PSRR of 
the current-conveyor can be modelled if the admittance F, is tied rather than with the 
signal ground to power supplies. A better approximation for power supply rejection 
ratio would be obtained if positive and negative power supply rejection are measured 
separately and thus the admittance F t would be split into two unequal parts. 

Since both the X-terminal impedance Z x and the admittance F,. affect the total 
forward voltage and current gains A,,y and A,y in the conveyor macromodel, these 
effects are excluded from the voltage and current gains A(.y and A|y. Therefore, the 
relation of the parameters A,,y and A' v j is 


A' 

A v f = -— 


+ Y X Z X 


and the relation ofA,y and Ajy is respectively 


A// = 


A! 


if 


1 +Y X Z X 


(3.25) 


(3.26) 


Modelling a negative second-generation current-conveyor CCII- is almost identi¬ 
cal to modelling a CCII+. However, for certain CCII- realisations such as the two 
discussed earlier it is necessary to model the reverse voltage gain A vr by inserting an 
admittance between the X- and Z-terminals. The value of this admittance can be cal¬ 
culated by Z x , Y x and A vr as 


A vr 1 -p Y X Z X 
1 — A vr Z x 


Z/ 


(3.27) 


In the case of most conveyor applications the high frequency behaviour is modelled 
accurately enough by adding the parasitic capacitances to ground at all three current- 
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(a) (b) 

Figure 3.10 (a) The forward transconductance test set-up. (b) The test set-up for CCII PSRR. 

conveyor terminals. Adding the forward transconductance in the conveyor macro¬ 
model by the admittance Y x is similarly advantageous in this respect as the dependency 
of the forward transconductance on the parasitic capacitances at the X-terminal is simi¬ 
larly modelled correctly. For better accuracy, certain frequency dependencies could be 
added to the forward voltage and current gains, as depicted in the model. Commonly, 
a simple one-pole low-pass transfer function is sufficient for this purpose. 


3.2.3 Applications of the CCII 


Figure 3.11 shows typical current-conveyor circuits using the positive second-generation 
current-conveyor CCII+ [3]. Because of the separate voltage and current inputs both 
voltage and current amplifiers can easily be realised with the second-generation current- 
conveyors and the gain can be set by resistor ratios as in operational amplifier circuits. 
Flowever, there is neither high voltage gain nor high current gain present in the current- 
conveyor and, as a consequence, signal processing in current-conveyor circuits is based 
on voltage-to-current and current-to-voltage conversions and on signal buffering by 
voltage and current buffers. Because there is typically no feedback in current-conveyor 
circuits, wide bandwidth operation without any slewing at large signal amplitudes is 
achieved. For the same reason, however, the accuracy of the current-conveyor circuits 
is affected hy the voltage-follower and current-follower (or current-inverter) inaccura¬ 
cies arising from the transistor process parameter deviation and device mismatches. 

Using the current-conveyor macromodel of Figure 3.9, the unloaded voltage gain 
of the noninverting voltage amplifier, presented in Figure 3.11a, is expressed as 


R 2 A[, f (,)A',j(s) (\ +Y x R ] ) 
Ri+Z x (I + Y x Z x )(l +K/? 2 ) 


(3.28) 


Z = U* i 


Z X R i 

Z x + R i 


where 


(3.29) 
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Figure 3.11 Application examples of a positive second generation ciirrent-conveyorCCIl+. (a) 
Noninverting voltage amplifier, A,. ~ . (b) Inverting current amplifier. A, ft; — (e! 

Inverting voltage amplifier, A v —Ki/K\. (d) Inverting current integrator, i„„, sa — Shn<R- 


Because the forward current gain of the CCII+ is negative, i.e. A\f{0 ) « — 1, this 
voltage amplifier is noninverting. In order to minimise Y : , a voltage buffer is quite 
often added to the output in order to isolate the conveyor Z-output from the load. 

At low frequencies, the most significant gain error is arising from the X-terminal 
impedance Z,. As the parasitic capacitances at the conveyor terminals are gener¬ 
ally much larger than the parasitic capacitances of the internal nodes of the current- 
conveyor, the X- and Z-terminal parasitic capacitances C', and C z represent the most 
significant error sources at high frequencies and thus the equation reduces to 


A„(.v) 


R 2 l+.v/?,C\ 

R\ + Z, (1 + .vZ'C,)(l +^C)' 


(3.30) 


At high voltage gains (high resistor ratios R 2 /R 1 ), the bandwidth of the amplifier pri¬ 
marily depends on the output resistor R 2 and the Z-terminal parasitic capacitance C z . In 
order to prevent the reduction of gain and bandwidth deriving from the load impedance, 
a voltage buffer is necessary. As voltage gain approaches one, the left half-plane zero 
arising from X-terminal parasitic capacitance begins to cancel the pole arising from the 
Z-terminal capacitance. In order to maximise the bandwidth, the resistances R\ and R 2 
should be maintained as small as possible and, as a result, it is important to minimise 
the conveyor X-terminal impedance Z,, so that the gain error is similarly maintained 
at a tolerable level. 
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The current gain to a short circuit load of the conveyor current amplifier of Figure 
3.11b is almost identical to the voltage gain given by Equation (3.28), except that the 
admittance Y z is changed toK v : 


R 2 A[, f ( S )A' if (s)(\+Y x Ri) 
R,+z x (i+r,.z')(i + iy? 2 ) 


Therefore, all such approximations at high and low frequencies are valid for this equa¬ 
tion as well. Consequently, as A'^(0) ~ — 1 this current amplifier is inverting. Sim¬ 
ilarly. it frequently is necessary to preserve the high impedance at the Y-terminal by 
means of an additional input current buffer, particularly when large current gain is 
needed. 

In all such current-conveyor applications, the amplifier type can be changed from 
noninverting to inverting or vice versa only by changing the conveyor from a CCII+ 
to a CCII-. However, an inverting voltage amplifier with a positive conveyor CCII+ 
can similarly be realised, as presented in Figure 3.11c. Since the Y-input is in this case 
grounded, the conveyor forward voltage gain Ajy(s) has no effect on the voltage gain 
of this inverting amplifier: 


Av(-v) 


R 2 _ A i/( s ) 

Ri +Z, (1 \-Y x Z' A )(\+Y : R 2 y 


(3.32) 


Similarly, there is no left half-plane zero deriving from the parasitic capacitances at 
the X-terminal. Furthermore, the X-and Z-terminal parasitic capacitances dominate 
the high frequency behaviour as in the noninverting voltage amplifier case. 

Additionally, current and voltage integration is possible in the case of second gen¬ 
eration current conveyors and thus both current and voltage mode filters can be re¬ 
alised [2, 3, 17]. As illustration, a lossless current integrator is presented in Figure 
3.1 Id and its nonideal transfer function is 


Ai{s) 


1 A[,f(s)A' if (s)(l +Y X R) 

(R + Z,)(Y y + sC) (1 + Y X Z") 


(3.33) 


where Z![ = i?||Z A -. The equation shows that the integration time constant depends 
similarly on the conveyor X-terminal impedance Z v . The capacitive part of the Y- 
input admittance Y y adds on the integration capacitance C and therefore affects the 
integration time constant. Additionally, the resistive part of K v limits the DC-gain of 
the integrator. Furthermore, additional capacitance or conductance at the Y-input will 
affect the transfer function of the integrator and therefore an additional current buffer 
is often needed to isolate the signal source. 

As R > Z'', the zero deriving from the parasitic capacitance at X-terminal is at a 
lower frequency than the pole deriving from the same capacitance and, as a conse- 
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(b) 

Figure 3.12 Sallen-Key low-pass filter implementations, (a) Voltage-mode filter using an 
operational amplifier, (b) Current-mode filter using a current-conveyor CCII-. 


quence, the integrator phase error at high frequencies is actually phase lead instead of 
phase lag typical of most other integrator topologies. Thus most Q-enhancement tech¬ 
niques for high frequency filters cannot be used with filters using current-conveyor 
integrators. 

Certain operational amplifier based filter topologies can be converted to current- 
conveyor based circuits by applying the adjoint principle, described in Section 1.4. 
An example of this is the Sallen-Key SAB (=single operational amplifier biquad) filter 
in Figure 3.12a, which is converted to a CCII- based current-mode filter [3, 16, 17]. 
However, in the voltage-mode circuit, the operational amplifier operates as a voltage 
follower and, as a result, its adjoint circuit element is a current follower. For this reason 
a second generation current-conveyor can by used as a replacement for the operational 
amplifier in a limited number of applications. 

Perhaps the most useful current-conveyor application is. however, the instrumen¬ 
tation amplifier [18]: a differential amplifier with a high common-mode rejection ratio 
can be realised with two current-conveyors and two resistors without any matched 
components. Instrumentation amplifiers are typically realised with three operational 
amplifiers, as presented in Figure 3.13a. In order to reach a high common-mode re¬ 
jection ratio (CMRR), all resistors but R\ must be matched or the resistor ratios must 
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(a) 





(b) 

Figure 3.13 (a) A typical instrumeniation amplifier using three operational amplifiers, (b) A 
typical current-mode instrumentation amplifier. 


be trimmed. The CMRR is similarly dependent on the voltage gain of the input stage 
constructed of the first two operational amplifiers and resistors R\, R 2 and Ry and, 
as a consequence, a high CMRR can be realised only with a high voltage gain. Be¬ 
cause of the gain-bandwidth product limitation of the voltage-mode operational am¬ 
plifier, these high CMRR instrumentation amplifiers have generally a relatively low 
bandwidth. Furthermore, the CMRR of the operational amplifiers decreases with fre¬ 
quency, and is normally around 0 dB at the unity gain frequency and therefore good 
common-mode rejection is difficult to maintain at high frequencies. 

The current-mode instrumentation amplifier in Figure 3.13b overcomes most of 
these difficulties [18]. In this circuit, there are only two resistors R t and R 2 which 
set the gain of the amplifier according to the resistor ratio Ry/R\. The bandwidth of 
the conveyor instrumentation amplifier is similarly large with high voltage gains as 
current-conveyors operate in open loop without the gain bandwidth product limitation. 
The active current-to-voltage conversion, realised with the operational amplifier and 
the resistor R 2 also helps to extend the bandwidth at high values of R 2 as the effect 
of the parasitic capacitances at the conveyor Z-output is reduced by the operational 
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amplifier open-loop gain A 0 i(s), so that 


Voul = ~ 


ioufR 2 


1 + 


l+«2fe ' 

A„l(s) 


(3.34) 


In the case of a differential input voltage, when v,-„ + = Vrf m /2 and v,„_ = —v</ m /2, 
the current feeding the output current-to-voltage converter can be calculated as 


iout .dm — VrfmA y yA ( y 


1 + Y x R\/2 


R\ + 2 Z x + 2Y X R{Z X 


(3.35) 


In this differential input signal case, the conveyor model parameters can be assumed to 
be identical for both conveyors. These equations show that the differential voltage gain 
is similar to the gain equation (3.28) of the noninverting voltage amplifier, in which 
case, the effect of the conveyor X-impedance Z x is doubled because the input resistor 
Ri is not grounded but floating between the two conveyor X-terminals. Therefore, for 
a differential input voltage, the input resistor acts as a grounded resistor with a value 
offli/2 and thus the zero arising from the X-terminal parasitic capacitance is similarly 
shifted up. 

In the case of a common-mode input voltage, when v,„+ = v,„_ = v cm , the mis¬ 
match of the current-conveyor parameters must additionally be taken into account. 
Therefore, in order to simplify calculations the common-mode output current is de¬ 
rived separately for each parameter mismatch. By introducing a conveyor forward 
voltage gain mismatch parameter A A' v p which represents the difference between the 
two conveyor forward voltage gain parameters, the common-mode output current is 


i out,cm (*<f) 


v cmA;f 


&A' vf +A! vf Y x (R\ + 2Z X ) 

(1 + Y X Z X ) (R\+ 2Z X + Y X R ! Zjc) ’ 


(3.36) 


All other conveyor parameters are in this case assumed to be the average of the two 
current-conveyor parameters. Similarly, the common-mode output current as a func¬ 
tion of the X-terminal admittance mismatch A Y x is 


iout,cm m) 


R l (l + §‘)+2Z x 

,, AI A 1 Y V * > _ 

cm lf vfYx R\ + 2Z X + 2Y X R\Z X 
Van A if A v f Y x . 


For the last parameter mismatch AZ t the common-mode current gain is 


(3.37) 

(3.38) 
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As seen from the equations, the only mismatch parameter that produces a signif¬ 
icant amount of common-mode output current is A A[,j, as already reported in [19], 
when current-conveyors were implemented with standard 741 operational amplifiers 
with power supply sensing. At that time, the voltage gain mismatch was deriving from 
the bandwidth mismatch of two discrete low speed operational amplifiers, whereas in 
the case of two integrated conveyors on the same chip, the gain mismatch is merely 
a fraction of the mismatch of two discrete devices. Additionally, in the case of inte¬ 
grated conveyors, the voltage follower bandwidth is commonly much greater than the 
amplifier bandwidth and, as a consequence, bandwidth mismatch of A[,^(s) has little 
effect. 

Because the common-mode rejection above the amplifier -3 dB comer frequency 
is seldom of interest, the terms that affect only the frequency behaviour near or even 
above the amplifier comer frequency are neglected, so that the common-mode rejection 
ratio of the current-mode instrumentation amplifier is approximated as 

CMRR w---(3.41) 

Y X (R X +2Z X ) + ^ 

Thus, there is no need to match resistors to reach high CMRR. However, in order to 
maximise the CMRR, the input resistor should be maintained as low as possible, 
thereby minimising the X-terminal impedance Z x and the X-terminal admittance Y x . 
The parasitic capacitance at the conveyor X-terminals in particular should be min¬ 
imised in order to maintain an effective CMRR at high frequencies. Eventually the 
forward voltage gain mismatch A A' v j will limit the CMRR ifZ x and Y x are sufficiently 
small. 

3.2.4 Nonlinearity of the class-A CCII 

There are three main sources of nonlinearity in the current-conveyor, the non-linear 
forward voltage gain Ayp , the non-linear X-terminal impedance Zx and the non-linear 
forward current gain A/p. Because in most CMOS CCII topologies the linear input 
voltage range is quite limited, the nonlinearity of the Avf is arising from clipping 
with large input voltage swings. Additionally, the bulk-effect may add distortion in 
simple voltage-follower implementations as in Figure 3.8a. Other nonlinearities in the 
input voltage follower are largely arising from the X-terminal impedance Zx, which 
is a nonlinear function of ix . Moreover, in most cases, all nonlinearities of the input 
voltage follower can be modelled in the non-linear Zx. 

In most current-conveyor applications, the non-linear impedance Zx is in series 
with an external linear resistor R and thus the low-frequency distortion arising from Zx 
is attenuated by the linear resistor R, as in source degenerated common source MOS- 
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transistor amplifier stages (or emitter degenerated common-emitter bipolar transistor 
amplifier stages). As signal frequencies increase, this "X-degeneration” resistance is 
increasingly shunted by a parasitic capacitance and therefore distortion, arising from 
Zx, increases with frequency. 

In the simple class-A CMOS CCII- implementations of Figure 3.8a and b, the non¬ 
linearity of the forward current gain A //,• is quite weak and thus almost all distortion is 
generated in the non-linear X-terminal impedance Zx ■ However, in the simple class-A 
CMOS CCII+ of Figure 3.8c the most significant source of low frequency distortion is 
the threshold voltage mismatch in the output current-mirror, and as the signal frequen¬ 
cies increase, the distortion deriving from the parasitic capacitances at the X-input and 
the current-mirror input node, begin to dominate. 

3.2.5 Alternative class-A CCII topologies 

The two simple implementations of the negative second generation current-conveyor 
CCII- discussed so far have similar nonidealities as the simple class-A current buffer 
implementations, with the addition of a voltage input and output. All of such im¬ 
plementations have a relatively high X-terminal impedance, which results in quite 
significant voltage and current gain errors in many applications. Unfortunately, this 
X-terminal impedance is further increased by the nonzero reverse voltage gainA,,,-. 

The CCII+ implementation discussed earlier suffers from similar problems. Con¬ 
sequently, X-terminal impedance is not increased by the reverse voltage gain, while the 
X-terminal impedance depends on the transconductance of a PMOS-transistor. which 
has typically 2-4 times lower transconductance with identical aspect ratio and bias cur¬ 
rent than an NMOS transistor. Therefore the discussed CCII+ has higher gain errors 
and narrower bandwidth than a NMOS current-mirror with comparable device sizes. 

Furthermore, as in most current-conveyor applications there is no global feedback 
present to reduce the nonlinearity of the main amplifier, the current-conveyor should 
be as linear as possible. The X-terminal impedance is similarly important in this case 
since, in most conveyor circuits, this non-linear impedance is in series with an external 
gain setting resistor and consequently decreasing Zx additionally decreases distortion 
if the gain resistance is maintained constant. 

A straight-forward method for lowering the X-terminal impedance is to realise the 
input voltage follower with a more complex closed loop amplifier, as depicted in Figure 
3.14. In Figure 3.14a, the transconductance of the source-follower transistor A/ 1 is 
boosted with an additional transconductance amplifier A i, providing external voltage 
gain A v = In most cases, a simple differential amplifier stage provides enough 
additional amplification. The transconductance of the amplifier A i can be quite large 
without any stability problems. In addition to the lowered X-terminal impedance. 
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Figure 3.14 Lowered X-terminal impedance by additional loop gain, (a) Enhanced input 
voltage follower, (b) A class-A operational amplifier with a replica output. 
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the added loop gain additionally makes the voltage-follower less sensitive to the bulk 
effect. 

An alternative way to realise a second generation current conveyor is to build the 
conveyor out of a Miller-compensated operational amplifier, as presented in Figure 
3.14b. In this case, the Z-output is realised by a replica output. However, without 
any cascode devices, significant errors in the Z-output current arising from channel 
length modulation will result. The cascode transistors must be added to both X- and Z- 
terminals to ensure insensitivity to channel length modulation, which involves adding 
an extra pole to the input voltage follower feedback loop. As a consequence, a larger 
compensation capacitor C is needed, and a lower bandwidth in a normal Miller com¬ 
pensated operational amplifier will result. Thus, this conveyor topology would not be 
an ideal solution for high-speed applications. 

The replica output operational amplifier approach has still the advantage that the 
voltage swing at the X-terminal is large, and if the input stage of the amplifier Aj has 
a large input voltage swing, the Y-terminal voltage swing can similarly be increased. 
By using both NMOS and PMOS differential stages, a rail-to-rail input range amplifier 
can be constructed, as published in many papers [22-24], Hence, using this technique 
in the current-conveyor a wide input voltage range both in Y- and X-terminals can he 
achieved [25]. Although such a rail-to-rail current-conveyor is complex and slow, it has 
applications in input voltage to current converters and current-mode instrumentation 
amplifiers. 

A simple way to lower the X-terminal impedance is to add a CCI-like local feed¬ 
back loop to the class-A CCII+ topology. When the diode connected PMOS transistor 
A /3 in the class-A MOS CCI of Figure 3.2 is changed to an NMOS source-follower and 
the obsolete current source Iqy is dropped off, the result is the circuit of Figure 3.15a, 
where the X-terminal impedance equations (3.2) and (3.4) similarly apply to this topol¬ 
ogy. However, in order to reach low X-terminal impedance, the transconductances of 
the NMOS transistor A /3 and the PMOS transistor A /4 should be well matched, which 
is impossible when relying on current CMOS technologies. Moreover, if the NMOS 
transistor transconductanee g m \ is smaller than the PMOS transistor transconductance 
£,,,4 the X-terminal impedance may turn negative and thus cause instability. Since the 
mobility of the electrons may easily vary between two to four times the mobility of the 
holes, the NMOS transistor transconductance £,,,3 must be significantly higher than 
g m 4 in order to avoid instability. Therefore, the X-terminal impedance cannot be de¬ 
signed as low as in the first generation current-conveyor and similarly the variation of 
the impedance is larger. 

As a consequence of the uncorrelated threshold voltages and bulk effects of the 
NMOS and the PMOS transistors, there is a significant offset voltage and gain error 
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Figure 3.15 (a) A class-A CCII+ topology that lowers X x with a CCI-like local feedback 
[26], (b) A similar topology, which lowers the X-impedance in the expense of the current gain 
accuracy [28]. 

present in the input voltage follower and both of these errors have large variations. 
Furthermore, if both My and M 4 are realised without floating wells the input offset 
voltage and the X-terminal impedance is a function of the Y-terminals input voltage 
and thus additional distortion is generated. Unfortunately, realising only one of the 
transistors M 3 or M 4 as a floating well device serves only to make matters worse, 
since the bulk effect of the other transistor is not even partially canceled by the other 
transistor. Therefore, for the best result, a twin-well CMOS-process should be used to 
realise this conveyor. 

The X-terminal impedance can be lowered if the input transistor My in the NMOS 
current-mirror is changed to a PMOS transistor. In this case, the mirroring ratio of 
the current-mirror tracks the mobility ratio of NMOS and PMOS transistors and better 
matching of transconductances g m 3 and g ,„4 is achieved. Furthermore, this method 
helps to reduce the input offset voltage between Y- and X-terminals. In order to reduce 
the inaccuracies arising from the bulk-effect, a floating p-well NMOS device (My) is 
needed in addition to the floating n-well PMOS devices (My and M 4 ) and thus a twin- 
well CMOS-process is needed. 

Unfortunately, as a result, the current gain from X to Y is a function of hole and 
electron mobilities. Thus, the bias current /#/ cannot be equal to /g* but it must be 
generated with a similar PMOS/NMOS hybrid current mirror as the Z-output current 
mirror is generated. Flowever, no additional bias circuits are needed for a push-pull 
voltage follower realised with this principle [27], In the case of a current-feedback 
operational amplifier [28], the uncertainty in the conveyor current gain does not rep- 
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resent as much a problem because then the second-generation current-conveyor forms 
the input stage of a high-gain feedback amplifier. Similar current-conveyor topologies, 
which similarly try to match the NMOS and PMOS threshold voltages and transcon¬ 
ductances, have been published before [29, 30], but they require a twin well CMOS- 
process for accurate operation. Moreover, they are much more complicated. 


3.2.6 Push-pull CCII topologies 

Basic operation of a push-pull CCII+ 


A positive second generation CMOS current-conveyor in a push-pull amplifier config¬ 
uration is presented in Figure 3.16. Unlike in the basic first generation push-pull con¬ 
veyor of Figure 3.4a, in this conveyor the quiescent current is set directly to Ig by two 
current sources. In this topology, current flowing into the X-terminal is nonlinearly 
divided into signal paths through either an NMOS or a PMOS current-mirror which 
are summed up at the Z-output. Therefore, this current division must be analysed as 
mismatches in these signal paths may affect the conveyor linearity. 

If one assumes that (I3 = (I4 = P ; „ P7 = Ps = P„, V 7-3 - V7 4 = Vr,, and V77 - = 

V Tn , the drain currents of the X-input transistor M 4 can be expressed as a function of 
the input voltage Vx '■ 


f h + vx<i/2fipig + |P p v x if vx > 

'“i « 

and similarly for Afg'. 

( + >f v x<J¥ 

1 0 if^vf 


(3.42) 


(3.43) 


Then the short transition to weak inversion before the transistors turn off completely 
is neglected, as this current does not normally contribute to a large error in the total 
current flowing into the X-terminal if the bias current lg is sufficiently large. Therefore, 
the X-terminal current could be a linear function of the X-input voltage 

ix = iD4 - (os = v x \flhs ^\/P« + + 2 v x (P;> ~ P->) i (3.44) 

if P« = P ;) and \ix\ < 4 I B . 

In Figure 3.17, the drain currents of the transistors M 4 and Mg are represented 
graphically in the ideally matched case. This representation clearly shows that none 
of the transistors in the push-pull conveyor drops off the saturation region until the 
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Figure 3.16 Push-pull MOS CCII+. 



Normalized input current i |N /l Q 

Figure 3.17 The division of the X-input current between ideally matched transistors and 
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X-input signal current is almost four times the bias current //j, and thus the class-A 
operation range of the push-pull conveyor is almost four times greater than in the sim¬ 
ple class-A CCII+. The push-pull conveyor additionally operates with larger current 
signal amplitudes than 4 Id, but with increased nonlinearity. 

When compared to a push-pull CCI with the corresponding quiescent current in 
Figure 3.5. the class-A region is doubled. Furthermore, in the push-pull CCII+ the 
transition from the class-A into the class-B region is smoother than in a push-pull CCI 
and consequently less cross-over distortion is expected in a push-pull CCII+ than in a 
push-pull CCI. The internal feedback of the CCI also results in a longer transient while 
one of the half-circuits turn on as the conveyor enters the class-A region once more, 
and consequently the cross-over distortion represents a more significant problem at 
high frequencies in a push-pull CCI than in a push-pull CCII+. 


Basic operation of a push-pull CCII- 


In addition, negative second-generation current-conveyors can be realised with a CMOS' 
technology, as the simple MOS implementation in Figure 3.18 reveals. It can operate 
with lower supply voltages than the positive push-pull conveyor of Figure 3.16 be¬ 
cause, in this configuration, the source voltages are lower and hence the gate-source 
voltages are not increased as much as in the positive conveyor because of the bulk ef¬ 
fect. However, this conveyor operates exclusively in the class-A region and, as a con¬ 
sequence, it is much more feasible to use differential structures rather than a push-pull 
negative conveyor as larger voltage swing with lower supply voltages can be achieved 
with better linearity. 


VDD 

i 


1 l RR 






m 4 


X 

m 2 

1 

sL 



I l BB 


vss 


Figure 3.18 A push-pull MOS CC1I-. 
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As the equation (3.44) shows the linearity of the X-terminal impedance in the sim¬ 
ple push-pull CCII+ depends strongly on the matching of the parameters [}„ and (3 /; . 
Unfortunately, these parameters are uncorrelated and thus there is always second or¬ 
der nonlinearity present in the push-pull CCII X-terminal impedance. However, when 
compared to the class-A CCII+ where i% = i/> 4 — Ifi, the nonlinearity is attenuated by 
| I■ Thus, even in a worst case [3 mismatch situation, this second order term is 
typically three times lower in the push-pull CCII+ than in the simple class-A CCII+. 
Additionally, the X-terminal impedance is approximately two times lower than in the 
simple class-A CCII+: 


Z.v = 



(3.45) 


The required matching of the parameters (3„ and (3,, brings about a situation in 
which the PMOS input transistors Mt, and /V /4 cannot be realised as floating well de¬ 
vices unless the NMOS input transistors M 7 and M x can similarly be realised as float¬ 
ing well devices. Unfortunately, this is possible only with relatively rare and high-cost 
twin-well CMOS-processes. Therefore with standard n-well CMOS-processes relative 
large supply voltages are required. 

In most cases, the nonlinearity of the X-terminal contributes only indirectly to am¬ 
plifier nonlinearity as in the case of current-mirrors. When the X-terminal is used as a 
current input, the nonlinearity of input impedance generates significant amount of dis¬ 
tortion only at high frequencies. Fortunately, this distortion is significantly lower than 
in current-mirrors as the impedance is less non-linear because of the push-pull struc¬ 
ture. However, as the NMOS and PMOS current-mirrors do not have equal bandwidths 
there is nevertheless significant high frequency distortion in the push-pull CCII+ aris¬ 
ing from this unsymmetrical high frequency large signal behaviour. 

When there is an external impedance, for example a resistor, connected to the X- 
terminal, as in the current-conveyor applications in Figure 3.11, 3.12 and 3.13, the 
nonlinearity of the X-terminal impedance exerts a stronger influence on the distortion. 
If as low distortion as possible is desired, the large mismatch between NMOS and 
PMOS transistors is no longer tolerable. A push-pull current amplifier that requires 
only one type of MOS-transistors for linearised X-terminal impedance was published 
in 1987 [31]. A version of this circuit topology, optimised for low-cost n-well CMOS- 
processes, is presented in Figure 3.19, where the input current is divided into push and 
pull currents with two PMOS transistors M\ and A/j of identical sizes. The NMOS 
current-mirror has very little effect on the high frequency behaviour of the circuit as 
the gate capacitances of the PMOS current-mirror and the bulk capacitance of the input 
transistor A /5 are connected to the X-input and thus totally dominate the high frequency 
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VDD 



Figure 3.19 A push-pull current amplifier that does not require good matching between NMOS 
and PMOS transistors to maintain linear X-terminal input impedance. [31 ] 

response. Unfortunately, this topology cannot be used as a general purpose CCII as the 
Y-terminal voltage controls the quiescent current of the push-pull amplifier and thus 
the Y-terminal cannot be used as a signal input. 

Current gain nonlinearity 

Generally, the most significant nonlinearities are involved in the current gain path 
from the X-input to the Z-output. The push-pull connection brings symmetry to the 
circuit and thus reduces the second order nonlinearities in a similar way to differential 
structures. Because of this symmetry, the distortion arising from the channel length 
modulation is attenuated in a push-pull conveyor, although it is not entirely cancelled 
out. Therefore, adequate distortion performance can be obtained by implementing 
cascode current-mirror topologies, which are sensitive to the channel length modula¬ 
tion. Thus, a push-pull CCII+ topology with simple cascodes at the output is used, 
as seen in Figure 3.20 to show experimentally the typical distortion performance of a 
push-pull conveyor. In order to minimise the gain error deriving from the low qual¬ 
ity output cascode current-mirrors, the cascode transistors A7g and M\q are biased so 
that main mirror transistors have identical drain voltages in both NMOS and PMOS 
current-mirrors. This limits the Z-output voltage swing but, as the voltage swing at Y- 
and X- terminals are very limited because of the bulk effect, the voltage swing of the 
Z-terminal is seldom fully utilised. 

Two series of simulations are performed to show the overall distortion behaviour of 
the push-pull conveyor. Firstly, the distortion is simulated at a fixed and low frequency 
(1 Hz) as a function of the input current signal amplitude. Secondly, the distortion is 
simulated as a function of frequency with a moderate input current signal amplitude. 
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Figure 3.20 Push-pull MOS CCII+ with output cascodes. 


Transistors 

Aspect ratio / /rm//an 

Mi, Mj, M 7, M% ,M\ \ and M12 

100/5 

M 3, M4, M5, Me, Mu and M15 

300/5 

Mg and Mi 3 

100/2 

M10 and M12 

300/2 


Table 3.1 Transistor dimensions of the cascode push-pull MOS CCII+ of Figure 3.20 


In both series of simulations, the push-pull CCII+ is compared with the lower half¬ 
circuit and the upper half replaced with current sources. In the push-pull conveyor, the 
quiescent current is set to 25 fj\, with the current source Ig , whereas the half-circuit is 
biased with 100/rA current sources. Thus, both the half circuit and the push-pull circuit 
have comparable class-A regions of operation. In all simulations, no threshold voltage 
mismatches are assumed in the circuit as this would have increased the simulation task 
considerably. 

The simulation results of the low frequency distortion as a function of signal am¬ 
plitude are presented in Figure 3.21. The results clearly show that the push-pull cir¬ 
cuitry effectively reduces the second order distortion, which in this case is deriving 
from channel length modulation. However, the third order distortion is higher in the 
push-pull conveyor than in the half-circuits. However, the unsymmetrical second or¬ 
der nonlinearity of the half circuits changes to symmetrical third order nonlinearity 
in the push-pull conveyor. The level of distortion is quite moderate until clipping 
occurs. However, if the threshold voltage mismatch is included and worst case match¬ 
ing of NMOS and PMOS transistor parameters are assumed, the distortion increases 
quite significantly and thus it is doubtful whether using better cascode current-mirror 
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Figure 3.21 Simulated distortion of a push-pull CCII+ as a function of signal amplitude com¬ 
pared to the distortion of the lower half-circuit operating alone. The push-pull conveyor has a 
quiescent current of 25 f. iA and the the half-circuit is biased with four times larger currents i.e. 
100 f.iA , so that both amplifiers have in theory equal class-A regions. 

topologies could significantly enhance the distortion performance. 

At low frequencies, the nonlinearity of the upper and lower half-circuits can be 
transformed to the nonlinearity of the push-pull amplifier by the methods described in 
Appendices A and B. The equations in Appendix A explain the reduction of the second 
order distortion but the third order distortion equation does not work as well. However, 
the lambda model based third order distortion equations were inaccurate, even for sim¬ 
ple class-A current-mirrors. Additionally, the fact that the push-pull connection of the 
CMOS CCII+ extends the class-A operating range to four times the quiescent current 
is not included in Equations (B.8) and (B.9) of Appendix B.l so certain differences 
can be expected. In effect, the third order distortion follows better Equation (B. 17) of 
Appendix B.2 where the class-B operation is assumed. 

Alternative methods forpredicting the distortion has been published [32-35]. These 
methods assume that the class-A region is so small that it can be neglected and thus 
the resulting equations include large errors near the class-A region. However, the sim¬ 
ulations show that the transistors in a CMOS push-pull conveyor easily fall off their 
proper operation regions with larger current signal amplitudes and thus the class-B 
region is often merely a narrow transition region between the class-A region and sig- 
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Figure 3.22 Simulated frequency response and distortion as a function of frequency of a 
push-pull CCII+ compared to the lower half-circuit operating alone with four times larger bias 
currents. The input signal peak amplitude is 20/jA so that the modulation index can be assumed 
as 0.2 in both circuits. 

nal clipping. Therefore, in order to maximise the operation in the class-B region, the 
quiescent current must be very low and consequently the bandwidth of the amplifier 
remains limited. 

The simulated distortion as a function of frequency with an input signal peak am¬ 
plitude of 20 /ttA is presented in Figure 3.22. The simulation results show that the 
push-pull configuration can attenuate second order nonlinearities only at moderately 
low frequencies. The high frequency distortion is high, with signal amplitudes compa¬ 
rable to the quiescent current. Therefore, push-pull conveyors can adequately operate 
in the class-B region probably only with signal frequencies two decades lower than the 
conveyor -3 dB comer frequency. 

The distortion calculation methods for push-pull amplifiers mentioned earlier are 
based on the nonlinearities in the DC transfer curve. Therefore, they cannot be used 
to describe the frequency dependent nonlinearities. Furthermore, the operation of the 
push-pull structure is too strongly non-linear for Volterra-analysis, and by using the 
harmonic balance technique only numerical results can be obtained. However, sym¬ 
bolic equations for the high frequency distortion of the push-pull CMOS conveyors are 
probably not needed. Simple simulations and a degree of intuition should be enough 
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to discourage the use of push-pull techniques at high frequencies, at least in the case 
of the CMOS technology. Fortunately, most differential structures maintain good bal¬ 
ance, even near the corner frequency of the amplifier, although they are limited to 
class-A operation. 

3.3 Third generation current-conveyor CCIII 

Yet another current-conveyor was proposed in 1995 [36]. The network of this third 
generation current-conveyor CCIII is formulated in a matrix form as follows 

0 -1 0 1 T v y ' 

l 0 0 i, . (3.46) 

0 1 0 J [ v. . 

The operation of the third generation current-conveyor CCIII is similar to that of the 
first order current-conveyor CCI, with the exception that the currents in ports X and Y 
flow in opposite directions. 

A CMOS realisation on the CCIII was also proposed in the same year [37] and is 

presented in Figure 3.23. It is a push-pull conveyor built from four simple first gen¬ 

eration current-conveyors. Thus, the X- and Y-terminal impedances are maintained 
comparably low. However, the impedance level is sensitive to threshold voltage mis¬ 
matches. The quiescent current is similarly very sensitive to process and supply volt¬ 
age variation and consequently the quiescent current control schemes [9] described in 
3.1.4 must be added to the circuit. 

This current-conveyor can be used as an active current probe. The typical current 
measurement set-up presented in Figure 3.24a, where the voltage drop over a small 
shunt resistor is amplified with a voltage amplifier, is problematic if a low shunt resis¬ 
tance is required. In such a case, a large voltage gain is needed to amplify this small 
voltage drop Vr across the resistor R, which limits the measurement bandwidth and 
makes the measurement more sensitive to offset voltage, noise, and RF-interference. 
By using the CCIII in preference to the shunt resistor, the voltage drop can be main¬ 
tained small without other problems arising. However, as the circuit is relatively com¬ 
plex, its bandwidth cannot be very wide. Moreover, in the case of CMOS-technology 
very large currents cannot easily be measured. 

As the input current flows into the Y-terminal and out from the X-terminal, one 
might think that a differential current input could be realised with this amplifier. How¬ 
ever, the CCIII has a high input impedance with common-mode current signals, i.e. 
identical currents are fed both to Y- and X-terminals. Therefore common-mode cur¬ 
rents can push the input terminals out from the proper operation range. Thus, unfortu- 
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Figure 3.23 A CMOS implementation of the third generation current-conveyor CCIII [371. 



V, 


OUT 


(b) 


Figure 3.24 Current measurement (a) with a voltage amplifier and (b) with a third generation 
current-conveyor CCIII. 


nately, this conveyor has not many applications other than the current probing. 
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Chapter 4 


Current-mode feedback amplifiers 


4.1 Current-feedback operational amplifier 

The current-feedback operational amplifier presented in Figure 4.1a is in effect a pos¬ 
itive second generation current-conveyor CCII+ with an additional voltage buffer at 
the conveyor current output [1-3]. The current at the inverting input of the current- 
feedback operational amplifier is transferred to the high impedance current-conveyor 
output Z, causing a large change in output voltage. The current-feedback operational 
amplifier has a transresistance equal to the impedance level at the conveyor Z-output. 
Therefore, in the literature, the current-feedback operational amplifier is also referred 
to as a transimpedance amplifier. 

Several semiconductor manufacturers have current-feedback operational ampli¬ 
fiers in their product range. They are typically realised with rather costly and com¬ 
plex complementary bipolar integration processes because a typical bipolar current- 
feedback operational amplifier, presented in Figure 4.1b, requires pnp-transistors with 
comparable fj to npn-transistors for optimal operation. Both the input and output 
voltage followers are usually implemented with identical push-pull voltage follower 
structures but, since only the output buffer (Q 13 ...Q\b) must drive significant amount 
of current to the load, these buffers are biased differently. In certain current-feedback 
operational amplifiers, the input voltage follower (Q[...Qa) is alternatively realised 
with two current-mirrors, as in the CMOS push-pull CCII+ in Figure 3.16. 

In order to reach high transimpedance gain the impedance level at the node TZ 
is maintained high by cascode current-mirrors, typically Wilson-type current mirrors 
such as the npn-mirror Q 5 ...Q 7 and the pnp-mirror Qg...Qn. The slew-rate of the 
current-feedback operational amplifier is large (typically over 1000 V/^s) because the 
push-pull current-conveyor can supply several (or tens of) milliamperes to the parasitic 
capacitances at the high impedance node TZ. Because the parasitic capacitance at the 
node TZ degrades the high frequency performance of the amplifier this node is usually 
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(a) 


VCC 



Figure 4.1 (a) The operating principle of the current-feedback operational amplifier, (b) The 
simplified schematic of a typical commercial current-feedback operational amplifier. 
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maintained as an internal node. However, there is at least one commercial current- 
feedback operational amplifier, the AD844 [4], where the user has access to the high 
impedance node TZ. This amplifier can also be utilised as a second generation current- 
conveyor and consequently many other applications are possible with this amplifier 
than with other commercial current-feedback operational amplifier. Additionally, there 
is also a very high-speed commercial current-feedback operational amplifier, in which 
the current-conveyor and the voltage buffer have separate inputs and outputs, namely 
the OPA 660 [5]. 

In most current-feedback operational amplifier implementations, the current-mirrors 
supply dynamic bias currents to the input transistors of the output voltage follower (Q u 
and (2i5) by additional transistors and Q 12 . This helps the output buffer to supply 
larger currents to the load as the internal circuitry can now supply more base current 
to the output transistors. 

The distortion is low in most current-feedback operational amplifiers because the 
used output stages, bipolar push-pull voltage followers, have intrinsically low distor¬ 
tion, which is reduced yet further by feedback in closed-loop configuration. How¬ 
ever, with simpler voltage follower structures, more distortion is generated, partic¬ 
ularly in the case of low impedance loads but even then the distortion performance 
of the current-feedback operational amplifier compares well to typical voltage-mode 
operational amplifiers as discussed in Appendix C. 


4.1.1 Closed loop bandwidth 


The current-feedback operational amplifier can be used as a traditional operational 
amplifier in inverting and non-inverting configurations if the feedback is resistive, as 
presented in Figures 4.2a and b. For the calculations, a simplified macromodel for the 
current-feedback operational amplifier was used (Figure 4.2c). In the internal current- 
conveyor model the X-terminal admittance Y x is omitted as the low impedance feed¬ 
back network dominates the impedance level at the noninverting input anyway. In 
addition, no high frequency nonidealities are included in the two voltage followers. If 
we assume a one pole frequency response for the current-feedback operational ampli¬ 
fier so that A;(.v) = A, and K = sC z we can express the closed loop voltage gain for the 
noninverting amplifier circuit as 




' + £+*%r 




:(* 2+z "(' + *0 +z '( i+ff))' 


(4.1) 
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Accordingly, for the inverting voltage amplifier the closed loop voltage gain is 


V/(s) 


_ Bi 

R i 


+ s : 


C z Z () Z K 

Mi 


i+4 


(/? 2 + z„ (l + |^) +Z X (l + ) 


(4.2) 


It can clearly be seen that the frequency response is almost the same for both amplifier 
topologies, except that the DC-gain and the right half-plane zeroes differ slightly. 


If both Z x and Z 0 are assumed far smaller than R 2 , the corner frequency does not 
depend on the resistor ratio as in voltage-mode operational amplifiers but only on 
the feedback resistor R 2 , 


a>o d = 


_A;_ 

C z (^2 + Z 0 (l + ^) + Z -v( i + 7q)) 


A, 

R 2 C z ' 


(4.3) 


Therefore, there is no fixed gain-bandwidth product, as in voltage-mode operational 
amplifiers. However, there is a limit for the gain-bandwidth product 


lim ft>od x A vr /(0) = 

r ,->o 


Aj R 2 ^ A,- 
Z x C z R 2 + Z„ Z x C z 


(4.4) 


A typical current-feedback amplifier integrated with a complementary bipolar pro¬ 
cess has a constant bandwidth of 10...100 MHz up to gains of 20...30 dB. Then the 
current gain A; of the internal current-conveyor is one. The constant bandwidth gain 
range can be increased to 40 dB with additional circuit techniques that enable a slight 
increase in current gain of the bipolar current-mirrors without sacrificing speed [6], 
Increasing the constant bandwidth range to yet higher gains is difficult as in this case 
the non-dominant poles of the amplifier deriving from the current-mirrors and voltage 
buffers will limit the bandwidth and cause stability problems. The constant bandwidth 
can be extended to higher closed loop gains if the feedback resistor R 2 is set to a higher 
value but this occurs at the expense of bandwidth. 

Because of the low impedance level at the inverting input of the current-feedback 
operational amplifier, all operational amplifier circuits cannot be realised with current- 
feedback operational amplifiers. For example, in a voltage-follower configuration, 
two voltage-follower outputs, namely the internal current-conveyor voltage-follower 
output and the output of the whole amplifier, are connected together. Therefore, there 
is a minimum resistance which can be connected between the output and the inverting 
input to ensure stability and fast settling. 

In the conventional realisation of a noninverting amplifier of Figure 4.2a, a voltage¬ 
mode operational amplifier rather than the current-feedback amplifier is used. In this 
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(a) (b) 



(c) 

Figure 4.2 Voltage amplifier configurations of current-feedback operational amplifier, (a) 
Noninverting voltage amplifier, (b) Inverting voltage amplifier, (c) Simplified current-feedback 
operational amplifier macromodel for the calculations. 
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case, the closed loop gain becomes 


/W/(.v) 



(4.5) 


if a one-pole model with infinite DC-gain and zero output impedance is assumed, so 
that the open loop gain of the voltage-mode operational amplifier is A„,i = jjjrr. Thus, 
if the pole of the voltage-mode operational amplifier closed-loop gain is compared to 
Equation (4.3), a relation between the voltage-mode operational amplifier transcon¬ 
ductance and the current-feedback amplifier circuit parameters results 


/?2 + Z, (l + 


(4.6) 


if C, = C z and Z„ = 0. Therefore, the current-feedback operational amplifier can he 
considered as a voltage-mode operational amplifier with a variable transconductance 
and thus with a variable gain-bandwidth product. This account for the high speed oper¬ 
ation of the current-feedback operational amplifier as most conventional voltage-mode 
operational amplifiers are compensated to be unity gain stable, whereas a current- 
feedback operational amplifier can be left almost uncompensated because its gain- 
bandwidth product reduces approximately to in the unity gain configuration [7], 
The compensation of a discrete voltage-mode operational amplifier can be externally 
adjusted only with an off-chip capacitor and, since this adds more parasitic capaci¬ 
tance to the amplifiers signal path, there are only a few old operational amplifiers in 
the market with this feature. Therefore, the adjustment of the amount of compensation 
with the feedback resistor (?i can be a useful feature in discrete operational amplifier 
circuits. However, when integrating a large analogue system into one chip this feature 
is no longer as useful as in this case the compensation capacitor of a voltage-mode 
operational amplifier is easily rescaled if less than 100% feedback is used. 


4.1.2 Integrator implementations 

If the feedback resistor ft? i n Figures 4.2b is replaced with a capacitor, an inverting 
lossless integrator will result as in Figure 4.3a with a transfer function 


sZ,Z„CY--A i 

sC(RY- (Z, + Z„) + RA, + Z X Z„Y : ) + Y : {R + Z X )' 


(4.7) 


The terms Aj and K- are frequency dependent and this results in a third order transfer 
function. Moreover, since the minimum feedback resistance requirement is broken 
at high frequencies, it is very difficult to avoid stability problems with this integrator 
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Figure 4.3 Lossless integrators implemented with current-feedback operational amplifiers, (a) 
Operational amplifier like inverting integrator, (b) An alternative inverting integrator realisa¬ 
tion utilising the internal gain node of the current-feedback operational amplifier, (c) A similar 
noninverting integrator. 
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topology. However, it is possible to compensate the resulting integrator with tech¬ 
niques described in [8], In practice this involves adding capacitance in parallel with 
Unfortunately, this is possible only with a few commercial current-feedback oper¬ 
ational amplifiers such as AD844 and OPA660 [4,5] which has the internal current- 
conveyor output Z available as an additional pin. 

The problems involved in the discussed integrators can be avoided by using an in¬ 
tegrator realisation of Figure 4.3b. Then the resulting transfer function is significantly 
simpler 


A w i(s) = - 


A,- 

s(R + Z x ) (C + Q)' 


(4.8) 


Since the dominant pole of the amplifier is now shifted down and used as the inte¬ 
grator time constant good phase response can be obtained even with relatively high 
frequencies. Furthermore, also noninverting integrators can be realised only by chang¬ 
ing the signal input to the noninverting input as depicted in Figure 4.3c. Several filter 
realisations utilising this kind of integrators have been published [9-12]. However, as 
all these circuits use the internal current-conveyor output as the integration node these 
filters are actually current-conveyor filters. Moreover, these filters can be realised only 
with the AD844 or as full custom integrated circuits. 


Furthermore, those commercial current-feedback operational amplifiers without 
access to the internal conveyor output node can be used to build continuous time fil¬ 
ters utilising the active-R technique developed in the 1970’s [14]. This technique uses 
the dominant pole of the voltage-mode operational amplifier as an integrating time 
constant. However, as the time constant depends on the transconductance of the differ¬ 
ential input stage, the integrating time constant is sensitive to process and temperature 
variation. Moreover, the non-dominant poles of a voltage-mode operational ampli¬ 
fier can cause problems in active-R filters. When this filter technique is applied to 
current-feedback operational amplifiers the time constants are easily adjusted with ex¬ 
ternal resistors and therefore sensitivities to process variation and parasitic poles can 
be significantly reduced [15]. 


4.1.3 Self-compensation of voltage followers 


An interesting feature in the current-feedback operational amplifier design is the band¬ 
width optimisation of voltage followers. A typical voltage follower requires a resistor 
R rather than a short circuit between inverting input and amplifier output as seen in 
Figure 4.4a which results in a transfer function 
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1 , C\z tt 
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(a) (b) 

Figure 4.4 Voltage followers realized with current-feedback operational amplifiers, (a) A 
typical realisation, (b) A self-compensated voltage follower. 


if = sC z is assumed and the loading effects are neglected. However, if the output 
signal is taken from the noninverting input of the current-feedback operational ampli¬ 
fier, a circuit depicted in Figure 4.4b [16] results. Then the transfer function changes 
to 


A vc i(s) 


1+J% (fl + Zo) 

1 + (R + Z 0 T-Z a ) 


( 4 . 10 ) 


Thus, almost perfect pole zero cancellation can be achieved if R is large enough or Z x 
is very small. Unfortunately, the voltage drop across the resistor/? can limit the output 
voltage swing when driving low impedance loads. Too large a feedback resistance can 
also shift down the pole deriving from the parasitic capacitances at the output of the 
current-feedback operational amplifier. 


4.1.4 Common-mode rejection 

The common-mode rejection of current-mode instrumentation amplifiers utilising second- 
generation current-conveyors was discussed earlier in Section 3.2.3. Because the in¬ 
put stage of the current-feedback operational amplifier is a second-generation current- 
conveyor similar common-mode behaviour could be expected. However, the common¬ 
mode behaviour of the current-mode instrumentation amplifier does not explain the 
common-mode gain mechanisms in the current feedback operational amplifier as this 
common-mode signal is inserted into the circuit in an entirely different way. 

The common-mode gain of a current feedback operational amplifier is measured 
and calculated as if it were a normal voltage-mode operational amplifier, as depicted in 
the test set-up of Figure 4.5a. Therefore, the dominant source of the output common¬ 
mode voltage is not the conveyor X-terminal admittance Y x but rather the gain error 
in the voltage gain from Y to X ( A v f ). This gain error produces a Z-output current 
inversely proportional to the X-terminal impedance. This error is generated by the 
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(a) 


*2 



(b) 

Figure 4.5 (a) CMRR test for a current-feedback operational amplifier, (b) CMRR test for a 
differential amplifier application. 
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limited output conductance of the input transistors [1, 17, 18]. Most techniques that 
improve the DC-accuracy of the current feedback operational amplifier similarly im¬ 
prove the CMRR of the amplifier. In certain current-feedback amplifiers, these errors 
are reduced by laser trimming. 

Similarly, in the test set-up of Figure 4.5b, corresponding mechanisms produce 
the common-mode output voltage. In the case of voltage-mode operational amplifiers, 
maximum CMRR is reached with the test set-up of Figure 4.5a. Similar CMRR per¬ 
formance to the test set-up of Figure 4.5b can be reached with ideally matched resistor 
ratios. However, in the case of a current-feedback operational amplifier, the maximum 
CMRR is reached in the test set-up of Figure 4.5b. Thus, the resistor ratios are not ide¬ 
ally matched but suitably unbalanced in order to cancel out the input voltage follower 
gain error and other nonidealities [17], 

4.1.5 CMOS implementations 

CMOS implementations of current-feedback operational amplifiers have been reported 
[19-22]. However, CMOS integration technologies entail certain problems with regard 
to implementing current-feedback operational amplifiers. Using a class-A input con¬ 
veyor, the input voltage range and the slew rate is comparable to conventional voltage¬ 
mode operational amplifiers. If high slew rate required with CMOS implementations, 
push-pull current-conveyors must be used. In this case, relatively large supply volt¬ 
ages are required and yet very limited input voltage range is achieved. The X-terminal 
impedance Z, of the input conveyor plays an important role in maximizing the closed 
loop bandwidth. Since CMOS voltage followers have higher output impedances than 
bipolar voltage followers the maximum gain-bandwidth product is significantly lower 
in CMOS than in bipolar realisations. However, CMOS realisations have at least one 
advantage over the bipolar realisations: the impedance level at the conveyor output can 
easily be designed to a high value and thus large low frequency transimpedance gain 
is easily achieved in CMOS current-feedback operational amplifiers. 

Perhaps the most promising CMOS current-feedback operational amplifier topol¬ 
ogy is presented in Figure 4.6 [20,21], This uses first generation current-conveyor 
like local feedback to lower voltage follower output impedance .described earlier on 
page 71. The current-mirror structure used automatically matches the voltage-follower 
output transistor transconductances and thus optimal output impedance linearity is ob¬ 
tained. The current-gain of the input conveyor is not one but a ratio of NMOS and 
PMOS transistor process parameters. This uncertainty in the amplifier open loop gain 
does not present a problem since there is usually enough open loop gain. However, the 
variation in input conveyor current gain makes it unsuitable for most filter applications. 

Recent test results of this amplifier topology realised with a standard n-well 0.6 
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Figure 4.6 A CMOS current-feedback operational amplifier with low Z,. 


Lira CMOS process exhibit 120 MHz bandwidth with a 12 mW power dissipation with 
a single 5 volt supply [21]. Although the performance of this CMOS current-feedback 
operational amplifier is comparable to bipolar implementations in many respects, the 
slew rate of the CMOS amplifiers falls more than one decade behind from bipolar 
implementations. That is partly caused by the mirror topology used. As a consequence 
of to the bulk effect, the threshold voltages of transistors M 4 and Mm are very large, 
which leads to very small aspect ratios for the main mirror transistors M 3 , M$, My and 
M] 1 and limited current drive capabilities result. In the case of a twin-well CMOS 
process, the limitations deriving from the bulk effect can be reduced and in addition to 
slew rate also input and output voltage range and drive capabilities can be enhanced. 
Still bipolar transistors have so much better capabilities to handle large currents that 
the slew rate of bipolar current-feedback operational amplifiers cannot be reached in 
the near future. 

The input voltage range can be increased by using class-A input conveyors and the 
output voltage range can be increased by using Miller compensated output stages, as 
reported in [22], However, this leads to such slow settling and narrow bandwidth 
that most traditional voltage-mode operational amplifiers perform better. Alterna¬ 
tively, rail-to-rail voltage range operational amplifiers can be used to realise current- 
conveyors and voltage followers [23]. But, since this entails building one operational 
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amplifier out of two operational amplifiers and additional circuitry, it would hardly 
appear worth the effort. 

The main benefit of the current-feedback operational amplifier lies in obtaining the 
optimal bandwidth with any closed loop gain without changing the compensation ca¬ 
pacitor solely by controlling the feedback resistance. This represents an advantage in 
discrete operational amplifiers because adding an external compensation pin will sig¬ 
nificantly lower the available bandwidth caused by increased parasitic capacitance in 
the signal path. In application specific integrated circuits, however, the compensation 
of each operational amplifier can easily be optimised. The bipolar implementations of 
current-feedback operational amplifiers are quite simple since the strong features of 
bipolar transistors are efficiently utilized whereas the CMOS implementations suffer 
from bulk effect and low transconductance, leading to complicated circuitry. There¬ 
fore, in CMOS integration technology, a traditional voltage-mode operational ampli¬ 
fier with application specific compensation will invariably exceed the performance of 
a current-feedback operational amplifier. 


4.2 Operational floating conveyor 


The operational floating conveyor (Figure 4.7) is a current-mode building block that 
combines the transmission properties of a current-conveyor and a current-feedback 
operational amplifier, and has an additional output current sensing capability [27]. The 
matrix representation of the operational floating conveyor is 
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(4.11) 


where Z, is the transimpedance of the internal current-feedback operational amplifier. 
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Figure 4.7 The operating floating conveyor constructed of two second generation current 
conveyors. 
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If a current-conveyor is a voltage-follower with an additional output current-sensing 
circuit, the operational floating conveyor is a current-feedback operational amplifier 
with a similar output current-sensing circuit. Alternatively this conveyor can be con¬ 
structed of two cascaded current-conveyors. 


4.2.1 Applications 


With this circuit, it is possible to realise all four types of amplifiers: voltage, current, 
transconductance, and transimpedance amplifiers, as presented in Figure 4.8. The 
voltage amplifier in Figure 4.8a operates identically to the current-feedback opera¬ 
tional amplifier realization of the noninverting voltage amplifier in Figure 4.2a and 
thus the transfer function ofEquation (4.1) similarly applies here. If the macromodel 
of the current-feedback operational amplifier, presented in Figure 4.2c, is extended by 
adding current gain A u , = 'f- and the current gain of the input conveyor is renamed A,„ 
the closed loop current gain of the circuit in Figure 4.2b can be expressed as 


Aid{s) = A i, 


I + «i 
1 + R, 


+ s' 


A„ 


1 + - v a; (*2+ z " ( ! + If ) +z ' (• +«f)) 


Accordingly, the transfer function of the transconductance amplifier is 


( 4 . 12 ) 
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( 4 . 13 ) 


The transimpedance amplifier similarly uses only the current-feedback operational am¬ 
plifier part of the operational floating conveyor and the resulting transfer function is 




+ SjrZ.yZo 

I +.v£(fl + Z„+Z,) 


( 4 . 14 ) 


In the first three amplifier types, i.e. the voltage, current, and transconductance 
amplifiers, it is possible to maintain constant bandwidth at moderately large closed 
loop gains by keeping the resistor /?2 constant and adjusting the gain by the resistor 
R i. Flowever, in the transresistance amplifier, there is a similar gain-bandwidth product 
limitation to that in voltage-mode operational amplifier circuits. 

The four amplifier types can also be realised with second generation current- 
conveyors as open loop amplifiers. However, when operational floating conveyor re¬ 
alisations are used, the amplifier gain is less sensitive to finite X-terminal impedance. 
Since the feedback reduces impedance levels at both X- and W-terminals the band- 
widths of the amplifiers are less sensitive to parasitic capacitances. Furthermore, the 
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(b) 



Figure 4.8 Basic amplifier types realised with operational floating conveyor, (a) Voltage 
amplifier/!,, « i -f (b) Cone fit amplifier A, « 1 + /?2 t • (c) Transconductance G,„ m 

\/R\. (d) Transresistance R,„ «/?. 


feedback also reduces distortion at low frequencies but still the current signal path from 
W- to Z-terminal remain outside the feedback loop and thus the nonlinearity remains 
unchanged in that part. 


4.2.2 Composite conveyors 

The operational floating conveyor can be also configured to form a high performance 
second generation current-conveyor as presented in Figure 4.9a. This is a useful 
technique for designing CMOS current-conveyors: with two poorly operating simple 
CMOS positive second generation conveyors, one positive conveyor with enhanced 
X-terminal impedance Z x can be constructed. In the case of simple CMOS convey¬ 
ors even the resistor ftp can generally be omitted as the X-terminal is high enough to 
prevent any stability and settling problems. 

There is an alternative way to construct a composite conveyor which lowers the 
X-terminal impedance. This composite CCII- is presented in Figure 4.9b [28]. In this 
composite conveyor, the lower conveyor CC2 works as a negative impedance conveyor 
and consequently the X-terminal impedance of the composite CCII- is 


Zx,composite — Z_x\ + ~ Z\\ — Z x 2- 


(4.15) 
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(a) 



(b) (c) 


Figure 4.9 Different composite conveyors, (a) A composite CCII+ with enhanced Z v resem¬ 
bling an operational floating conveyor, (b) A composite CCII- with a different technique to 
lower Z v . (c) A composite CCII+ with enhanced Y x . 
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One can see clearly this technique is sensitive to mismatches and therefore the current 
gain Aa should be designed slightly lower than one in order to prevent a negative X- 
terminal impedance for the composite conveyor. In addition, all even order nonlinear¬ 
ities in Z x \ and Z x i are effectively summed together and hence X-terminal impedance 
nonlinearity is increased. Fortunately, in most cases the nonlinearity of the X-terminal 
impedance has little effect on the total amplifier distortion. Yet the overall performance 
of the current-conveyor build with the operational floating conveyor is better and less 
sensitive to process mismatches. 

Composite techniques can be used also to enhance other current-conveyor param¬ 
eters as the example in Figure 4.9c shows [29]. This composite conveyor reduces the 
unwanted X-terminal admittance by subtracting a replica of the error current deriving 
from Y x2 by using the additional conveyor CC1 with an opposite current gain polar¬ 
ity. However, maintaining an accurate replica of the error current is difficult at high 
frequencies with different types of conveyors, but in most cases performance enhance¬ 
ment at low frequencies is enough. 


4.3 Current-mode operational amplifiers 

Voltage-mode circuits can be converted into current-mode circuits by implementing 
the adjoint network transformation principle, as described in Section 1.4. According 
to this principle, a voltage-mode operational amplifier differential input is converted to 
a current-mode operational amplifier differential output and accordingly the voltage¬ 
mode output is converted to a current-mode single-ended input, as shown in Figure 
4.10. Similarly, a typical voltage division feedback network in the voltage-mode circuit 
is converted to a current division feedback network in the current-mode circuit. 

A CMOS implementation of the current-mode operational amplifier is presented 
in Figure 4.11 [30]. High gain is achieved in this circuit in the same way as in current- 
feedback operational amplifiers by driving the current-conveyor Z-output current to 
a high impedance load, which in this case is a push-pull CMOS differential stage. 
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Figure 4.10 The voltage-mode operational amplifier and its current-mode counterpart derived 
by the adjoint network principle. 
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Figure 4.11 CMOS implementation of the current-mode operational amplifier. 


In order to ensure high gain and slew rate, the positive conveyor driving the output 
stage should be a push-pull CMOS conveyor with cascodes at the output such as that 
presented in Figure 3.20. 


The closed loop current gain of the current-mode operational amplifier is gain- 
bandwidth product limited as with the closed loop voltage gain in the voltage-mode 
operational amplifier. The unity gain frequency depends on the total transconductance 
of the output stage g mo = g m \ + g m 3 and the parasitic capacitances at the conveyor 
Z-output C z , so that 



( 4 . 16 ) 


The non-dominant poles of the amplifier are largely deriving from the current-mirrors 
in the input current-conveyor. Therefore, in order to reach sufficient phase margin, the 
bias current of the input conveyor cannot be aggressively scaled down. 


4.3.1 Distortion 

Because the current signal amplitude in the input conveyor is the same as the input 
current signal, the only dominant source of distortion in the amplifier is the output 
differential stage. Therefore, using similar assumptions as those used in the derivation 
of the distortion of the CMOS folded cascode OTA in Appendix C, the drain current 
of one of the four output transistors is 

^ | 4- j \/P (4/«-P^), if |v : | < 



( 4 . 17 ) 
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where v- is the voltage signal at the current conveyor Z-output. As a consequence of 
the push-pull connection, the inverting output current is 

iouT- = y y/p (4/(f - pv^), (4.18) 


which is identical to the nonlinearity of normal differential stage of Equation (C.21). 
Similarly, the output current can be expressed as a function of input current as a Taylor- 
series 

bur — Rmiin \/Wr ~ \ j" “ — i (4.19) 

o y ‘b 

where R m — £ is the transimpedance gain of the input current-conveyor. Then, by 

‘in 

using Equation (A.21) at low frequencies the third order distortion of the current-mode 
operational amplifier is 


HD3(G) = 1 
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(4.20) 


where A„i = R m y/$h and l s = 

This equation is again very similar to the harmonic distortion Equation (C.24) for 
the folded cascode CMOS operational transconductance amplifier (OTA). However, 
the distortion of the OTA depends only indirectly on the signal amplitude since the 
distortion depends on the output current amplitude rather than output voltage. Thus, in 
the case of a high-impedance load, the distortion of the OTA is very low. However, the 
distortion of the OTA increases rapidly if the load impedance is decreased because of 
the load dependent open-loop voltage gain whereas the distortion of the current-mode 
operational amplifier does not depend on the load impedance. 

At high frequencies, a one-pole open-loop transfer function A u / = ^ can be as¬ 
sumed in which the unity gain frequency is already defined in Equation (4.16). Then 
using Equation (A.39), the third order harmonic distortion can be described as a func¬ 
tion of frequency 
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When the signal frequency is significantly lower than the distortion equation re¬ 
duces to 
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These distortion equations are again very similar to the distortion equations of the 



104 


Current-mode feedback amplifiers 


CMOS OTA. However, below ^ the distortion of the current-mode operational am¬ 
plifier is proportional to frequency whereas the distortion of the OTA is proportional 
to the third power of frequency. Above C 0 o the distortion of the OTA is fixed and large 
whereas the distortion of the current-mode operational amplifier is inversely propor¬ 
tional to the second power of frequency. 

The noninverting output of the current-mode operational amplifier is outside the 
feedback loop and therefore similar distortion occurs to that in simple current buffers 
discussed in Chapter 2.2. This distortion is frequency dependent and the distortion 
peak is usually above the unity gain frequency of the amplifier and thus no dramatic 
increase in distortion is expected. 


4.3.2 Slew rate and full power bandwidth 


In the case of a push-pull input conveyor, the slew-rate depends primarily on the cur¬ 
rent handling capabilities of the conveyor. The maximum output current of the con¬ 
veyor depends on the used cascode current-mirror topology and on the biasing of the 
cascode transistors. The voltage swing at the conveyor output is not large and the non¬ 
linearity of the input stage does not contribute a great deal to the total distortion of the 
amplifier. Thus, the used cascode structures can only be optimised for high current 
drive capability and consequently the slew rate is usually sufficiently large for most 
applications. 

The slew rate of the CMOS current-mode operational amplifier is rather good even 
if a class-A CCII+ is used at the input. In a standard Miller-compensated CMOS 
voltage-mode operational amplifier, the slew rate depends on the compensation capac¬ 
itor C c and differential pair tail current Isd . so that 


SR V = 


dV 

dt 
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(4.23) 


In the current-mode operational amplifier, slew rate limiting occurs at the Z-terminal 
output so that the maximum voltage change there is and by using Equation (4.16) 
the resulted slew rate at the output is 


SR, = 
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(4.24) 


Since the slew rate of the current-mode operational amplifier is actually a func¬ 
tion of gain-bandwidth product, the equation for full power bandwidth becomes quite 
interesting: 
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Therefore, the full power bandwidth can be set in respect to gain-bandwidth product 
directly by the ratio of the input and output stage bias currents. A similar ratio can be 
found also for voltage-mode operational amplifiers as 

-^ ^ = — 1 ^~. (4.26) 

«*> gmiVomax 

For bipolar transistors the ratio of transconductance and collector current ^ is an 
unscalable parameter rtf and the same applies also to MOS-transistors operating in 
weak inversion. This leads to a full power bandwidth roughly ten times below gain- 
bandwidth product even with a moderate one volt output signal amplitude. Today when 
MOS channel lengths are scaled aggressively down the ratio is getting closer to 
even in strong inversion and thus the current-mode operational amplifier becomes more 
and more feasible at least when the full power bandwidth is considered. 

4.3.3 Alternative topologies 

However, the current-mode operational amplifier derived by the adjoint principle does 
entail certain problems. In voltage-mode circuits, output signals are easily shared 
among several inputs whereas in current-mode circuits, multiple outputs must be pro¬ 
vided when driving several inputs or the output current must be converted to a voltage. 
The output voltage swing of this output structure is severely limited and if cascode 
transistors are added at the output, this voltage swing shrinks to almost nothing. There¬ 
fore, increasing the output impedance is difficult and only low impedance loads, such 
as other current-mode operational amplifiers, can be driven with this output structure. 
The feedback impedances must also be kept low since this increases voltage signal 
amplitude at the output. 

The output voltage swing can be extended if the drain currents of the output tran¬ 
sistors are fed to the output nodes via additional current mirrors [31]. However, this 
increases the circuit complexity yet further and adds additional poles to the transfer 
function. Since the noninverting output is outside the feedback loop, such additional 
mirrors add a significant amount of distortion to the signal. Alternatively, rather than 
mirroring, the drain currents can be folded to the output [32]. The resulting output 
stage is effectively a folded cascode operational transconductance amplifier (OTA), 
presented in most textbooks in analogue integrated circuit design [24-26]. The folded 
cascode OTA as an output stage does not add as much distortion as the output mirrors 
and the high frequency behaviour is more satisfactory. 

An alternative current-mode operational amplifier has also been proposed [33] 
(Figure 4.12) that has a differential input and a single-ended output similar to a voltage¬ 
mode operational amplifier. In this structure it is easier to multiply output branches 
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Figure 4.12 A CMOS current-mode operational amplifier with differential input and single- 
ended output and optional replica output. 


because of the simple output structure. However, this structure is difficult to apply 
because of the lack of input symmetry: in closed-loop circuits the inverting input has 
a significantly lower input impedance than the non-inverting input. In voltage-mode 
CMOS operational amplifiers .both inputs have very high impedance levels but the 
input impedance of a CMOS current-amplifier is not very low, even with feedback, 
which may represent a serious problem. 

Yet more serious problems with this circuit involve the power efficiency and the 
distortion performance. By way of illustration, we might consider a unity gain nonin¬ 
verting current amplifier configuration where the output OUT1 is short-circuited to the 
inverting input and the replica output OUT2 is used to supply the output current signal 
to the load. In this case, the current-mirror transistors M i and at the noninverting 
input must handle signal amplitudes as large as those handled by the outputs and con¬ 
sequently the input stage bias current Ibi must be equal to the output stage bias current 
Ibo- Since one current mirror at the output and the replica output OUT2 are outside 
the feedback loop, the distortion performance of this current follower is comparable 
to a current follower realised with two cascaded NMOS current-mirrors with com¬ 
parable aspect ratios and bias currents. Additionally, the current-mode operational 
amplifier must be compensated with the capacitor C which reduces the closed-loop 
bandwidth compared to two current-mirrors. Therefore, the current-follower based on 
this current-mode operational amplifier has at least 50% bigger area and power con¬ 
sumption and barely the same performance as two cascaded NMOS current-mirrors. 

There are older current-mode operational amplifier realisations with differential 
inputs and outputs [34,35]. However, this topology uses three current-conveyors and, 
as a consequence of the circuit complexity, it is rather slow. Furthermore, the differen¬ 
tial inputs in this topology have the same problems as the amplifier in Figure 4.12 and 
it has a considerable amount of circuitry outside the feedback loop. 
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Figure 4.13 A simple class-A CMOS realisation of a high-gain current-conveyor CCII°°. 


4.4 High-gain current-conveyor CCII°° 


A voltage-mode circuit transformed to a current-mode circuit with the adjoint princi¬ 
ple preserves all nonidealities of the circuit. Therefore, the used current-mode ampli¬ 
fier should exhibit better performance characteristics than the voltage-mode amplifier 
in order to justify the effort of using current-mode techniques. Unfortunately, most 
current-mode CMOS operational amplifiers discussed in the previous section are more 
complicated than commonly used voltage-mode operational amplifier topologies or 
have limited signal ranges or other problems. Thus, simpler circuit topologies should 
be found if a current-mode amplifier faster than voltage-mode amplifiers with other¬ 
wise comparable performance is desired. 

A simple high-gain current-mode amplifier can be realised in CMOS technology 
with the circuit principle in Figure 4.13 [36-38]. This amplifier is similar to a second 
generation current-conveyor but it has a large current gain from X to Z rather than the 
unity gain of the standard CCII so to characterise it as a high-gain second generation 
current-conveyor CCII°° would not be far fetched. This amplifier is constructed of 
a negative second-generation current-conveyor CCII- and a transconductance output 
buffer. The high gain is again achieved by the high impedance at the internal node 
achieved by a MOS cascode current-source //(/ ■ 

The high-gain current-conveyor concept, using bipolar transistors, is published ear¬ 
lier, in Li,39]. However, the fully bipolar realisations such as the class-AB amplifier 
presented in Figure 4.14 [39] are more complicated than conventional bipolar voltage¬ 
mode operational amplifiers. 
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Figure 4.14 A simplified schematic of a bipolar class-AB high-gain current-conveyor CCII°°. 


4.4.1 Linear nonidealities 


Because the high-gain current-conveyor CCII°o differs from regular second generation 
current-conveyors only in its current gain, the matrix representation of the current- 
conveyor nonidealities in Equation (3.18) can similarly be applied to this conveyor. 
The forward current gain of the CMOS conveyor in Figure 4.13 can then be derived as 


Aif(s) 


(Sml T gdsl ) ($Cgd 2 8 m2 ) 

81 (gml + 8ds I + Yx) + gdsiYx + s (Q + C g dl) (<gml + grf.vl + Yx) 
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(8ml +sCx) (gt+sC,)’ 


(4.27) 


where Y x = ghi + sC x is the sum of the output conductance of the current source /#/ 
and all parasitic capacitances at the X-terminal. Similarly, Y, = g, +sC, is the sum of 
the output conductance of the current source Iyj and all parasitic capacitances at the 
internal high impedance node. Since the DC-gain of the amplifier /4,/(0) is approx¬ 
imately high current gain can be achieved by using a cascode current source as 
the current source Ibt ■ The unity current gain frequency (Do depends on the output 
stage transconductance and is approximated as £=£. Similarly, the nondominant pole 
depends on the input stage transconductance and is approximately ^. The zero de¬ 
riving from the output transistor Miller-capacitance C gl ii is negligible in most cases as 
it is at significantly higher frequency than the nondominant pole. 
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The X-terminal impedance is quite high and frequency dependent: 


_ 81 + Sds i + s [C, -f C g d2 ) _ 

8 l (gml + gdsl + Ijr) +gdsl^jr + - ? (C ( + C g d2) (gml + gdsl + Y x ) 
gdsl +sCt _ 

(gml + .'Ct) (g,+sC,)' 


Fortunately, this impedance is high only at moderately low frequencies and any feed¬ 
back in the amplifier efficiently lowers this impedance. However, with this circuit 
topology, as low input impedances cannot be reached as, for example, with the CMOS 
current-mode operational amplifier of Figure 4.11. At high frequencies the X-terminal 
impedance reaches the typical value jL and consequently the pole deriving from 
the X-terminal parasitic capacitance remains approximately regardless of the fre¬ 
quency dependencies in Z x . The moderately high X-terminal impedance can still be 
undesirable in certain applications, in which case increasing the channel length of M 1 
or using other techniques described in Section 2.2, such as regulated cascodes, can be 
used to lower Z x . 


There is also a nonzero reverse voltage gain present in this circuit, approximated 


A vr {s) = 


_ Sgds\Cgdi _ 

gt (gml + gdsl + Yx) +gds\Y x + s(C, +C g d2) (gml + gdsl + Yx) 
Sgds\Cgd2 

(gml +sC x )(g,+sC,)' 


This reverse voltage gain can be converted into an admittance between X- and Z- 
terminals by using Equation (3.27) 

Y„(s) = * 1**^. (4.30) 

Zx gdsl ~Ygt+ s (Cl + cgd2 ) gdsl + sQ 


This admittance is in effect a series connection of a capacitance C g d 2 and a conduc¬ 
tance g ds i Therefore, the effect of the reverse gain can be decreased by decreasing 
gdsl orC g d 2 or increasing C,. Because this admittance is parallel to any feedback ad¬ 
mittance between X- and Z-terminals, one can clearly see whether the reverse gain has 
an effect in the closed loop circuit or not. Regardless, in the case of a low impedance 
feedback network, the reverse gain is negligible and, in the case of very high feedback 
impedances, adding a cascode transistor at the drain of M 2 will efficiently attenuate 
the reverse gain. 


Other nonidealities have quite similar mechanisms to other simple class-A second 
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iin ^2 ^1 inul 



(c) (d) 

Figure 4.15 Closed-loop amplifiers realised with a CCII°°. a) Inverting current amplifier, b) 
Positive second generation current-conveyor CCII+ c) Inverting voltage amplifier, d) Voltage 
follower. 

generation current-conveyors. The forward transconductance 

q / \ _ _ Km I y, ) _ 

Si (fini I +k’(/.vt + Y\) + &M Y\ + .v(C, +C lt ,a) (g H1 i -I- gj.,i + K ( ) 

« Mi/ (4.31) 

is arising from the output conductance of the current source lm and any parasitic capac¬ 
itance at the X-terminal. Similarly, the derivation of the X- and Z-terminal admittances 
is straightforward. 

Choosing a NMOS-transistor as the input transistor M\ is feasible for many rea¬ 
sons. A large transconductance is easily achieved with a NMOS-transistor even with a 
low bias current and thus also low f>, is achieved to ensure high DC-gain, and the non- 
dominant pole remain at a sufficiently high frequency. Similarly, the channel length of 
the input transistor M\ should be longer than the minimum length because decreasing 
Sils\ lowers both the X-terminal impedance and the reverse voltage gain. Similarly, the 
output common-source stage is feasible to realise with a PMOS-transistor since a large 
output current can be achieved without an excessive transconductance, which would 
degrade the phase margin of the amplifier. 

4.4.2 Applications 

In Figure 4.15a an inverting closed-loop current amplifier, realised with the CCII°°, is 
presented, in which case neglecting reverse gains and X-terminal admittance causes 
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the closed-loop current gain to be derived as 


Ai c i[s) 


_ Zy - A if (s)R 2 _ 

(1 +Aj/(s))R\ + (1 + Y z R[)(R 2 +Z x ) ' 


(4.32) 


If one assumes a one-pole approximation for the forward current gain so that A//(s) = 
^, the comer frequency of the closed-loop current amplifier is 


®0r/ 


_Wo_ 

'+*¥>('+ft) 

COo 

i + *r 

+ R i 


(4.33) 


Thus, the gain-bandwidth product of the closed-loop current amplifier is fixed as in 
normal operational amplifier circuits. 


If two identical current outputs are provided in the CCII°o, a CCII+ can also be 
realised as in Figure 4.15b is presented. Consequently, using Equations (4.27) and 
(4.28), the closed-loop X-terminal impedance is approximated below the corner fre¬ 
quency as 


Z Ar /(.v) 


_Zy_ _ gdsl +SC, 

( f gm\8m2 


(4.34) 


Typically, the closed-loop X-terminal impedance at low frequencies is approximately 
ten ohms and is thus comparable to the input impedance of the class-A CMOS CCI. 
However, this input impedance is still higher than in the composite current-conveyor 
of Figure 4.9a or in the CMOS current-mode operational amplifier of Figure 4.11. 


Because adding an external current output to the CCII°° involves adding only two 
MOS-transistors, scaling of these transistor is also possible. Thus, closed-loop in¬ 
verting current amplifiers with arbitrary current gains can be realised without resistors. 
This is a useful feature in analogue integrated circuits, as in most integration processes, 
integrated high quality resistors are either available as an expensive option or are not 
available at all. 


The closed-loop voltage gain of the inverting closed-loop voltage amplifier of Fig¬ 
ure 4.15c is derived as 


Ri _ Aj/(s) ^ _ 

Rl t + £+ A ’f(*) + K.(R2+Z,(l+§f))' 


(4.35) 


Generally, R | is significantly larger than Z x and thus the closed-loop voltage gain can 
be approximated as 


Avct{s) 


R2 Aj/(s) R ' t 
R\ 1 +Ajf(s) + iy ?2 


(4.36) 
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lfi4,'/(j) = ^ is again assumed, the corner frequency of the closed-loop voltage 
amplifier is 


Wo cl — 


_Wo_ 

(l + |)(l+^2) + nZ, 


MO 

1 + Y 2 R 2 ' 


(4.37) 


Therefore, the closed loop corner frequency is independent of closed loop gain if 
the input resistor R j is large compared to the X-terminal open-loop input impedance 
and if the feedback resistor R 2 is small compared to the Z-terminal open-loop output 
impedance. 


In most cases, the impedance level at the Z-output is higher in the closed-loop volt¬ 
age amplifier than in the closed-loop current amplifier. Moreover, when both amplifiers 
are set to a gain of -1, so that R i = R 2 in the voltage amplifierthe entire Z-output cur¬ 
rent is fed to X-input, resulting in a 100% feedback, whereas in the current amplifier 
only half of the Z-output current is fed to X-input resulting in a 50% feedback. There¬ 
fore, the closed-loop voltage amplifier is more sensitive to parasitic capacitances at the 
Z-output and additional compensation capacitance must be added to the gate of the 
output transistor in order to reach for the same phase margin than with the closed-loop 
current amplifier with the same closed-loop gain. 


The example of the inverting voltage amplifier reveals that the high-gain current- 
conveyor CCII°° can be used as a replacement for the current-feedback operational 
amplifier. Unlike the current-feedback amplifier this conveyor is stable with all feed¬ 
back impedances. Therefore, in the voltage follower of Figure 4.15d, there is no re¬ 
sistor required in the feedback path. Because of the high-impedance output of the 
high-gain current-conveyor, the output impedance of closed-loop voltage amplifiers is 
higher than with a current-feedback operational amplifier. For the voltage follower this 
output impedance can be derived as 


z oc(s) » (4.38) 

1 +Ajj 

Although this output impedance may seem to be high when compared with a current- 
feedback operational amplifier, it remains comparable to the output impedance of un¬ 
buffered CMOS operational amplifiers such as the amplifier in Figure C.l. 

Since the high gain current-conveyor is stable with all feedback impedances, ca¬ 
pacitive feedback is also possible and most active filter topologies using voltage-mode 
operation amplifiers can be converted with the adjoint principle to high gain current- 
conveyor circuits. Flowever, the CCII°q can additionally be used as a direct replace¬ 
ment for the voltage-mode operational amplifier in most cases. The input structure of 
the Y-terminal must then be modified as, with the simple CCII°° realisation of Figure 
4.13, a large DC-voltage difference occurs between Y- and X-terminals. This offset 
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voltage can be reduced by adding a level shifter to the Y-input, resulting for example 
in an input structure, as in the class-A CMOS CCII+ of Figure 3.8c. 

Integrators can also be realised with high gain current-conveyors by using the in¬ 
ternal gain node capacitance C, as the integrating capacitor as with current-feedback 
operational amplifiers. Thus, in the current gain Equation (4.27), the dominant pole is 
shifted down while the nondominant pole and the zero remain unchanged. Moreover, 
increasing C, also lowers X-terminal impedance at low frequencies in Equation (4.28) 
and the reverse admittance Y 7X at high frequencies in Equation (4.30). Therefore, a bet¬ 
ter high frequency performance can be achieved with this type of integrator. However, 
all this happens at the expense of linearity, as explained in the following section. 


4.4.3 Distortion 


As in high gain amplifiers in general the nonlinearity of the high gain current-conveyor 
is arising from the nonlinearity of the output stage. This nonlinearity is caused by the 
non-linear output current of the output transistor M 2 and thus the equation for the 
output current is 

four = V2\/2P2 ho A- ^ (4.39) 

At low frequencies, the gate voltage of the output transistor can be expressed as a 
function of the input current 

Vga = Rn,iin~ 1 -, (4.40) 

gt 

where R„, is the transresistance gain of the common-gate input stage. 

By using the Equation (A.20) and extracting the required coefficients from the 
second order output current Equation (4.39), the low frequency second order harmonic 
distortion of the high gain current-conveyor can be expressed as 


HD 2 ( 0 ) = - 


fA ol 


8/50 (1 +fA a ,) 2 


I W 

8 /A*,/*,’ 


(4.41) 


where A 0 ; = 3 -y/ 2 p 2 ho * s the open-loop current gain at low frequencies. Similarly, 
using the Equation (A.21) the third order harmonic distortion can be expressed as 


HD3(0) = 1 


W/V fAl, 1 

ho) (I +/A 0 ,) 4 32 fA 0 i 



(4.42) 


These two harmonic distortion equations are similar to the low frequency harmonic 
distortion Equations (C.5) and (C. 6 ) of the unbuffered Miller-compensated opera¬ 
tional amplifier. However, the closed-loop distortion of the Miller-compensated op¬ 
erational amplifier is more dependent on the output load impedance than the high gain 
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current-conveyor. Therefore, if an inverting voltage amplifier realised with the CCII°o 
(Figure 4.15c) is compared to an inverting voltage amplifier realised with the Miller- 
compensated CMOS operational amplifier, the current-conveyor amplifier performs 
better especially with low impedance levels. 

In open-loop configuration, the CCIl°° can be assumed to be an integrator tor a 
wide frequency range. Since the dominant source of nonlinearity in this amplifier is 
the output stage, equations (A.38) and (A.39), derived in Appendix A, can be used to 
depict the high frequency distortion also in this case. Therefore, letting b\ = \/2(W/?rt, 
b2 — 7P2 an d bi = 0 , the second-order high frequency harmonic distortion on the 
CClIoo as a function of the output current amplitude is 

//P2(cp) = ^- (4.43) 

4 Ibo yj w 2 + f 2 to 2 yj 4co 2 + / 2 m 2 

Similarly, the third-order high frequency distortion is 

H ° 3W =l;(i£ 


M/V) 


(co 2 + f 2 cog) yj 4co 2 + f 2 (alyj 9co 2 + f 2 (a\ 


(4.44) 


Comparing these equations to the high frequency harmonic distortion Equations 
(C.14) and (C.16) of the unbuffered Miller-compensated operational amplifier reveals 
that the (201“° has larger distortion with moderately low frequencies and high imped¬ 
ance loads. Since the Miller-compensation provides local feedback for the output 
stage at high-frequencies, it is to be expected that the CCU°° will have larger high- 
frequency distortion. Near the corner frequency, the distortion of both amplifiers are 
still quite comparable as the feedback can no longer reduce the distortion. Similarly, 
low impedance levels decrease this local feedback and thus increase the distortion of 
the Miller-compensated operational amplifier, whereas the distortion of the CCH°° re¬ 
mains unchanged. 

The high-frequency distortion of the COI°° is similar to the high frequency distor¬ 
tion of a simple MOS current-mirror. The diode-connected input transistor of a simple 
current-mirror can be thought as a high-gain current amplifier in a closed-loop config¬ 
uration with the feedback factor / equal to one. Similarly, the mirror output transistor 
can be thought as a replica current output. The CCII°° resembles a cascode current- 
mirror, where the circuit is arranged so that the input signal is fed to the source of the 
cascode transistor rather than to the current-mirror transistor gates. 
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VDD 



Transistors 

Aspect ratio / /jml/um 

M1 and M2 

200/1.2 

M3 and M4 

100/5 

M5, Mft and 

60/3 

Ms 

10/3 

m 9 

60 / 1.2 

Mi 0 

50/5 

A/11, A/12, A/13, M\4 and A/15 

100/5 


Table 4.1 The transistor dimensions of the CMOS CCII°° in Figure 4.16. The bias current In 
is 50 /jA resulting in 100 juA DC-currents in the main amplifier. 

4.4.4 Design example 

To further illustrate the behaviour of high-gain current-conveyor a complete CCII°o 
implementation with a n-well CMOS-process is shown in Figure 4.16. This conveyor 
uses an input voltage follower structure typical to class-A second generation positive 
current-conveyors. The input voltage follower is implemented with PMOS-transistors 
M\ and M 2 because then the input voltage swing can be maximised by using floating 
n-wells for these transistors. Since the offset voltage between Y- and X-terminals 
remains minimal this high-gain conveyor can be used as a drop-in replacement for 
voltage-mode operational amplifiers in most applications. In certain applications, the 
input impedance may be too low. However, then the performance can be improved by 
using cascode current sources rather than the transistors M 6 , M 12 and M 13 . 

This high-gain conveyor has two current outputs Z1 and Z2. Therefore, a CCII+ 
can also be constructed from this amplifier by connecting one of the current outputs 
to X-terminal. When only one current output is needed, the output current swing can 
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Figure 4.17 Simulated and calculated frequency response and distortion of the CMOS CCI1°° 
in Figure 4.16 compared to the distortion of a simple current-mirror with comparable device 
sizes. Signal amplitude in all distortion analyses is 20 pA and thus the modulation index m is 
0 . 2 . 

be doubled by joining the two outputs together. However, this may degrade the phase 
margin with low closed-loop current gains. The output transistors Mj and Mq are 
NMOS-transistors with the same dimensions (100/5) as the transistors M\ and M 2 in 
the current-mirror of Figure 2.1. Thus, the high frequency distortion performance of 
the high-gain current-conveyor can be compared to the simple current-mirror. 

The distortion of the CMOS CCII°° is simulated in the closed-loop configuration of 
Figure 4.15b, working as aCCII+. The simulation results are presented in Figure 4.17. 
These results are compared with the distortion Equations (4.43) and (4.44). The results 
are similarly compared with the simulated distortion of a simple CMOS current-mirror 
with the same dimension as the output transistors M 3 and Mj of the CCII<*>, as earlier 
presented in Section 2.1.3 (Figure 2.6). The input signal in these simulations is 20 /jA 
resulting in the same modulation index 0.2 as before in the current-mirror simulations. 

The simulated distortion of the CCII°o is relatively similar to the distortion of the 
simple current-mirror and the calculated distortion agrees also well with both simu¬ 
lated distortions. At frequencies below the comer frequency, the simulated distortion 
of the CCIloo is almost too close to the distortion of the current-mirror because the 
capacitances causing the frequency dependent distortion are not identical and the cir- 
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Figure 4.18 The closed-loop frequency response of the inverting current amplifier as a func¬ 
tion of feedback resistor. This feedback resistor Ri is varied from 10 kil to 10 Mil in 10 dB 
steps while the load resistor R\ is maintained at a constant value of 10 kfl. 


cuit topology differs significantly. When the distortion of the CCII°° is compared to the 
simulated distortion of the cascode current-mirrors also presented earlier in Figure 2.6, 
the high-gain current-conveyor performs well because, in the cascode current-mirrors, 
there is a higher peak in the distortion. 

This CMOS CCII°° is additionally simulated with resistive feedback in the invert¬ 
ing current and voltage amplifier configurations, as depicted in Figure 4.15a and c. The 
simulation results of the inverting current amplifier are presented in Figure 4.18. In the 
simulations both Z-outputs Z1 and Z2 are connected together and the feedback resistor 
Rl is varied from 10 kki to 10 in 10 dB steps, while the load resistor R\ is main¬ 
tained at a constant value of 10 k£2. In the simulations, a large inductance is connected 
in parallel with the feedback resistor Ri in order to minimise the effects of current 
and voltage offsets at the highest gains. The simulations show clear gain-bandwidth 
product limited operations as theory predicts, while there is a slight peak in the fre¬ 
quency response with the lowest gain. This result is relatively satisfactory because this 
conveyor implementation was not targeted for an optimal high frequency performance 
with resistive feedback but rather for comparing the distortion of the amplifier to a 
NMOS current-mirror. 
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Figure 4.19 The closed-loop frequency response of the inverting current amplifier as a func¬ 
tion of the feedback resistor Ri which is varied front 10 kQ to 10 MU in 10 dB steps while 
the input resistor R\ is maintained at a constant value of 10 k!2. Optionally, an external 5 pF 
grounded capacitance is added to the gate node of the output transistors M 3 and M 4 . 

The simulation results of the high gain conveyor in the inverting voltage amplifier 
configuration are presented in Figure 4.19. As in the case of the current amplifier, both 
Z-outputs are tied together and the input resistor R[ is maintained at a constant value of 
10 kfi while the feedback resistor R 2 is varied from 10 ki2 to 10 MQ. Since significant 
peaking in the frequency response occurs at low closed-loop gains, the simulations are 
repeated with an additional 5 pF compensation capacitor, which is connected between 
the gate node of the output transistors M 3 and M 4 and ground. 

The peaking in the frequency response is deriving from the higher impedance level 
at the Z-output. If a 10 kfi load resistor were added to the output, similar frequency 
response to that occurring with the inverting current amplifier would result. Similarly, 
if only one of the current outputs were used, less peaking would occur and the gain- 
bandwidth product would once more be constant. Even without the resistive load at 
the output, the bandwidth depends strongly on the closed-loop gain although the gain- 
bandwidth product is no longer constant. The reduction of the bandwidth at high gains 
is because of the Miller-capacitance of the output transistors M 3 and M 4 . When cas- 
code transistors are added to the drains of the output transistors, fixed bandwidth is 
reached with a wide closed-loop gain range [37, 38], in which case additional com- 
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pensation capacitance is needed as the cascode transistors add poles to the transfer 
function. 

In order to reach maximum bandwidth with a sufficient phase margin, a PMOS 
output transistor and NMOS input transistor should be selected, as depicted in Figure 
4.13. The bandwidth can be further increased with BiCMOS technology by replacing 
the NMOS input transistor operating in the common-gate configuration to a npn-type 
bipolar transistor. Consequently, the bandwidth of the amplifier can be extended to 
radio frequencies [36], The X-terminal impedance is radically lowered by the use of 
bipolar transistor and thus lower feedback impedances can be used. In the case of 
lower feedback impedances, the Miller effect in the output transistor is reduced and 
the bandwidth is further increased. 

In addition, the floating wells in the PMOS input transistor M\ and M 2 in Figure 
4.16 add more than one picofarad of parasitic capacitance to the Y- and X-terminals. 
Therefore, a better high frequency performance can be obtained at the expense of the 
input voltage range. 
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Chapter 5 


System aspects of current-mode 
circuits 

5.1 Input voltage-to-current conversion 

Since signals are normally represented as voltages, a voltage-to-current conversion is 
required at the input of most current-mode integrated circuits. A simple example of 
this is presented in Figure 5.1a, where a simple NMOS current-mirror is used as the 
input stage of an integrated circuit. Because the DC-voltage at the current-mirror input 
is sensitive to process and temperature variation, a DC-decoupling capacitor C is added 
in series with the off-chip resistor R. 

Because of the simplicity of the input structure there are several nonidealities 
present in the circuit. Since the input impedance of the NMOS current-mirror is gener¬ 
ally approximately one kilo-ohm, a large off-chip resistance R is required for accurate 
voltage-to-current conversion. The parasitic capacitance C r , including the mirror in¬ 
put capacitance and parasitic capacitances deriving from the pad and wiring, amount 
to several picofarads and, since this capacitance is in parallel with the input impedance 
of the current-mirror, the bandwidth is relatively limited. Moreover, this capacitance 
additionally increases high-frequency distortion. 

If the DC-decoupling capacitor C is omitted, a current amplifier with a well de¬ 
fined input voltage must be used such as the second generation current-conveyor as 
the input stage. Since typical CMOS implementations of second generation current- 
conveyors have an input impedance as high as that of CMOS current-mirrors, simi¬ 
lar problems with bandwidth and distortion will occur. Therefore, current-amplifiers 
with lower input impedance, such as first generation current-conveyors or high gain 
current-amplifiers in closed-loop configuration, perform more effectively as an input 
voltage-to-current converter. 
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Figure 5.1 Input voltage-to-current conversion with off-chip resistor, a) A simple NMOS 
current-mirror as the input stage, b) A high gain current-conveyor CCII°° operating as a CCII+ 
as the input stage. 
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Figure 5.2 Input voltage-to-current conversion insensitive to resistance in input protection 
devices, a) A high gain current-conveyor CC[I°° operating as a CCII+ as the input stage, b) A 
first generation current-conveyor CCI as the input stage. 


An example of an input voltage-to-current conversion using a current-amplifier 
with low input impedance is presented in Figure 5.1b, where a high gain current- 
conveyor CCIloo, operating as a CCII+, is used. As a consequence of the closed-loop 
operation, large input capacitance may cause instability. However, if this capacitance 
is in series with a resistance R p of a few hundred ohms, the phase lag deriving from 
the parasitic capacitance C p is significantly reduced. This series resistance cannot be 
avoided since it is included in the protection devices of the input pad. The resistor 
R p is normally realised as a diffusion resistor, and so is weakly non-linear and tem¬ 
perature dependent. However, because this resistance is significantly smaller than the 
input impedance of the NMOS current-mirror, its contribution to the nonlinearity and 
accuracy of the voltage-to-current conversion is similarly minor. 

In order to reduce the effects of the input pad diffusion resistor, the circuit can 
be modified so that the current output Z1 is connected directly to the input pad rather 
than the conveyor X-input, as depicted in Figure 5.2a. Since the resistor R p \ is in this 
case inside the feedback path, the input impedance seen at the input pad is reduced 
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to roughly ten ohms. The parasitic capacitance C ; , reduces feedback at high frequen¬ 
cies and thus stability problems seldom occur. It may not be possible to connect the 
conveyor Z-output directly to the input pad without protecting devices, so there is 
an additional resistance R p2 between the input pad and the high impedance Z-output. 
However, this resistance has virtually no effect on the circuit performance as it is in 
series with a current output. 

This technique can also be used with such high-gain current amplifiers as current¬ 
mode operational amplifiers, in which case a lower input impedance and lower distor¬ 
tion can be achieved at the expense of reduced bandwidth. However, because the low 
input impedance of the first generation current-conveyor CCI is arising from a local 
feedback loop inside the amplifier, different techniques must be used to lower the input 
impedance. Such a technique is depicted in Figure 5.2b. As the impedance at the Y- 
terminal of the first generation current-conveyor is seen as a negative impedance at the 
X-terminal, the pad resistance R p 1 can be cancelled out with an other pad resistance 
Rp2- as explained in Chapter 3.1.3. However, as in this case a negative resistance is 
used to cancel out nonidealities, instability may occur if R ll2 is larger than R r \. 

The techniques described involving current-mode feedback amplifiers are simi¬ 
lar to techniques used in voltage-mode operational amplifiers driving large capacitive 
loads. A large output voltage swing leads to large current drive requirements for the 
voltage amplifier, whereas the input voltage swing at the current amplifier input is al¬ 
ways much smaller. Thus, a simpler circuitry with a lower power consumption can 
be used. It is therefore feasible to convert a voltage-mode system to its current-mode 
adjoint circuit when we compare the voltage output to its adjoint. 

Most of the problems involved in voltage-to-current conversion at the low imped¬ 
ance current input can be avoided by using a voltage input for the system in conjunc¬ 
tion with an on-chip voltage-to-current converter. Because almost all CMOS current- 
conveyors have a relatively poor input voltage swing, high-impedance voltage inputs 
are not feasible in low voltage current-mode systems unless the input signal ampli¬ 
tudes are relatively small. Another way to implement a voltage input with a large 
signal swing is to use a voltage-mode operational amplifier with rail-to-rail input and 
output swing. However, they are relatively complex circuits and commonly exhibit a 
moderate bandwidth and lengthy settling time. 


5.2 Output current-to-voltage conversion 


It is easier to transfer signals out of the chip as currents than as voltages. Thus, the 
series resistance in the output pads do not degrade the performance, and the parasitic 
capacitances at the output do not cause stability problems to the circuitry in the inte- 
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grated circuit. Furthermore, the current to voltage conversion i.e. I/V-conversion can 
be realised easily with a voltage-mode operational amplifier as depicted in Figure 5.3. 
Since the input impedance of the I/V-converter is low, there is virtually no distortion 
due to channel length modulation generated in the current-output transistors. However, 
there may be some gain errors and output offset currents due to the same reason. 

In the case of this circuit, it is straightforward to set the DC-voltage of the output 
simply by setting the voltage at the operational amplifier noninverting terminal. The 
output signal can be scaled relatively easily since the operational amplifier operates 
with 100% feedback and thus the closed-loop bandwidth is degraded only by extremely 
high feedback impedances. Thus, the parasitic capacitance C p deriving from pad and 
wiring capacitances degrades the settling behaviour, as depicted in the small-signal 
transfer function of the current-to-voltage converter 

Vma _ RA„i(s) 

inui 1 + A„i (.v) + sRCp 

Therefore, the parasitic capacitance C p degrades the phase margin of the closed-loop 
amplifier if the inverse of the time constant RC p is comparable to the gain-bandwidth 
product of the amplifier and thus settling times become long. This can be avoided by 
reducing the resistance R or by using an overcompensated operational amplifier. The 
latter is difficult to realise with discrete operational amplifiers as there are currently 
extremely few operational amplifiers available with an option for an external compen¬ 
sation capacitor. 

However, adding a small capacitance in parallel with the resistor R will enhance 
settling behaviour as it lowers the impedance level of the feedback network at high 
frequencies. This capacitance can be as small as the capacitance C p resulting in only 
slightly decreased bandwidth while the settling becomes significantly faster. Alter¬ 
natively, a current-feedback operational amplifier can be used in preference to the 



Figure 5.3 Typical output current to voltage conversion. 




128 


System aspects of current-mode circuits 


LO+ 

LO¬ 


IN* 

IN¬ 



PUT* 

OUT- 


VSS 


Figure 5.4 A balanced frequency mixer suitable for output interfaces using current signals. 


voltage-mode operational amplifier in the current-to-voltage converter. Since the closed- 
loop bandwidth of the current-feedback operational amplifier is inversely proportional 
to the feedback resistance R, in the case of large feedback impedances the amplifier is 
overcompensated, and thus relatively insensitive to the extra phase lag arising from C,,. 
Additionally, adding a small capacitance in parallel with the resistor R will enhance 
settling behaviour with current-feedback operational amplifiers if this capacitance is 
kept sufficiently low [1], 

Additional functions are straightforward to add to the current output. The CMOS 
implementation of the widely used balanced frequency mixer [2J, for example, can 
be simplified to the circuit shown in Figure 5.4 as in this case the input voltage-to- 
current conversion can be omitted if the baseband input signal is a current [3], The 
carrier signal in the ports LO+ and LO- is a differential voltage with a common-mode 
bias voltage, ensuring accurate operation for the circuit. The mixed differential output 
is convenient to realise as an open-drain output, so that pull-up resistors or a LC- 
resonator can be added outside the chip for an optimal termination. 

Similar circuit techniques can also be used to realise variable gain control for the 
system either with discrete or continuous control circuitry. Moreover, if a current¬ 
mode system has both the input voltage-to-current and output current-to-voltage con¬ 
version realised with discrete resistors, the overall gain and impedance levels can be 
adjusted for a very wide range of applications, which is not the case with most voltage¬ 
mode circuits. 
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Figure 5.5 Current-mode instrumentation amplifier [4]. 


5.3 Differential voltage input structures 

Although differential signals were used throughout the system, differential input struc¬ 
tures usually need to reject unwanted common-mode signals out of the desired differ¬ 
ential signal in order to maximise dynamic range and minimise distortion. Common¬ 
mode rejection of voltage signals can be easily realised with second generation current- 
conveyors by using the current-mode instrumentation amplifier illustrated in Figure 
5.5, previously discussed in Chapter 3.1.3. This circuit does not require matched re¬ 
sistors to reach a high CMRR. Unlike typical voltage mode instrumentation amplifier 
topologies, the CMRR of the current-mode instrumentation amplifier is independent 
of gain. Therefore, the current-conveyor based instrumentation amplifier is an advan¬ 
tageous choice for wide bandwidth and low gain applications. 

The common-mode rejection of the current-mode operational amplifier was de¬ 
rived in Chapter 3.1.3, resulting in Equation 3.41, reprinted here 

CMRR a - 1 — 7- - (5.2) 

fr (^1 + 2Zj.) + -jrj- 

This equation shows, that in order to maximise the CMRR, the input resistor R [ should 
be maintained as low as possible which involves minimising the X-terminal impedance 
Z x and admittance Y x . The parasitic capacitance at the conveyor X-terminals, in partic¬ 
ular, should be minimised in order to maintain high CMRR at high frequencies. Even¬ 
tually, the mismatch AA' v y in the forward voltage gains of the two current-conveyors 
will limit the CMRR if Z v and Y x are small enough. 

As has been established, most MOS implementations of the second generation 
current-conveyor exhibit a relatively large Z x and therefore the input resistor R\ must 
be commonly in the range of tens of kilo-ohms in order to maintain the gain error 
and distortion low, which results in a relatively poor CMRR. Therefore, either the 
X-terminal impedance Z x or the X-terminal admittance Y x should be improved with 
special circuit techniques in CMOS implementations. On the other hand, the bipolar 
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Figure 5.6 Calculated, simulated and measured CMRR of the current-mode instrumentation 
amplifier. The amplifier resistors R t and R 2 are both I k£2. 

voltage followers have low output impedances. Furthermore, the output impedance of 
bipolar push-pull voltage followers is relatively linear and therefore low values of R\ 
can be used resulting in a CMRR of 70 dB or better. 

The current-mode instrumentation amplifier of Figure 5.5 was built with the second 
generation current-conveyors realised with AD844 current-feedback operational am¬ 
plifiers [5]. This circuit was also measured without the resistor R\ in order to extract 
values for Y x . The extracted values for the admittance were 90.9 nS for the conduc¬ 
tance part and 0)x6.9 pS for the susceptance part. Approximately 5 pF from this 6.9 
pF X-terminal capacitance was assumed to be deriving from the circuit board. Fur¬ 
thermore, the X-terminal impedance was set to 50 £1 based on the information on the 
datasheet of the device. As we can see from Figure 5.6, the measured CMRR of the 
amplifier agrees well with Equation (3.41) and with the vendor’s SPICE-model. The 
voltage follower gain mismatch A A' v j is assumed to be zero in the calculations. 

5.3.1 CMRR enhancement techniques 

Many voltage-mode instrumentation amplifiers can easily reach a CMRR above 100 
dB at low frequencies and high gains whereas current-mode instrumentation amplifies 
using the circuit topology of Figure 5.5 seldom reach a CMRR above 80 dB even with 
high quality bipolar push-pull conveyors. Since with a CMOS conveyor the common¬ 
mode performance is even worse, additional circuit techniques are required in order to 
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reach a very high CMRR with a bipolar technology or an moderate CMRR with CMOS 
technology. Therefore, in the following pages different circuit techniques to improve 
the CMRR of current-conveyors based instrumentation amplifiers are discussed. 

Common-mode bootstrapping 

As explained in Chapter 3, in second generation current-conveyors, both common¬ 
mode rejection and power supply rejection are based on the same mechanism. There¬ 
fore, the CMRR of the current-mode instrumentation amplifier can be reduced by forc¬ 
ing the conveyor supply voltages to follow the common-mode voltage [ 6 — 8 ]. This 
common-mode bootstrapping technique limits the common-mode input voltage range 
since the conveyors have to operate with lower supply voltages. Furthermore, the min¬ 
imum supply voltage of a complementary current-conveyor is relatively high and thus 
this technique is not suited to low voltage applications even with bipolar conveyors. 
Additionally, the bulk effect in CMOS-processes makes this technique even less appli¬ 
cable for low voltage CMOS circuits. 

Output current subtraction 

At high frequencies the common-mode gain of the discussed amplifier solely depends 
on the capacitance at the X-terminals. By a careful circuit board design both conveyor 
X-terminal capacitances can be made to match very well and therefore subtracting the 
output current of the second conveyor from the output current of the first will effec¬ 
tively improve the CMRR of the instrumentation amplifier. Similarly, with a careful 
layout design the parasitic capacitances at conveyor X-terminals can be made to match 
well. The low frequency common-mode current is a function of several random vari¬ 
ations so only a slight improvement in the range of 10-20 dB can be expected with 
discrete conveyors but, since the low frequency CMRR is relatively high, a large im¬ 
provement is not needed. Because the differential gain is increased by 6 dB, further 
improvement on the CMRR can be expected. If the whole instrumentation amplifier is 
implemented as an integrated circuit, the low frequency CMRR can be enhanced with 
this technique since there is adequate matching between the two input conveyors. 

Subtraction by an operational amplifier The simplest way to realise the output 

current subtraction is to terminate the second conveyor Z-terminal with a resistor R 3 
and to connect it to the noninverting input of the operational amplifier, as depicted in 
Figure 5.7 [9]. However, current transfer errors arising from the finite Z-terminal ad¬ 
mittance Y z are different because the impedance levels at these two Z-terminals differ 
significantly from each other. The impedance at the first conveyor Z-terminal is in¬ 
ductive whereas the impedance at the first conveyor Z-terminal is almost equal to R 3 . 
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Figure 5.7 A current-mode instrumentation amplifier with common-mode current cancellation 
by an operational amplifier. 


*1 



Figure 5.8 A current-mode instrumentation amplifier using an additional CCII+ for current 
inversion. 

Furthermore, the CMRR of the operational amplifier is typically poor at high frequen¬ 
cies. The CMRR can be further improved by adjusting manually the value of Ry but 
because of these frequency dependent nonidealities this trimming works exclusively at 
a narrow frequency range. In the case of low supply voltages, the input voltage swing 
of the operational amplifier A 3 is normally large and thus rail-to-rail input and output 
voltage swing topologies are required for the operational amplifiers. 

Current inversion by a current conveyor A wide bandwidth current subtraction 
can be realised by inverting the second conveyor output current with an additional pos¬ 
itive second generation current conveyor CCII+ and then adding it to the first conveyor 
output current, as presented in Figure 5.8 [10]. The accurate summing range can be 
further extended by adding an RC-network to the first conveyor output. The main pur¬ 
pose of this network is to compensate for the high frequency phase shift of the added 
conveyor, but the resistance Rt, can additionally compensate for the systematic current 
transfer error arising from the finite input and output impedances of the third conveyor. 
The values of C\ and R 3 must be determined experimentally because the phase shift 
of the conveyor depends strongly on the circuit board parasitic capacitances, but once 
these values are found, there is no need for a component value trimming after the first 
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prototype. Similarly, in integrated circuits, the parasitic capacitances must be modelled 
accurately in order to predict this compensation time constant adequately. 

If all the current gain errors of the three conveyors are combined into one current 
gain mismatch parameter A A\p neglecting the effect of the limited bandwidth of the 
third conveyor, the CMRR of this instrumentation amplifier can be approximated as 


CMRR 


A A[,j 

W7 


+ PiRi 


(5.3) 


where 


Y' x = + Y x 


2Z,AZ, R\ +2Z X AA'y \ 
Ri Z, + «, A' if ) ' 


(5.4) 


All other mismatch parameters in addition to A A\j are defined as A' v j and A A' v j in Equa¬ 
tion (3.41). Equation (5.3) shows that the sensitivity to the input voltage follower gain 
mismatch AA' v j is not reduced, but the sensitivity to all other mismatches is neverthe¬ 
less efficiently reduced. In most cases, the input resistor R\ is significantly larger than 
Zjt in order to ensure sufficient linearity and gain accuracy. Thus, the voltage follower 
output resistance mismatch A Z x can be neglected so that the CMRR equation reduces 
to 


CMRRk, 



(4r, + r,f)- 


(5.5) 


The current-mode instrumentation amplifier of Figure 5.8 is realised using AD844 
current feedback operational amplifiers. This amplifier is measured with and with¬ 
out the conveyor phase shift compensation RC-network and it is compared with the 
conventional two conveyor current-mode instrumentation amplifier. The differential 
gain measurements of Figure 5.9a show that gain flatness of the new instrumentation 
amplifier is even better than in the conventional one. However, the conventional am¬ 
plifier may suffer from circuit board crosstalk from the unused Z-output of the second 
conveyor Ai- 

The bandwidth of the new amplifier is only slightly reduced when compared to the 
conventional topology, and the phase shift compensation extends the bandwidth fur¬ 
ther. The differential gains of the new topology were scaled down 6 dB for more con¬ 
venient comparison. The gain setting resistors R\ and R 2 are both 1 k£2 in all measured 
circuits and the gain error of 1 dB is deriving from the limited output impedance Ro 
of the conveyor input voltage followers. The measured CMRR of Figure 5.9b shows 
an improvement of 40 dB at high frequencies compared to the conventional topology. 
Furthermore, the phase shift compensation improves both the low and high frequency 
CMRR , which is above 40 dB even at the -3 dB corner frequency of the amplifier. 
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(a) 



(b) 

Figure 5.9 Comparison of current-mode instrumentation amplifier measurement results, a) 
The differential gains, b) The CMRR. The differential gains of the three CCII+ instrumentation 
amplifiers are scaled 6 dB lower for more convenient comparison. 
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Composite conveyors 

As was discussed in Chapter 4.2.2, high performance current-conveyors can be re¬ 
alised by constructing a composite conveyor out of two or more conveyors. Most 
composite conveyors reduce the X-terminal impedance [11,12] and thus the CMRR of 
the current-mode instrumentation amplifier can be reduced by using lower resistance 
values. However, composite techniques can additionally be used to lower the forward 
transconductance G,„/ of the CCII+ [10]. This can be realised by cancelling the error 
current arising from K v by generating a replica current and subtracting it from the ini¬ 
tial error current. A simple way of cancelling the error current of a CCII+ is to use a 
CCII- with a floating X-terminal, as depicted in Figure 5.10a. Because the conveyors 
are of an opposite type, their high frequency performances do not match well and thus 
the forward transconductance reduction is efficient only at relatively low frequencies. 
Nevertheless, this remains sufficient for many instrumentation applications. 

The circuit realisation of this composite conveyor can be very straightforward, as 
the example in Figure 5.10b shows. There, the negative conveyor CCII- shares the 
output structure with the positive conveyor CCII+ and thus only four transistors (A/ 7 , 
A/g and a PMOS cascode current source) are added to a simple MOS CCII+ to form a 
composite conveyor. 

To illustrate this, a conventional current-mode instrumentation amplifier with class- 
A MOS conveyors is simulated. Since the MOS conveyors have relatively large Z v , the 
resistors R \ and R 2 are each 10 k£2 and there remains a differential gain error of ap¬ 
proximately 1.5 dB. In the case of normal positive MOS conveyors, the CMRR of the 
amplifier is slightly over 50 dB. However, by replacing the first conveyor A \ with a 
composite conveyor, almost identical performance is reached as when both conveyors 
are replaced with a composite conveyor. This can be explained by referring to Equation 
(3.37) in Chapter 3.2.3, which shows that the conventional current-mode instrumenta¬ 
tion amplifier is not sensitive to the X-terminal admittance mismatch. 

In practice, a dramatic improvement to the amplifier CMRR was not expected 
since there were no random variations in the simulations. If this amplifier is realised 
as an integrated circuit with integrated resistors, an additional dummy resistor should 
be added to the floating dummy X-terminal (DX) of the composite conveyor in order to 
compensate for the parasitic capacitances of the resistors and interconnections. Even 
with a careful layout design, a 40 dB improvement on the low frequency CMRR can 
be expected. Thus, adding four MOS transistors and a dummy resistor is very efficient. 

In order to maximise input voltage swing the input transistors M\, M 2 and A /7 
should be implemented with floating n-wells. Such floating wells can add approxi¬ 
mately one picofarad of parasitic capacitance to the conveyor input terminal, signif¬ 
icantly degrading the CMRR even at moderately low frequencies. Additionally, be- 
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Figure 5.10 a) The principle of a composite conveyor lowering G,„/. b) A simple class-A 
CMOS implementation of this composite conveyor principle. 
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Figure 5.11 Simulated CMRR of the conventional current-mode instrumentation amplifier 
using either normal or composite MOS conveyors. 


cause a low X-terminal admittance is achieved now without PMOS cascode current 
sources, the voltage swing can be increased by a few hundreds of millivolts compared 
to a conventional simple class-A CMOS CCII+. 


5.4 Differential current input structures 

Current signals frequently have a DC-components that may be different to the desired 
DC-current levels within the differential current-mode system. This DC-component 
can be removed from differential current signals for example by using the common¬ 
mode feedforward technique [3,13] of Figure 5.12. There, the two input currents (, p 
and ij m are mirrored by PMOS transistors M |, M 2 , M 2 and M 4 to the differential outputs 
i op and i om , while the transistors M 5 and Mg are used to generate a current i cm which is 
the average of the two input currents i, p and This average current is then mirrored 
to both outputs with transistors A/ 7 , M$ and Mg. Thus, the DC-component is cancelled 
from the input currents and the even order distortion is attenuated. 

For an optimal high frequency distortion performance, the two input mirrors should 
be significantly slower than the mirror inverting the average common-mode current. 
Consequently, the even order distortion is cancelled accurately even at high frequen- 
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Figure 5.12 Cancelling DC-component from differential input current by common-mode feed¬ 
forward. 


cies. Therefore, it is a good design practice to set an identical aspect ratio for all six 
PMOS-transistors and realise M 7 with an aspect ratio twice that of Mf, and Mi). Thus, 
the generation of the average current is accurate and the NMOS-mirror is fast. 

Even if the NMOS-mirror is faster than the two PMOS-mirrors, it still generates 
distortion itself. However, since the time varying content of the input signal con¬ 
tains primarily the even order distortion components of the differential signal, the fun¬ 
damental frequency of the NMOS-current mirror input signal is twice that of the differ¬ 
ential signal. Therefore, the NMOS-mirror add almost exclusively even order distor¬ 
tion to the differential signal, which is in most cases efficiently rejected in differential 
systems. 


5.5 Single-ended to differential conversion 


The single-ended to differential conversion with current-conveyors is very similar to 
the differential to single-ended conversion as shown in Figure 5.13a. However, in this 
case the two outputs are less symmetrical than in the instrumentation amplifier case, 
because in this case there is a significant voltage swing only at the input terminals of 
the conveyor A \. The two output currents can be calculated with the current-conveyor 
model as 


_ \+Y x (R + 2Z x +Y x Z,R) 

'“" + V ‘" iJ vj (I + Y X Z X ) (R + 2Z, + Y,Z,R) ’ 

= _ Vb,AifA y/ _ 

(I + Y X Z X ){R + 2Z, + Y X Z X R)' 


(5.6) 

(5.7) 


if the two conveyors are assumed ideally matched. As can be seen there is an additional 
zero in the positive output current equation deriving from the parasitic capacitance at 
the X-terminal of the conveyor A 1 . 

If all parasitic capacitances at the X-terminal are assumed to be connected to 
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(a) (b) 

Figure 5.13 Single-ended voltage to differential current conversion realised with current con¬ 
veyors. a) Conventional, b) Forward transconductance compensated. 

ground there are typically significant gain and phase errors one decade below the -3 dB 
corner frequency. This assumption holds true with a fully integrated implementation 
of the circuit. Moreover, the normally large parasitic capacitance in integrated resis¬ 
tors increases this effect by adding more capacitance to K v . When this circuit is built 
with discrete components, there is also a significant parasitic capacitance in parallel 
with the resistor R, which effectively lowers the effect of grounded capacitances and 
reduces the high frequency gain and phase error. 

For better high frequency gain and phase accuracy, an additional conveyor with a 
floating X-terminal can be used to add similar gain peaking deriving from the forward 
transconductance G n ,f to the negative output current, as shown in Figure 5.13b. Nev¬ 
ertheless, in most cases the performance of the single-ended to differential converter is 
adequate without compensating techniques. This can be seen by comparing the mea¬ 
surement results of the compensated and uncompensated circuits in Figure 5.14. Both 
circuits are realised with AD844 current feedback operational amplifiers, as in the case 
of the current-mode instrumentation amplifier examples. 

Because the distortion occurring in the single-ended to differential conversion can 
no longer be rejected in the differential system, the converter should be as linear as pos¬ 
sible. The single-ended to differential converters discussed rely on the relatively low 
distortion of the bipolar push-pull conveyors fabricated with advanced complementary 
bipolar processes. However, in standard CMOS-processes, other circuit techniques are 
needed for low distortion. One interesting candidate for a low distortion single-ended 
to differential converter for CMOS-technology is presented in Figure 5.15, where a 
current-mode operational amplifier is used as a single-ended to differential converter. 
In effect, this circuit is the adjoint circuit of the well-known differential amplifier cir¬ 
cuit based on a single voltage-mode operational amplifier presented in Figure 4.5b. 

In an ideally matched case, the common-mode rejection of the voltage-mode dif- 
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Figure 5.14 Measured gain and phase differences of the conventional and compensated single- 
ended to differential converter. 

ferential amplifier is eventually deriving from the limited output conductance of the 
input differential pair tail current source. In the current-mode single-ended to differen¬ 
tial converter, the limited output conductance of the output differential pair tail current 
source generates only a small common-mode component to the differential signal. This 
common-mode component is normally suppressed in the differential system and only 
a fraction of it leaks back to the differential signal. Therefore, different nonidealities 
dominate the accuracy of the current-mode operational amplifier based single-ended 
to differential converter. 

If the nonidealities of the current-mode operational amplifier are assumed to be 


^2 ^1 l out- 



Figure 5.15 Single-ended to differential converter realised with a current-mode operational 
amplifier. 
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limited to an open-loop input impedance Zin and an open-loop current gain A;(.s) = 
the two output currents can be derived by simple small-signal analysis as 


l 


lout+ — 

l,n 1 + ,2fi+Z;„ > 

^ (Oofi 

(5.8) 

lout— = 

1 — S ^ M 

. 1 ■w 

+ coqR 

(5.9) 


In these equations, DC-current gains ± 1 with ideally matched resistors are assumed, so 
that R\ = /?2 = /?3 = Ra = R. The equations clearly shows that, provided the impedance 
level of the resistor network is significantly higher than the open-loop input impedance 
of the current-mode operational amplifier, the two output currents are well balanced, 
even at the corner frequency. 

In these calculations, all high frequency losses between the inverting and nonin¬ 
verting outputs of the current-mode operational amplifier deriving from parasitic ca¬ 
pacitances at the output differential pair are neglected. However, these nonidealities 
begin to dominate the behaviour of the circuit only well above the corner frequency. 


5.6 Noise in current-mode circuits 
5.6.1 Class-A CMOS CCII+ 

The noise analysis of current-conveyors and other current-mode amplifiers is not as 
straight-forward as with voltage-mode operational amplifiers. Because the low gain of 
the first and second generation current-conveyors almost all transistors in the circuits 
contribute to the total output noise and therefore referring the noise to the input may 
not be as straightforward as with traditional operational amplifiers. The output noise 
of the second generation current-conveyor depends on the impedance level at the Y- 
terminal differently to the way it depends on the impedance level at the X-terminal, 
which further complicates the noise modelling. 

The general noise test set-up of the second generation current-conveyor is pre¬ 
sented in Figure 5.16a, where two resistors R sy and R sx are connected to the conveyor 
input terminals. As an example, the output noise current dij is derived in the case of the 
simple class-A MOS CCII+, depicted in Figure 5.16b. For simplicity, the case where 
R sy — 0 and R sx = °o, i.e. a simple current amplifier, is considered. Consequently, 
neglecting high frequency effects, the output noise current is 

= di\ + di\ + di 2 Bl + di 2 B2 , (5.10) 

if the forward current gain is assumed to be exactly one. Similarly, if R sx = 0 the 


di\ 
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VSS 

(b) 


Figure 5.16 a) Noise test set-up for a second generation current-conveyor, b) Noise in simple 
class-AB MOS CCII+. 
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resulting output noise current is 


di 2 


«„=o,K ll =o 


di 2 + di\ + di \ 2 + di\ + A'] + di 2 B4 , 


(5.11) 


A comparison of these two equations reveals that the noise arising from the NMOS 
current-mirror and the current source l B 2 is present at the output regardless of the 
impedance level at the X-terminal. Therefore, these noise sources can be combined 
into an equivalent current noise source di 2 eq at the Z-output as 

di 2 eq = di\ + di\ + di 2 B2 . (5.12) 


Similarly, the noise term arising from the current source I B \ is missing in Equation 
5.11 and consequently it can be expressed as an equivalent current noise source di 2 eq 
at the X-input as 


dil c , = di 2 m ■ 


(5.13) 


The remaining noise sources in Equation 5.11 can be collected to an equivalent 
voltage noise source dv 2 eq at the X-terminal as 


d v xeq 


di\ + di\ + di 2 


BA 


KntA 


(5.14) 


Since the voltage gain from Y- to X-terminal is very close to one, this equivalent noise 
source can also be moved to the Y-terminal as dv 2 eq . 

The noise model for the second generation current-conveyor, using the equivalent 
noise sources discussed, is shown in Figure 5.17a [14]. However, there is one equiva¬ 
lent current noise source present in the model that has not been discussed. Equations 
(5.10) and (5.11) both assume that Y-terminal is shorted to ground. However, with 
high Y-terminal impedance levels, current noise in this terminal contributes to the total 
output noise, resulting in an equivalent current noise source di 2 eq the Y-terminal as 


di 2 = dil, + dii 


BA' 


(5.15) 


The total output noise of the test set-up of Figure 5.16a, according to the conveyor 
noise model, can be expressed as 


dim, 1 = di 2 cq + 


R.U+Z.J \ - u " R„ ’) 


+ 


dv 2 +R 2 y di 2 eq +4kTR <y df 


yeq 

Rl 


(5.16) 
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CCII with noise 



(a) 



Figure 5.17 Equivalent noise sources of a second generation current conveyor, a) An accurate 
model, b) A simpler and less accurate model. 
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where — The equation clearly shows that the lowest noise is achieved by max¬ 
imising R sx and minimising R sy . Consequently, the output noise approaches the noise 
of a simple current-mirror, thus minimising the noise of transistors M\ and M 2 aswell 
as the current sources Ig\ and Ig 2 , proves to be an efficient way of restricting the noise 
level, as Equation (2.32) for the current noise MOS-transistors clearly shows. 

In most applications R sx 3> Z x and thus the equivalent current noise source di\ eq can 
be moved to the X-terminal without significant errors although it is not theoretically 
correct [15]. Similarly, in most cases R sx R sy so that rfi^can be omitted. Therefore, 
the noise model can be simplified to an equivalent circuit of Figure 5.17b, where 

dig, = dij e<l + dij e<l , (5.17) 

dvf n = dv] eq . (5.18) 

5.6.2 Other low-gain conveyor topologies 

With the method described, four equivalent noise sources can also be derived for other 
conveyor topologies. In a simple class-A MOS CCII-, as in Figures 3.8a and b, the 
current noise at Y-terminal di* eq can be omitted since the Y-input node is a MOS- 
transistor gate. Similar assumption holds true for certain MOS CCI1+ topologies such 
as those in Figures 3.14 and 3.15. 

The symmetrical topology of push-pull conveyors eliminates the bias current source 
at the X-terminal and thus there is no current noise source di\ eq . Because the noise in 
MOS-transistors depends on the transistor transconductance, lowering quiescent cur¬ 
rent reduces noise without sacrificing the maximum output current, resulting in an 
increased dynamic range. This occurs at the expense of speed. Additionally, when the 
signal amplitude exceeds the quiescent current, transistor transconductance and noise 
become signal dependent. 

The noise model discussed can also be used to depict the noise behaviour of the 
first generation current-conveyors [14]. When the Y-terminal is grounded, the noise 
behaviour is almost identical to the second generation current-conveyor. However, 
because the X-terminal input impedance is low, combining both X- and Z-terminal 
current noise sources into one equivalent input-reduced current noise source is pos¬ 
sible. Because of the internal feedback in this conveyor, additional current noise is 
generated to the Y-terminal. 

5.6.3 High-gain current-conveyor 

The input stage of almost all current-mode feedback amplifiers discussed in Chapter 
4 is either a positive or a negative second generation current-conveyor. Therefore, the 
conveyor noise models of Figure 5.17 can be used to simplify the noise calculations 
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Figure 5.18 a) The noise test set-up for a dual-output high gain current-conveyor, b) The noise 
sources in a dual output MOS CCII°°. 
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of current-mode feedback amplifiers. To illustrate this, the high gain conveyor design 
example of Figure 4.16 is used. Thus, in the resulting equivalent circuit, the only 
transistors not included in the conveyor noise model are the output stage transistors 
M 3 , M 4 , Mi 4 and M 15 , as depicted in Figure 5.18b. 

By using the circuit configuration of Figure 5.18a, the noise of most high-gain 
current-conveyor applications can be evaluated. Since the closed-loop input impedance 
at the X-terminal is in most cases significantly lower than /?„, the output noise voltage 
dv 2 at the Z 1 -output can be approximated at low frequencies as 


dvl « ( 1 + ^) ( dv yi + R i di li + 4 * -TRsydf) 

+«5(5T+5?i+^<</) 


+ - 


(* + A ' + § 7 ) 




+ di B 14 + 


4kT 

W 


df 


(5.19) 


Because the open-loop current gain A; is high, the noise contribution of output transis¬ 
tors M 3 and M 14 can be neglected unless very high frequencies are considered. If the 
output current noise is required, it can be obtained by letting 


dF- d A 

~~ r] ' 


(5.20) 


Since the replica output is outside the feedback loop, the noise contribution of 
transistors M 4 and M 15 cannot be neglected, and thus the output current noise is 

- cl V 2 - - 

+ <5 - 2l) 

However, the replica output is typically used in the closed-loop current-conveyor con¬ 
figuration of Figure 4.15b without resistive feedback. Consequently, the output current 
noise can be expressed as 

d‘l 2 ~ A h (di 2 x 1 +di% +dil + (li 2 nt4 j +dil + di 2 B]5 , (5.22) 

where A, f ; is the closed-loop current gain depending on the aspect ratios of the output 
transistors M 3 , M 4 , M 14 , and,M] 5 . Therefore, the noise contribution of the output 
transistors becomes more significant whereas the resistor noise and the conveyor input 
voltage noise is omitted. 

The examples discussed clearly show that the noise of the output transistors con¬ 
tribute to the total output noise and therefore the noise model for the high-gain current- 



148 


System aspects of current-mode circuits 


CCIloo with noise 



Figure 5.19 The equivalent noise sources of a multi-input high-gain current-conveyor. 

conveyor should also include equivalent output current noise sources, as depicted in 
Figure 5.19. In this model, the equivalent noise sources at Y-terminal are identical to 
the noise sources of the input CCII-. However, the remaining noise sources are divided 
between the X-terminal and the two Z-outputs according to the following equations: 


d(1 xec, 

= d ' 2 x\+ di \v 

(5.23) 

di 2 
Ul zeq\ 

= dij+dij) l4 , 

(5.24) 

di \e q 2 

= dil + di 2 my 

(5.25) 


5.6.4 Other current-mode feedback amplifiers 

The current-mode operational amplifier is similar to the high-gain current-conveyor. 
The input stage is typically a positive second generation current-conveyor. However, 
a negative current-conveyor can similarly be used as an input stage if the two output 
terminals are interchanged. Therefore, the only significant difference between the two 
current amplifier types is the structure of the output stage. 

For the same reason, the noise model of the current-mode operational amplifier is 
also very similar to the noise model of the high-gain current-conveyor. The current¬ 
mode operational amplifier has only one input, namely the X-terminal of the input 
conveyor, while the Y-terminal is always connected to the analogue ground. Therefore, 
the Y-terminal current noise can be omitted and the Y-terminal voltage noise source 
moved to the current input, the X-terminal. Similarly, adding noise sources deriving 
from the output stage is relatively straightforward. 

The noise behaviour of current-feedback operational amplifiers is generally mod¬ 
elled by an equivalent voltage noise source at the noninverting input and an equivalent 
current noise source at the inverting input, as in the simple conveyor noise model of 
Figure 5.17b. The voltage follower output stage of the current-feedback operational 
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amplifier does not contribute to the total output noise voltage unless there is current 
noise present in the voltage follower output since this noise slightly adds the input 
referred current noise. 

5.6.5 General notes on current amplifier noise 

Most current-mode amplifiers are difficult to optimise for low noise because such am¬ 
plifiers can be used in wide variety of applications. The best example of this is the 
high-gain current-conveyor. When the high-gain current-conveyor is used as a replace¬ 
ment for a voltage-mode operational amplifier, the input source follower has a strong 
impact on the total noise whereas the output transistors do not contribute to the total 
output voltage noise. However, when a dual output high-gain current-conveyor is con¬ 
nected as a closed-loop current amplifier, the situation is different: the noise due to the 
input source follower can be neglected while the output transistors exert a significant 
contribution to the total output current noise. 

Nevertheless, it is not possible to design a voltage-mode operational amplifier that 
would provide optimal noise performance in all applications. Voltage-mode opera¬ 
tional amplifiers with a bipolar input differential pair exhibit a low voltage noise but a 
relatively high current noise, rendering them optimal for low impedance levels. Lower 
current noise levels can be obtained by using junction or MOS field-effect transistors 
in the input differential pair. The lowering of the current noise takes place at the ex¬ 
pense of the voltage noise and thus FET-input operational amplifiers are better suited 
to higher impedance levels. 

The most straightforward way to compare the noise performances of current-mode 
and voltage-mode amplifiers is achieved by comparing the commercial bipolar current- 
feedback operational amplifier to commercial bipolar voltage-mode operational ampli¬ 
fiers. In the case of a typical current-feedback operational amplifier such as AD844 [5], 
the input referred white noise voltage density is 2 nV/t/Hz, which is relatively low 
compared to most low-noise voltage-mode operational amplifiers in the market. The 
input referred white noise current is approximately 10 pA/\/Hz, which is at least ten 
times higher than the input current noise levels of typical bipolar voltage-mode opera¬ 
tional amplifiers. However, most commercial current-feedback operational amplifiers 
are targeted at video applications, where impedance levels are around 75 Q and thus 
current noise has very little effect on such applications. 

Similarly, the measurement results of a CMOS current-feedback amplifier [18] 
presented in Figure 4.6 show relatively comparable input voltage noise levels to typical 
CMOS voltage-mode amplifiers. This CMOS current-feedback operational amplifier 
topology does not have current noise present at the noninverting terminal. However, 
there is still current noise present at the inverting input terminal, rendering CMOS 
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current-feedback amplifiers noisier than CMOS voltage-mode operational amplifiers 
with high impedance levels. 

The dynamic range of current-mode amplifiers can be readily scaled by increasing 
bias current, which is similarly the case with voltage-mode amplifiers. When signal 
clipping occurs in the amplifier, both voltages and currents are distorted. Therefore, 
maximising the dynamic range with low supply voltages does not depend on whether 
the amplifier uses voltages or currents as a signal. A wide dynamic range is achieved 
by selecting the most suitable circuit topology for the application and performing the 
electrical design carefully. 
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Chapter 6 


Current-mode continuous-time 
filters 


Since inductors in integrated circuits are feasible components exclusively at the giga¬ 
hertz range below these frequencies, integrated filters are realised as active continuous¬ 
time filters. The inductors can be replaced in the active filters with simulated in¬ 
ductances, using either generalised immittance converters (GICs) or gyrators [1,2]. 
However, most active filters are constructed by using lossy and lossless integrators as 
building blocks [ 1-3]. Converting a passive filter prototype to a signal-flow-graph and, 
further, to an integrator-based block diagram is well covered in the literature [1,2,4,5], 
In this book, therefore, predominantly the different integrated CMOS realisations of 
these integrators are concentrated on. 

A considerable debate has arisen surrounding the term ’current-mode filter’. In 
effect, filters can be considered neither voltage- nor current-mode, as in filters both 
voltages and currents must be taken into account simultaneously. However, active 
filters can be realised with very different building blocks, which can be considered as 
voltage-mode or current-mode devices. Therefore, in this book the term ’voltage-mode 
filter’ refers to a filter in which voltage-mode operational amplifiers or operational 
transconductance amplifiers (OTAs) are used as building blocks. Similarly, when the 
filter is constructed using current-conveyors or other current amplifiers, it is considered 
current-mode. Operational transconductance amplifier based filters (OTA-C filters) are 
also occasionally referred to as current-mode filters, but as OTAs are in most cases used 
in similar ways to voltage-mode operational amplifiers, the term current-mode is here 
restricted to building blocks that have at least one low impedance input. 

Before moving to current-mode realisations of integrators, first the typical voltage¬ 
mode integrator realisations are discussed. However, comparing the performances of 
different continuous-time active filter building blocks is difficult unless a common 
figure of merit is used for the different integrator realisations. Quality factor is widely 
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used as a figure of merit in passive filter components and, actually, a quality factor can 
also be derived for integrators [2], 


6.1 Integrator quality factor 


Let us first consider an ideal lossless inductor as an integrating element. Thus, the 
inductor integrates the voltage vy, across the inductor resulting in a frequency depen¬ 
dent current through the inductor //.(yco) = A(j-. If the inductor is replaced with a lossy 
inductor with a series resistance R/ as in the lossy element, the resulting integration 
function is 


H(jd)) = — = . — 

V/. j coL + R/ 


( 6 . 1 ) 


The quality factor of an element is essentially a measure of the energy that is stored 
compared with the energy that is dissipated in a steady-state sinusoidal excitation. In 
the case of inductors, the quality factor is derived as [1,2] 


/ , ML 

C?/ » = R/ ■ 


( 6 . 2 ) 


Comparing Equations (6.1) and (6.2) the quality factor of an integrator can be ex¬ 
pressed in a general form as [2] 


G/(a) = 



lm(A/(») 
R e(//(y<0))* 


(6.3) 


The quality factor depends strongly on the frequency. Additionally, for active com¬ 
ponents, the quality factor can be negative. A positive quality factor entails a positive 
phase error (phase lead) while a negative quality factor entails a negative phase error 
(phase lag). To demonstrate this effect, the relation between integrator quality factor 
and phase can be easily derived as [2] 


< 6 ; 


— - + arc tan 


1 

0/(o>) ‘ 


(6.4) 


If integrators with opposite sign quality factors are present in the active filter, it is 
possible that phase errors in the filter cancel each other out. Therefore, with inventive 
circuit techniques, the quality factor of an active filter may exceed the quality factors 
of the components, a situation which is impossible with passive filters. 
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Figure 6.1 Lossless inverting integrator realised with a voltage-mode operational amplifier 
and integrated passive components. 

6.2 Voltage-mode active-RC integrators 

Perhaps the most widely known active filter technique uses operational amplifiers, 
resistors, and capacitors to construct integrators and filters. In most CMOS-processes, 
there are high quality polysilicon or metal capacitors available, whereas high quality 
resistors are available in few dedicated analogue CMOS processes or they are available 
as a costly additional option. Even when both high quality capacitors and resistors are 
available in the process, the RC time constant may vary by almost ±50% when both 
process variations and different environment conditions are taken into account [6], 
The integrated resistors in particular have large process variations and temperature 
dependencies. Similarly, the capacitance density of the capacitors may vary from die to 
die by more than ±10% and this variation does not correlate with the process variations 
of the resistors. 

As the time constant variation is too large for most applications, variable time 
constants, controlled by an additional calibration or auto-tuning circuit, are needed 
in integrated RC-active filters. In most cases, a variable integrating time constant is 
realised as a switched array of parallel capacitors, as shown in Figure 6.1 [6J. The 
size of the switched capacitors are binary weighted in order to simplify the digital 
control of time constants. Whether the CMOS-switches should locate at the input or 
the output of the amplifier depends on the requirements of the application. At the 
inverting input node, the switch on-resistance has almost no effect on the linearity 
but the parasitic capacitances of the switch are added to the inverting input and thus 
more phase lag occurs. Alternatively, at the output node, the switch on-resistance 
degrades the linearity, particularly at high frequencies, but the parasitic capacitances 
of the switches have minimal effect on the performance of the integrator. 

In the parallel capacitor array, the limited on-resistance of the CMOS-switches 
used have a minimal effect on the high-frequency performance of the integrator since 
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any resistance in series with the integrating capacitor results in a phase lead at high 
frequencies. This phase lead reduces the high-frequency phase lag deriving from the 
limited bandwidth of the operational amplifier. However, the amount of the phase lead 
deriving from the CMOS-switches is quite insignificant because the main integrating 
capacitor shunts most of the current past the switches at high frequencies. 

If integrated resistors with low temperature dependencies such as thin-film resis¬ 
tors are used, it may be possible to calibrate the filter only once during the testing 
phase and store the correct switch control data to a small non-volatile memory. Then 
also the tuning circuit can be included in the testing system rather than the integrated 
circuit. In most cases, only resistors with large temperature coefficients are available 
and thus the tuning procedure must be repeated within relatively short intervals and 
thus an on-chip auto-tuning circuit is required. 

There are numerous ways to realise the auto-tuning for the RC-active filter [7,8 ]. In 
most systems, there is an accurate clock signal available so that a digital timer circuit 
can be designed that measures the integration time between two reference voltages 
and a special control logic increases the active capacitances in the capacitor array, 
provided that the correct value is found [8], Alternatively, a reference resistor realised 
as a switched capacitor circuit is used as a reference slope in an auto-tuning circuit 
resembling a dual slope integrating A/D-converter widely used in digital multimeters 
[6,7], Similarly, also successive approximation techniques can be used in the tuning 
procedure [9]. 

Because of the discrete nature of the time constant control an idle period is usually 
required in the system so that the switching of the capacitors does not disturb the 
operation of the system. On the other hand, in the digital control there is no long-term 
drift in the control circuit itself unlike in a fully analogue continuous-time control loop 
which cannot hold the found calibrated state for long. Since the digital control can be 
disabled for relatively long time periods, it can be turned off while unused and thus 
power is saved and the interference deriving from the auto-tuning circuit is reduced. 

Operational amplifiers with high open-loop gain and low distortion are relatively 
easy to design. Similarly, integrated capacitors have a very low signal dependency and 
if the CMOS-switches are placed at the inverting input the distortion arising from the 
switches is similarly low. Therefore, the linearity of active-RC filters using voltage¬ 
mode operational amplifiers is usually limited by the signal dependency of the inte¬ 
grated resistors. 

The transfer function of the discussed inverting integrator is expressed as 
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where A v (.s) is the open-loop gain of the voltage-mode operational amplifier. If one- 
pole model is assumed with limited DC-gain for the operational amplifier open-loop 
gain 


4 v (.s) 



( 6 . 6 ) 


then letting s = jti) the quality factor of the integrator is expressed using Equation (6.3) 
as 

Q/(»)« —r^— 5T- (6-7) 

03 RCA v (0) (Ho 

In most cases the open-loop DC-gain is very large so that the quality factor equation 
reduces to 

(On 

Q/(©)*-—-• (6-8) 

co 

This means that for accurate high-Q filters the corner-frequency of the filter should be 
almost two decades lower than the operational amplifier unity-gain frequency. Fur¬ 
thermore, since the voltage-mode operational amplifier needs to be unity-gain stable 
even with relatively large capacitive loads, the unity-gain frequency of the operational 
amplifier is significantly lower than the fj of the transistors available in the integration 
process. Therefore this active filter technique is used at relatively low frequencies in 
low distortion applications. 


6.3 OTA-based integrators 


Another widely used continuous-time filtering technique uses operational transconduc¬ 
tance amplifiers (OTAs) as building blocks. A typical folded cascode OTA is shown 
in Figure C.3 in Appendix C. Thus, the transfer function of the lossless inverting 
integrator of Figure 6.2a is 


H(s) = - 


_ 8m _ 

{go + sC) (l + ^) 


(6.9) 


where g m is the transconductance of the OTA, g„ is the limited output conductance, and 
p 2 is the nondominant pole of the OTA, generally deriving from the cascode transistors. 
Similarly, the quality factor for the lossless integrator is 


CM®) 


1 

Rn Cl> * 

(DC p2 


( 6 . 10 ) 
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(a) (b) 


Figure 6.2 Inverting integrators based on operational transconductance amplifiers, a) Lossless 
OTA-C integrator, b) Lossy OTA-C integrator. 

If cascode techniques are used in the OTA output, the output conductance is insignifi¬ 
cant enough to be neglected in the quality factor equation, so that it reduces to 

G/(<»)«“- (6.H) 

The quality factor of the OTA-C integrator depends on the nondominant pole of the 
amplifier deriving from parasitic capacitances of an internal node of the amplifier. This 
pole is at a significantly higher frequency than the unity gain frequency of a typical 
voltage-mode operational amplifier and thus a better high frequency performance can 
be obtained with OTA-C filters than with voltage-mode active-RC filters. 

Lossy integrators can be realised in active-RC filters simply by adding a resistor 
in parallel with the integrating capacitor whereas in OTA-C filters, lossy integrators 
require an additional OTA as an active load resistor, as depicted in Figure 6.2b. On 
the other hand, in single-ended active-RC filters noninverting integrators require two 
operational amplifiers whereas an inverting OTA-C integrator can be changed to a non¬ 
inverting integrator simply by swapping the inputs of the OTA or by feeding signal to 
both inputs and thus realising the inverting and the noninverting integrators simulta¬ 
neously with the same OTA. Moreover, the transistor-level realisations of OTAs are 
commonly quite area and power efficient and thus OTA-C filters require less area and 
power than active-RC filters. 

6.3.1 The effects of process variation and temperature drift 

The transconductance g m of the OTA depends on temperature and other process vari¬ 
ations. Therefore, the transconductance is conventionally controlled by the bias cur¬ 
rent [10—12] although, in some OTA-topologies, the transconductance is controlled by 
an additional control voltage [13] or by the supply voltage [14]. Because ofthe temper- 
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(a) (b) 

Figure 6.3 Inverting OTA-based integrators with lower sensitivity to parasitic capacitances, a) 
Lossless OTA-Miller integrator, b) Lossy OTA-Miller integrator. 


ature drift of the OTA transconductance, the bias current must be continuously auto- 
tuned. A typical tuning arrangement [3,10] includes an OTA-based current-controlled 
oscillator controlled by a phase-locked loop. There are numerous alternative ways 
to auto-tune the OTA-C filter. However, almost every method uses a replica OTA- 
integrator and a reference frequency. 

Because the integrating capacitor in OTA-C integrators is grounded, all parasitic 
capacitances connected to the same node are added to the total integration capacitance. 
These parasitic capacitances may also affect the shape of the filter transfer function and 
consequently auto-tuning the filter corner frequency cannot cancel out all effects of this 
process variation although the same applies to several other nonidealities in the filter. 
Additionally, these parasitic capacitances are signal dependent, resulting in increased 
distortion, particularly with high-frequency filters, where relatively small capacitors 
are required. 

Such sensitivity to parasitic capacitances can be reduced by using active Miller- 
integrators rather than grounded integration capacitors, as described in Figure 6.3 
[3, 15]. It is tempting to assume that using an OTA-Miller integrator, rather than a 
conventional OTA-C integrator, increases the area and the power consumption of the 
filter. However, the voltage amplifier A 2 does not have to drive a resistive load and 
the transconductance of input OTA contributes additionally to the total integrator DC- 
gain and consequently theamplifier A; can be as simple as a common-source amplifier 
stage. Moreover, since the OTA is now driving a low impedance load no cascode 
transistors are required to increase the OTA output impedance. Therefore, the transis¬ 
tor level realisations of OTA-Miller integrators are almost as simple as conventional 
OTA-C integrators and thus also competitive area and power efficiency is attained. 
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When the Miller-integrator is realised with a simple common-source amplifier 
stage, there is also a right half-plane zero in the frequency response arising from the 
feed-forward effect of the integrating capacitor. In the voltage-mode active-RC inte¬ 
grators, this effect can generally be neglected because of the large open-loop gain and 
moderately low output impedance of the operational amplifier. However, this right 
half-plane zero is easily compensated by adding a resistor in series with the integrat¬ 
ing capacitor, as in most Miller-compensated operational amplifiers [3,5, 15]. This 
resistance is normally realised with a MOS-transistor operating in triode region. For 
this transistor, a bias circuit that provides adequate tracking of process and tempera¬ 
ture variations is relatively straighforward to realise and thus this nonideality seldom 
restricts the high-frequency performance of the OTA-Miller filters. 


6.3.2 Transconductance linearity 


When the transconductance of the OTA is realised with a simple differential pair, de¬ 
scribed in Figure 6.4a, a significant amount of distortion also results. The large signal 
equation of the differential pair is derived in Equation (C.21) in Appendix C, resulting 
in a third order intermodulation distortion equation of 


IM3 
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( 6 . 12 ) 


Because of the symmetry in the circuit, even harmonic distortion can be neglected. 
Theoretically, an intermodulation distortion level of 1% is reached at one third of the 
maximum signal amplitude and in practice this distortion level is reached at lower 
signal amplitudes. 

Although the OTA transconductance has significant nonlinearities, filter realisa¬ 
tions include feedback loops of two or more OTAs, which reduce the low frequency 
distortion, particularly in low-pass filters. Unfortunately, near the filter corner fre¬ 
quency, distortion reduction is no longer attained, as discussed earlier in the context 
ofcurrent-mirror and current amplifiers. In continuous-time filters, there are normally 
significant gain peaks near the filter corner frequency reducing the maximum signal 
amplitude. The distortion in OTA-C filters may be high, even at low frequencies, if the 
first OTA in the filter is not included in a feedback loop. 

The linearity required in most applications results in either low signal levels or 
large gate voltages when simple differential pairs are used as the transconductance 
element. Therefore, minimising the distortion and maximising the dynamic range re¬ 
quires a more linear transconductance element, particularly at low supply voltages. A 
simple method for reducing the distortion is to use two or more differential pairs in 
series as described in Figure 6.4b [11]. In the case of two differential pairs, the sig- 




Figure 6.4 Different transconductance realisations, a) A simple differential pair, b) Two 
differential pairs in series, c) A source degenerated differential pair, d) A modified source 
degeneration method. 
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nal amplitude seen by one differential pair is halved, resulting in only a quarter of the 
distortion that one differential pair would generate. However, adding more differential 
pairs in series will rapidly decrease the high frequency performance. 

A widely used distortion reduction technique is the source degeneration technique. 
The simplest realisation of a source degenerated differential pair is shown in Figure 
6.4c. There, the bias current source is split into two identical current sources and the 
transistor M 3 is used as a voltage controlled source degeneration resistor. The linear 
range of the source degenerated differential pair can be extended by the arrangement in 
Figure 6.4d where two MOS-transistors in parallel are dynamically biased by the input 
voltage [12], The linearity of a source degenerated differential pair increases with the 
degeneration resistance. However, with low supply voltages it may be difficult to re¬ 
alise very large source degeneration resistances without sacrificing too much dynamic 
and tuning range. Moreover, heavily degenerated transconductances lead additionally 
to large time constants in the filter and thus this technique is not the optimal choice for 
high frequency filters. 

The transconductance of a MOS-transistor is very linear in the triode region if 
the drain-source voltage of the transistor is kept constant. In BiCMOS realisations 
the differential pair transistors can be forced into the triode region with bipolar cas- 
code transistors [15, 16], Since the transconductance of a bipolar transistor is large 
compared to MOS-transistors, the drain-source voltages of the differential pair transis¬ 
tors are relatively signal independent and thus low distortion will result. Because the 
drain-source conductance of a MOS-transistors is low in the triode region the output 
impedance of the OTA may remain relatively low with simple cascode techniques and 
as a result OTA-Miller integrators are common with this linearization technique [15]. 


6.4 Integrators with MOS-resistors 

In voltage-mode active-RC filters the resistors can also be realised with MOS-transistors 
operating in the triode region [17], Since MOS-resistors have significant nonlineari¬ 
ties, fully differential integrators are widely used in these filters because in this case 
even order distortion is efficiently rejected. The distortion can be reduced further by 
using cross-coupled MOS-transistors in the configuration of Figure 6.5. The resistance 
is controlled by a difference between two control voltages, resulting in an extended 
tuning range as the resistance increases to infinity, while both control voltages become 
identical if ideally matched MOS-transistors are assumed. However, very high resis¬ 
tance values cannot be used in practice because of device mismatches and noise. 

In the case of both cross-coupled and simple MOS-resistors, rather high control 
voltages are required to ensure the triode region operation for the MOS-resistors. How- 
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Figure 6.5 Fully differential active-RC integrator with linearised MOS-resistors, 

ever, this makes it difficult to achieve a large signal swing with low supply voltages 
with this filter technique. Since this filtering technique is based on voltage-mode op¬ 
erational amplifiers, only a moderate high-frequency performance is achieved. More¬ 
over, MOS-resistors require continuous tuning. Therefore, this circuit technique is 
seldom used in the case of modern deep-submicron CMOS-processes. However, in 
CMOS-processes without a high-quality integrated resistor, a MOS-resistor based ac¬ 
tive filter may be feasible at low frequency and low distortion applications. 


6.5 Current-conveyor based filters 

As demonstrated in Chapter 3.1.3, integrators are easily realised with current-conveyors. 
Since most class-A CCII- implementations avoid output current-mirrors by using in¬ 
stead a current folding, lower distortion can be achieved than with class-A CCII+ im¬ 
plementations. An inverting active-RC integrator based on this negative conveyor is 
presented in Figure 6.6a. Similarly, MOS-C integrators based on negative conveyors 
can be realised. In order to reject even order nonlinearities differential integrators are 
typically used, as depicted in Figure 6.6b. In most cases, this differential integrator 
requires additionally a common-mode feedback circuit to set the DC-voltages at the 
outputs. 

The transfer function of a lossless current integrator based on a positive second 
generation current-conveyor was previously derived in Section 3.2.3 as Equation (3.33). 
For most negative second generation current-conveyors, the frequency dependencies of 
the forward voltage and current gains can be neglected because the parasitic capaci¬ 
tances at conveyor terminals dominate the frequency behaviour regardless. Conse- 
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(a) (b) 

Figure 6.6 Current-conveyor based integrators, a) Inverting lossless active-RC integrator, b) 
Differential lossless MOS-C integrator. 


quently, neglecting the limited DC-gain the transfer function of the inverting voltage 
integrator can be simplified to 


Ms) = - 


1 i + f 

s(* + Z,)(C + C t ) l + f/ 


(6.13) 


where both the pole and the right half-plane zero are arising from the parasitic capaci¬ 
tance at the X-terminal 
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Based on this transfer function, it is easy to calculate the integrator quality factor as 
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The resistance R should be considerably larger than the X-terminal impedance Z, 
in order to keep the distortion and time-constant temperature drift low. Therefore, the 
zero z is at a significantly lower frequency than the pole p. Compared to OTA-C filters, 
better linearity is obtained with CCII- based filters at the expense of high-frequency 
performance. However, the high-frequency performance of the conveyor based filters 
is still good in comparison with voltage-mode operational amplifier based active-RC 
filters. 

If the differential conveyor based MOS-C integrator of Figure 6.6b are compared 
to the source degenerated differential pair in Figure 6.4c, these two circuits are found 
very similar. The differential conveyor integrator can be considered a generalised case 
of the source degenerated differential pair, where the input transistors M i and A/t can 
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(a) 

Figure 6.7 Current-conveyor like source-degenerated transconductance element. 

be replaced with more complex circuits. In effect, in most OTA-C filters with source¬ 
degenerated transconductance elements, current-conveyor like structures can be found. 

As an illustration, the transconductor of Figure 6.7 [20] is presented. In this case 
additional voltage amplifiers A \ and A 2 are used to boost the transconductance of tran¬ 
sistors Mi and M2 so the linearity and accuracy of the transconductor depends almost 
solely on the source degeneration resistor R. Unfortunately, the voltage amplifiers 
A) and A2, driving the transistors M\ and M2, have limited input and output voltage 
ranges, reducing the applicable input voltage range of the transconductance element 
and thus limiting its use in low voltage applications. 

There are also transconductors that use feedback current amplifiers in closed-loop 
to increase the source degeneration accuracy. A high-gain conveyor is found in the 
core of many linearised transconductors [21,22]. There are other circuit topologies that 
blur the difference between a high-gain and low-gain conveyor, such as the half-circuit 
of a differential transconductor displayed in Figure 6.8a [23]. This circuit closely 
resembles a dual-output high-gain conveyor connected in a closed-loop operating as 
a CCI1+. Since all transistors in the signal path are NMOS-transistors, a level-shift 
NMOS-transistor M2 is required for large input voltage range. In most n-well CMOS- 
processes this means that, because of the bulk-effect, the gate-source voltage of tran¬ 
sistor M2 is high, thus limiting the minimum supply voltage. 

A further limitation in this circuit is the signal dependent drain-source voltage 
of the current-mirror input transistor M3, which generates distortion as a result of the 
channel length modulation. However, if the degeneration resistor is realised as a MOS- 
resistor, the distortion arising from the current-mirror M3 and M4 may not add signif¬ 
icantly to the total distortion of the circuit. In any event, in an application in which a 





Figure 6.8 Other current-conveyor based transconductance element. Only the other half of 
the differential circuit is displayed for simplicity, a) An all-NMOS CC1I+ |23|. b) A folded 
high voltage swing CC1I- |7|. 
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wide bandwidth supercedes linearity, this circuit is worth trying out. 

Another feedback current amplifier based source-degenerated transconductor is 
presented in Figure 6.8 [7]. This circuit combines the input structure of a high-gain 
current-conveyor to a current-mode operational amplifier like output structure. In or¬ 
der to maximise the input voltage swing, the signal path is folded by an additional 
common-gate NMOS amplifier stage (transistor Mi). 


6.6 Current-mirror based filter 

Filters can also be constructed with very simple building blocks. Lossy integrators can 
be realised with current-mirrors and lossless integrators with simple common-source 
amplifier stages. Because current output signals cannot be shared with other current- 
inputs, multiple outputs are required to construct filters. This is readily achieved sim¬ 
ply by making as many replica outputs as are required, as shown in Figure 6.9 [24]. 
Similarly, additional current-mirrors are required for constructing noninverting inte¬ 
grators. 

The distortion performance of a current-mirror used as a lossy integrator was pre¬ 
viously derived in Chapter 2.1.3. Thus, it can be assumed that current-mirror based 
filters exhibit relatively high nonlinearity near the filter corner frequency. The poor 
linearity near the filter corner frequency is not, however, critical in all applications. 
For example, when filtering the output signal of a D/A-converter the signal energy 
near the corner frequency of the filter is low, as depicted in Figure 6.10 and thus quite 
large nonlinearity at the corner frequency is tolerated provided that the linearity re¬ 
mains significantly lower above and below the comer frequency. 

In addition to the one-transistor lossless integrator realisation of Figure 6.9b, other 
current-mirror based lossless integrator realisations are also published, such as the 
single-ended lossless integrator with both inverting and noninverting inputs, shown in 
Figure 6.1 la [25]. In this circuit, a positive feedback path (transistors M\, Mi and 
M 4 ) is used to cancel the input impedance of the second current-mirror parallel to 
the integrating capacitor C. The dynamic nonlinearity of this integrator is derived in 
Appendix D. Those calculations show that, if the integrating capacitor is significantly 
larger than the parasitic input capacitance of the current-mirrors, the nonlinearity of 
the dual current-mirror integrator is almost identical to the nonlinearity of the one- 
transistor integrator of Figure 6.9b. 

Similarly, the small-signal transfer function can be derived for both the inverting 
and the noninverting integrator signal paths as 

CO 1 Cl>2 
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(b) 

Figure 6.9 Current-mirror as an filter building-block, a) A lossy inverting integrator, b) A 
lossless inverting integrator. 


| DAC output — Filter H(s) --- Distortion 



Figure 6.10 The nonlinearity of the current-mirror based filter in a smoothing filter applica¬ 
tion. 
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where G)i = Cf- V f+Cgg an ^ 0,2 = c+c^+CuM+Qm • Based on these transfer functions, 
the quality factors can similarly be expressed as 
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Since the zero in the inverting integrator transfer function almost cancels out the pole 
the quality factor Q / ( 0 )) is high. However, this circuit requires cascode current- 
mirrors in order to minimise the effects of channel length modulation. These cascode 
transistors add additional poles to the integrator transfer functions and thus a lower 
quality factor results in practice. Furthermore, this integrator is very sensitive to de¬ 
vice mismatches, particularly to the threshold voltage mismatch, because in this circuit 
positive feedback is used to enhance the integrator DC-gain. 

The differential current-mirror based lossless integrator of Figure 6.11b [26] is 
actually very similar to the single-ended circuit. However, because of the symme¬ 
try in the circuit, even order distortion is effectively cancelled out in this circuit as 
derived in Appendix D. These calculations also show that, if channel length modu¬ 
lation and device mismatches are neglected, this differential integrator performs like 
an ideal integrator. Therefore, the integrator quality factor solely depends on the par¬ 
asitic poles deriving from cascode transistors, and the DC-gain is limited by device 
mismatches and channel length modulation. Furthermore, this circuit exhibits a high 
input impedance solely for differential input signals, while for common-mode signals, 
the input impedance is equal to the input impedance of a plain current-mirror. 

Because the differential input impedance of the differential integrator is infinite, in 
the ideal case the circuit can be divided into two parts: two linear capacitors integrating 
the differential input current and a non-linear fully differential transconductance am¬ 
plifier. Then, the non-linearoutput current without the integrating function, as derived 
in Appendix D, is 

i'oyr(vm) = iour+ (y) - bur- (-y) = b\v m - + 1 j (a ^ v ?m ( 6 . 21 ) 


where b\ = g m = \J2$Ibb and £>2 = 5 (3. Below the unity gain frequency, this nonlin¬ 
earity is almost identical to the nonlinearity of a simple MOS differential pair (Figure 
6.4a) derived in Equation (C.22) in Appendix C. At higher frequencies, the third order 
component of the differential current-mirror based integrator decreases with frequency 
leading in lower distortion than in the differential pair. However, in practical circuits. 
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Figure 6.11 a) A single-ended dual current-mirror lossless integrator [25 ]. b) A differential 
current-mirror based lossless integrator [26|. 




6.6 Current-mirror based filter 


171 


VDD 



Figure 6.12 An enhanced differential current-mirror based integrator [281. 


there are other sources of high-frequency nonlinearity such as cascode devices that 
make this advantage over the MOS differential pair relatively insignificant. 

The differential integrator outperforms the single-ended integrator both in linearity 
and in quality factor. Furthermore, the single-ended circuit uses almost as much cur¬ 
rent and die area as the differential version. In low voltage high frequency applications, 
the differential integrator may also perform more effectively than an OTA-C filter, 
using simple differential pairs as the transconductance element, because the voltage 
needed to ensure saturation region operation for the differential pair tail-current source 
is not required in the current-mirror based integrator. Furthermore, in the current- 
mirror based integrator, all transistors in the signal path are NMOS-transistors. How- 
ever, relatively large saturation voltages are required for the mirror transistors to min¬ 
imise the sensitivity to device mismatches and thus the usable filter frequency range is 
limited. 

The sensitivity to mismatches can be reduced by such special circuit techniques 
as that presented in Figure 6.12 [28]. The differential DC-gain of this integrator is 
derived in [28] as 


A<lm{ 0 ) 
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where e represents the total mismatch between the two current-mirror chains and 
A,„i and A m0 represent the current-mirroring ratios of the additional input and output 
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current-mirrors 

(6.23) 

(6.24) 

If both A,,,-, and A nw are equal to one, the sensitivity to the mismatch e is the same as 
that in the original differential integrator. However, if it is assumed that A m jA nw < I 
and A m „ > 1 , then choosing, for example, A„ n = and A,,,,, = 9 the sensitivity to 
mismatches is significantly reduced. 

The additional current-mirrors add at least two poles to the integrator transfer func¬ 
tion. Furthermore, the pole deriving from the output mirrors is at a relatively low 
frequency since the required current gain leads to large gate areas. Therefore, this in¬ 
tegrator is not suitable for high-frequency applications. However, this circuit structure 
additionally improves the common-mode rejection of the integrator. Therefore, input 
stages in a low voltage current-mode system may prove a suitable application for this 
circuit. 
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6.7 High-gain current-conveyor based filters 

As described in Chapter 4.4, the high-gain current-conveyor can be used as a direct re¬ 
placement for a voltage-mode operational amplifier and thus active-RC integrators can 
also be realised, as seen in Figure 6.13a. Because of the relatively simple circuit struc¬ 
ture of the high-gain conveyor, higher filter corner frequencies or lower power con¬ 
sumption are more feasible than in the case of conventional voltage-mode amplifiers. 
Furthermore, in most single-ended filter topologies, additional inverting amplifiers are 
required that can be realised with a dual-output CCII°° without resistors leading to 
enhanced high-frequency performance and reduced area. 

Similarly, low-gain current-conveyors can be constructed with this amplifier. There¬ 
fore, source-degenerated transconductance elements can be constructed with a dual¬ 
output CCIlfo, additionally making the OTA-C filter possible, as shown in Figure 
6.13b. Consequently, the input voltage swing in the Y-terminal will limit the maxi¬ 
mum signal swing of the filter whereas in the active-RC realisation almost a rail-to-rail 
Z-output swing is possible. Normally, in the active-RC approach, the input structure 
of the CCIloo can be straightforward since the Y-terminal is used exclusively for set¬ 
ting the DC-voltage level and thus a part of the input structure can be moved into the 
bias circuit and shared with several amplifiers. Moreover, because no replica outputs 
are required for the CCII°° based active-RC integrators, a higher power and area ef¬ 
ficiency is reached with the active-RC realization than with the source-degenerated 
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(b) 



(c) 

Figure 6.13 High-gain conveyor based integrators, a) A lossless inverting active-RC integra¬ 
tor. b) An OTA-C type lossless noninverting integrator, c) Alternative OTA-C type integrator 
implementation. 


OTA-C approach, particularly when high-quality integrated resistors are used in both 
filter realizations. 

In addition to these two high-gain current-conveyor based integrator realisations, a 
third way to realise an integrator is possible, in which the integrating capacitor is con¬ 
nected to the internal high-impedance node, resulting in a current-input OTA-C type 
integrator. In this integrator, the integrating time constant is set by the transconduc¬ 
tance of the output stage while the input CCII- is used exclusively as a current-buffer 
ensuring a high impedance in the intermediate node. 

The output stage is, however, a common-source amplifier stage and thus simi¬ 
lar distortion performance to that in the simple current-mirror based filters will re¬ 
sult. Similarly, if a current-mode operational amplifier rather than a high-gain current- 
conveyor is used, a differential amplifier is used as the output stage and similar dis¬ 
tortion performance results to that of OTA-C filters with simple differential pairs as 
transconductance elements. 

In this third type of a CCII°° based integrator, large distortion occurs, particu¬ 
larly near the corner frequency. Therfore, even a slight reduction in distortion would 
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Figure 6.14 The simulated distortion of the CCII°° implementation of Figure 4.16 operating 
as a CCII+ with and without source degeneration in the output transistors M 3 and JW 4 . 


be welcome. For example, the source degeneration is easy to realise in the output 
common-source amplifier stage. The effect of source degeneration is easy to verify 
with the CCIIoo implementation of Figure 4.16. Two different source degeneration 
methods are used: the output transistors M 3 and Ms, are resized from 100/5 to 100/2.5 
and either a linear 2136 12 resistor or a NMOS-transistor with aspect ratio of 41/5 and 
a gate bias of 1.75 V is added to the output transistor sources. In both cases, the same 
effective transconductance as in the original CCI1°° implementation is targeted so that 
the corner frequency remains unaltered. The results of the distortion simulations of 
these two source degeneration methods is compared with the simulated distortion of 
the original circuit in Figure 6.14. In all simulations, the input signal is 20 pA, which 
is 20 % of the bias current. 

The results show that the distortion is quite effectively reduced below the cor¬ 
ner frequency. The MOS-degeneration method in particular effectively reduces the 
second-order distortion. Since the source degeneration MOS-transistors operate in the 
triode region, these transistors generate second order distortion, which seems to cancel 
out part of the second order distortion of the main output transistors My and Ms- This 
kind of cancellation normally depends on the signal amplitude and process parameter 
variation. Moreover, the rejection of the third order distortion is equally effective in 
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Figure 6.15 The simulated distortion of the CCII+ connected CCII°° with and without source 
degeneration and an additional 10 pF capacitor in parallel with the gate-source capacitances of 
the output transistors Ms and Ma, resulting in a corner frequency a>o = 27i6.4 MHz. 


both degeneration methods and thus the MOS-resistors retain no advantage over the 
linear resistors in differential circuits, where the second-order distortion is effectively 
reduced even without the help of source degeneration. 

According to the simulation results, it seems that close to the corner frequency, 
source degeneration no longer reduces the distortion. In this region, the non-linear 
input impedance of the X-terminal, in conjunction with the parasitic capacitances at 
this terminal, add to the total distortion. When constructing a lossy integrator with this 
circuit, by placing an additional capacitor in parallel with the gate-source capacitances 
of the output transistors Ms and Mj, the integrator pole and the distortion peak arising 
from the output transistor are moved to lower frequencies. At the same time, the 
distortion peak deriving from the nonlinearity at the X-terminal remains unchanged. 
However, since this distortion appears significantly above the lossy integrator corner 
frequency, it is effectively attenuated in the output, as seen in the simulation results of 
Figure 6.15. 

In this CCII°° implementation, NMOS output transistors and a PMOS input current 
buffer were selected for better comparison with an NMOS current-mirror. Therefore, 
the nondominant pole because of the PMOS input stage and the dominant pole because 
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of the NMOS output stage are exceptionally close to each other. If opposite type of 
transistors are used in both the input and output stages, these poles become wider 
apart and thus lower high frequency distortion results. Because the nonlinearity at 
the X-terminal generates largely second order distortion, differential structures help to 
mitigate the effects of this secondary source of distortion. 


6.8 Multi-output current integrator with a linearised trans¬ 
conductor 

In order to maximise the high frequency performance with low supply voltages, sim¬ 
ple current-mirror based integrators would be satisfactory if nonlinearity were not a 
problem. However, even in the case of differential current-mirror based filters, the 
nonlinearity of the transconductance element is only comparable to the nonlinearity of 
a simple differential pair. 

The nonlinearity of the CCII 1 " in the CCI1+ configuration is very similar to the 
nonlinearity of a cascode current-mirror and therefore source degeneration can be suc¬ 
cessfully used to lower the distortion of current-mirror based filters as well. Unfor¬ 
tunately, since source degeneration decreases the effective transconductance of the 
mirror transistors, as high filter comer frequencies cannot be reached as with current- 
mirrors without a source degeneration. 

When comparing the lossy OTA-C integrator of Figure 6.16a to a lossy integrator 
based on a dual output CCII°° of Figure 6.16b, one practical difference emerges, even 
if both circuits use identical transconductance elements. In the dual output CCII°° 
integrator, the transconductance elements are inside the same amplifier cell so that a 
minimum distance and optimal matching conditions are easily achieved in the circuit 
layout and consequently as low distortion as possible is maintained at low frequencies, 
particularly in low-pass filter applications. Careful layout techniques can be used in 
OTA-C filters but in most cases still greater distances between circuit elements critical 
for accurate matching will result. 

Based on such arguments, an optimal continuous-time filter building block for 
high-speed low-voltage and low distortion applications should be a current-input de¬ 
vice with a linearised transconductance element as an output stage. Furthermore, this 
linearised transconductance element should be readily scalable for more outputs with 
a minimal number of additional circuit elements. In addition, as low distortion appli¬ 
cations are targeted, it would be illogical to neglect differential signals in this filter 
building block. 
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(a) (b) 

Figure 6.16 Lossy integrator implementations a) based on an OTA b) based on a CCII°°. 

6.8.1 Linearization by drain current difference 

For optimal accuracy in simulations, a linearisation method using MOS transistors 
operating in one operation region only is preferred. This operation region is preferably 
the saturation region deriving from the faster operation and lower noise compared 
to the other operation regions of the device. For maximising the voltage swing in 
the integrating node, the linearisation principle should use only transistors with their 
sources connected to the supply rails. The transconductance element should be easily 
multiplied and scaled in order to realise current-mode ladder filters. 

A linearisation principle which meets these requirements is presented in Figure 
6.17 [ 11J. A pair of matched MOS-transistors with sources connected to ground are 
driven with a differential signal with a well defined common-mode voltage level, re¬ 
sulting in MOS-transistor drain currents 


im = f(^ + V«,-Vr)\ 

(6.25) 

>D2 = ^ +VCM - Vy ) ■ 

(6.26) 


When the difference of these currents is calculated, a linear output current results as 

id i — io2 = Pv,„ (Vow — Vr) ■ (6.27) 

An interesting feature of this linearisation principle is that the theoretical maximum 
current amplitude for linear operation is four times larger than the quiescent current 

!q = ^ (Vcm - Vt) 2 ■ 


(6.28) 
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Figure 6.17 Two MOS transistors with a balanced input voltage 
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Figure 6.18 Linearised transconductors based on the linearisation principle of Figure 6.17. 


Clearly, MOS-transistors fall into the weak inversion operating range before turning 
off entirely and consequently the practical linear range is commonly around 3 l<j. The 
drawback of this linearisation technique is that normal current sources cannot be used 
to bias the transistor pair since the two output currents have a signal dependent DC- 
component. 

A straightforward transistor level realisation of this linearisation principle would 
be to use a current-mirror to invert one of the drain currents, resulting in the circuit 
shown in Figure 6.18a [11]. However, this results in adding a new source of distor¬ 
tion, particularly at high frequencies. This becomes yet worse if large signal swing 
is required, because the distortion of the current-mirror is very large when the sig¬ 
nal amplitude reaches the bias current level. Similarly, the PMOS current-mirror in 
conjunction with the NMOS input transistors is detrimental to the overall distortion 
performance. 

One of the drain currents can also be inverted by using a PMOS-transistor rather 
than an NMOS-transistor. Consequently, the input signal is similarly turned into a 




Figure 6.19 a) A CCII+ as a linearised transconduetor. b) A differential class-AB transcon¬ 
ductor based on the same principle. 
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simple single-ended signal, resulting in a plain CMOS-inverter [14]. In this case, the 
linearisation accuracy depends on the matching of the process parameters between 
NMOS- and PMOS-transistors. However, in modern CMOS-processes, there is only a 
weak correlation, if any, between these transistor types. 

Tuning the transconductance of an inverter involves tuning its supply voltage, 
which normally results in that an additional servo amplifier is used to supply the current 
into the filter while regulating the supply voltage level. This circuitry needs headroom 
to operate, thereby increasing the minimum operating voltage requirement. In large 
high frequency filters, the limited output impedance of this control amplifier may lead 
to crosstalk between different integrator stages, resulting in erroneous transfer function 
or even in oscillation. 

The X-terminal impedance of the push-pull second generation current-conveyor is 
linearised by the same principle, as the earlier derived Equation (3.44) shows. There¬ 
fore, this circuit can readily be converted into a transconductance amplifier merely 
by grounding the X-terminal and using the Y-terminal as the voltage input and the Z- 
terminals as the current-output, as depicted in Figure 6.19a. However, the limited input 
impedance at the voltage input may limit the DC-gain of lossless integrators realised 
with this transconductor. 

A higher input impedance can be reached with the differential input structure of 
Figure 6.19b [30], where the input signal is fed to the gates of the input NMOS- 
transistors. Cross-connecting the sources of the four input transistors Mi, M 4 , W 6 , 
and results in a similar effect to that of the grounding the X-terminal of the push- 
pull CCII+. In the schematic, the output structures are omitted. However, the drain 
currents of transistors Mi and M 4 are mirrored, as in the conveyor, to form a single- 
ended output and, if a differential output is required, identical output structure can be 
repeated for the transistors Mf, and Mg. 

Both complementary circuits require a considerable amount of supply voltage in 
order to operate. Furthermore, in the differential circuit of 6.19b, the input voltage 
range is shifted towards the positive supply rail, so that both the input and output 
can operate together in a very limited voltage range even with relatively large supply 
voltages. Since the output structures in both circuits use current-mirrors, the high fre¬ 
quency performance of these two circuits is limited. However, because of the push-pull 
operation, even order distortion components are at least partially canceled. Addition¬ 
ally, in the differential circuit even order distortion components arising from the input 
transistors are effectively cancelled, leading to better linearity than in the push-pull 
conveyor case. 
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Figure 6.20 A circuit realising both class-AB and dynamic biased differential transconductors 
just by opening or closing the jumper J\. 


6.8.2 Linearisation by dynamic biasing 


The large signal high frequency linearity can be improved by using a dynamic biasing 
technique. Thus, a dynamic bias current can be generated by taking the average of the 
two drain currents iu\ and 

iD »,i£l±ii»,5(V c „-V r ) J + ?,S.. (6.29) 


The equation shows that the quiescent bias current depends on the common-mode 
input voltage Vcm an d that the bias current depends on the square of the differential 
input voltage v,„. When this current is subtracted from both drain currents, the result 
is two linear output currents: 


iouT+ 


iour- 


<D1 - tDfl = 2 V ‘» ( V CM - Vt) ! 

P . 

h >2 - idb = — 2 v '« ( Vcm — Vr) • 


(6.30) 

(6.31) 


Ideally, all nonlinearities are cancelled already in the single-ended output. The lin¬ 
earisation accuracy is degraded by the transistor mismatches and phase errors deriving 
from the bias circuitry but because of the differential nature of this structure, even 
order distortion terms are further reduced. 

The nonidealities of the dynamically biased transconductor can be compared with 
the class-AB transconductor of Figure 6.18a by referring to the example circuit pre¬ 
sented in Figure 6.20. When the jumper is left open, a differential output version of 
the class-AB transconductor with NMOS current-mirrors and PMOS input transistors 
results. Similarly, when the NMOS current-mirror inputs are short-circuited together 
with the jumper J \, the dynamically biased transconductor results. All four NMOS- 
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transistors are assumed identical as in the case of the PMOS input transistors. NMOS 
current-mirrors are selected in order to minimise the errors in the linearisation, partic¬ 
ularly at high frequencies. 


One might consider a case whereby a sinusoidal input signal with an amplitude 
corresponding to the theoretical limit for linear operation is fed to the transconductor 


Vin = 2(VcS - vyjcosco/. 

(6.32) 

Then the signal at the NMOS-mirror inputs is 


in i = ^ (3 + 4costttf+ cos2(0(), 

(6.33) 

in 5 = ^ (3 — 4 cos co t + cos 2(or ) , 

(6.34) 

when the jumper is open. Similarly, when the jumper is closed a dynamic bias current 

is fed into the current-mirrors 

im- ^(3 + cos 2(0 1 ). 

(6.35) 


Therefore, in the dynamically biased case, the current-mirrors must carry a signal 
with only a 33% modulation index with the same input amplitude that leads to a 100% 
modulation index in the class-AB case. Thus, significantly lower distortion is gener¬ 
ated in the dynamically biased current-mirrors and a superior high-frequency accuracy 
is obtained to that of the class-AB version. 


The dynamically biased transconductor additionally rejects common-mode sig¬ 
nal by a common-mode feed-forward mechanism [31] provided that all input tran¬ 
sistors remain in the saturation region. However, the transconductance of the circuit 
depends on the input common-mode voltage and consequently the circuitry driving 
this transconductor should also reject a common-mode signal. Moreover, transistor 
mismatches may also lead to leaking of the squared signal into the signal path. 


The input transistors of the transconductor can also be biased in the triode region 
rather than the saturation region [32]. Thus, the bias current-mirrors carry primarily 
DC-signal since the input transistors operate quite linearly, which may lead to im¬ 
proved common-mode rejection. However, for the same reason, the output current 
swing of this transconductor does not exceed the quiescent current. 
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6.9 Design case: A 1 MHz current-mode low-pass filter 
6.9.1 Filter building blocks 

In order to construct filters with the dynamically biased transconductor previously dis¬ 
cussed, certain additional circuitry is required to ensure a proper operation, as can be 
seen in the lossy integrator realisation presented in Figure 6.21. Since the dynamically 
biased transconductor requires a well balanced differential input signal, an additional 
driver amplifier providing these input conditions for the transconductor is placed at 
the input of the integrator. This driver amplifier controls the quiescent current and 
the transconductance of the transconductor with a common-mode feedback loop and 
increases the differential open-loop gain of the integrator by providing a high output 
impedance with cascode current-sources. 

The transconductor uses PMOS transistors as main elements (MP1A-2B) in order 
to maximise the distance between the dominant pole caused by these PMOS-transistors 
and the nondominant pole caused by the NMOS-transistors MN1 and MN2 at the 
input of the transimpedance driver. The dynamic biasing current is generated by two 
additional PMOS-transistors (MP3 and MP4) of equal size. The bias current generated 
is then subtracted from the output currents by an NMOS-mirror with a mirroring ratio 
of 1/2. From the transconductor circuit realisation, it is clear that by adding two NMOS 
and two PMOS transistors, an additional differential current output is formed and the 


LOSSY INTEGRATOR 



TRANSIMPEDANCE DRIVER LINEARISED TRANSCONDUCTOR 

Figure 6.21 The principle of a lossy current-mode integrator using dynamically biased lin¬ 
earised transconductors. 
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output signal is easily scaled simply by tuning the transistor aspect ratios. 

Although in this integrator the driver amplifier is referred to as a transimpedance 
amplifier, this integrator is a differential version of the high-gain conveyor based lossy 
integrator of Figure 6.16b and consequently the driver amplifier can also be considered 
a negative second generation current-conveyor with differential X- and Z-terminals. 
However, in earlier publications [33-35] the circuit principle was easier to describe 
without explaining the entire current-conveyor tradition. Since the function of the 
driver amplifier is to convert a small differential current into a large balanced voltage 
referring to this amplifier as a transimpedance amplifier is logical in this case. 


The transimpedance driver amplifier 

The detailed schematic of the driver amplifier is presented in Figure 6.22 and the aspect 
ratios of the transistors are listed in Table 6.1. A high output impedance for differential 
signals is achieved with the cascode current source MP1-4, which is controlled by 
the common-mode sensing double differential pair MNC1-4 [33—35]. Similarly, the 
common-mode feedback loop lowers the output impedance for common-mode signals. 

The effect of supply voltage variation is minimised by mirroring the drain currents 
of the common-mode sensing transistors symmetrically to the main amplifier with tran¬ 
sistors MPC1-4 and MNC7-8. The common-mode sensing circuit limits the minimum 
supply voltage to approximately 2.5 V in the case of the 1.2 /rm CMOS-process used 
if the sensing circuit operates in strong inversion. The common-mode sensing circuit 
operates correctly regardless of the MOS operation region but it may be difficult to 
obtain a sufficient differential voltage swing in weak inversion. 

The aspect ratios of the common-mode sensing transistors MNC1-4 are relatively 
small in order to limit the bandwidth of the common-mode feedback loop thus prevent¬ 
ing common-mode oscillations. The nondominant pole of the common-mode feedback 
loop is caused by the PMOS current-mirrors (MPC1, MPC1 and MP1-3). However, 
this pole is at a significantly lower frequency than the nondominant pole of the dif¬ 
ferential signal path since this pole is caused by the input NMOS transistor MN1 and 
MN2. 

The integrator capacitance area can be reduced to one fourth of the original area by 
using a floating capacitor between positive and negative signal paths rather than two 
separate grounded capacitors [3]. However, with this driver amplifier, the common¬ 
mode feedback remains uncompensated and thus common-mode oscillations may oc¬ 
cur. Therefore there must be a significant amount of grounded capacitance at the output 
of the driver amplifier to ensure stability. 
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Figure 6.22 The driver in detail. 


Transistors 

Aspect ratio / gm/gtn 

MN1.MN2 and MNC8 

200/1.2 

MN3, MN4 and MNC5-7 

50/3 

MNC1-4 

5/10 

MP3. MP4 and MPC4 

50/1.2 

MP1.MP2 and MPC1-3 

50/3 


Table 6.1 Transistor dimensions of the transimpedance driver amplifier of Figure 6.22. 


Transistors 

Aspect ratio / /rm/^m 
Figure 6.23a Figure 6.23b 

MN1A-2B 

60/3 

MN3 

120/3 

MN4 

25/3 

MN5 

25/3 

MN6 


MN7 


MP1A-2B, MP3 and MP4 

60/6 

MP5 

50/3 25/3 

MP6 

100/1.2 


Table 6.2 Transistor dimensions of the transconductor of Figure 6.23. 
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Figure 6.23 The transconductor in detail, a) The first prototype, b) The simplified implemen¬ 
tation of later designs. 
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Multiple-output linearised transconductance element 

The detailed schematic of the dynamically biased transconductor is presented in Figure 
6.23a. The transconductance of the output MOS-transistors MP1A-MP2B is linearised 
by the dynamic biasing current generated by the transistors MP3 and MP4. In order 
to minimise the effect of the channel length modulation the common drain node of 
transistors MP3, MP4 and MN3 is set to the same potential as the driver amplifier 
inputs. This is achieved by means of a double-folded cascode structure of transistors 
MN4-7 and MP5-6. The feedback loop of the current-mirror is compensated with a 
feed-forward 5 pF compensation capacitance Cl. 

After the fabrication of the first prototype, it became apparent that a simpler way 
exists to drive the gates of the NMOS bias mirror, as shown in Figure 6.23b. At 
the same time, the compensation capacitor Cl was eliminated, leading to significant 
savings in the layout area. Because the variation of the current in the NMOS bias 
mirror is low, biasing the NMOS cascode transistor MN6 is not critical. The aspect 
ratios of the transistors in the modified bias mirror structure are identical to the earlier 
version, excluding the PMOS current source transistor MP5, which must supply only 
half of the previous current. 


Temperature drift compensation of the integrator time constant 

The transconductances in this filter depend on temperature and process variations. As 
discussed earlier, there are various automatic tuning schemes to lock the filter time 
constants to an external reference, resistor or reference frequency [3]. When using 
a frequency reference, feed-through from the tuning circuit may cause problems and 
consequently a separate tuning time slot is usually needed in the system level. Further¬ 
more, this tuning must be performed periodically deriving from the temperature drift. 
In this filter, however, a different way to adjust continuously the transconductances of 
the filter is used. This is achieved by means of a CMOS current reference circuit using 
an off-chip reference resistor. 

The detailed schematic of the CMOS current reference is presented in Figure 6.24. 
The main reference circuit uses a first generation current-conveyor constructed of two 
low-voltage cascode current mirrors. The NMOS current mirror has a mirroring ra¬ 
tio of one but the aspect ratio of the PMOS-transistor MP1 is significantly larger than 
that of MP2. Therefore, an off-chip resistor Rext is used as a source degeneration 
resistor so that the mirroring ratio of the PMOS mirror is equal to one at one specific 
current value, thus generating a stable reference current. This type of current refer¬ 
ence conventionally uses transistors in the weak inversion to produce a PTAT current 
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Figure 6.24 The current-reference circuit without start-up circuitry 


Transistors 

Aspect ratio / 

MN1-4 

50/3 

MNC1-3 

50/1.2 

MN4 

25/3 

MNC4 

50/1.2 

MNCB 

8/3 

MP1 

275/3 

MP2 and MP3 

50/3 

MPC1-3 

50/1.2 

MP4 

25/3 

MPC4 

25/1.2 

MPCB 

10/3 

MGB 

60/6 


Table 6.3 Transistor dimensions of the current-reference of Figure 6.24. 
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Figure 6.25 The startup circuit of the current reference of Figure 6.24 



Table 6.4 Transistor dimensions of the startup circuit of Figure 6.25. 


reference [36] 

if 


kj 

Iree — -InA 

qt<EXT 


Wmp\ 

-— = A- -. 

LmP 1 Lmp2 


(6.36) 

(6.37) 


The PTAT-current may still not be the most effective choice for the MOS-transistor 
transconductance temperature drift compensation. Therefore, a case where all the tran¬ 
sistors operate in the strong inversion is considered, resulting in a different reference 


current [21,37]: 


2 (^/A— l) 2 

A$MP\Rref 


(6.38) 


With the 1.2 gm CMOS-process employed, the resulting reference current is approxi¬ 
mately 20/r A with a 10 k£2 resistor Rext- 

The effect of the channel length modulation is minimized by the use of cascode 
transistors in the reference mirrors and by the symmetrical cascode bias voltage gen¬ 
eration. For this reason, the reference voltage for the common-mode feedback circuits 
of the integrators are generated by an additional five transistor circuit (MGB, MN4, 
MNC4, MP4 and MPC4) which replicates the DC-voltages of the transconductor. 

The CCI-based current reference core has an additional stable operation point, 
when all of the transistors are in the off state. Therefore, the startup circuit shown in 
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Figure 6.25 is designed to ensure nonzero reference current. In this circuit, transis¬ 
tors MN1, MN2, and MP1 form a logic function from the NMOS bias voltages BBN 
and BCN. If any of these voltages are too low, transistors MN3 and MN4 increase 
the current through the PMOS current-mirror and the PMOS cascode bias transis¬ 
tor MPCB. This increases the current flowing into the NMOS-current mirror and the 
NMOS cascode bias transistor MNCB until the NMOS bias voltages BBN and BCN 
are sufficiently increased, which is when the startup circuit shuts itself down. 

The biasing technique described reduces the temperature dependency of the filter 
time constants to approximately -70 ppm/K in simulations and -100 ppm/K in mea¬ 
surements. Although the CMOS current reference can reduce temperature and process 
variation dependencies of the filter, it cannot generally reduce the effect of the capaci¬ 
tance variation when metal or poly silicon capacitors are used. However, if the capaci¬ 
tors are realised with PMOS transistors, both the reference current and the capacitance 
depend at least partially on correlated process parameters such as oxide thickness and 
thus lower time constant variation results. In any event, the capacitance variation can 
be tuned out in the testing phase by adjusting the resistance of the external resistor 
Rext • The absolute accuracy without trimming is still more than adequate for many 
applications, such as anti-aliasing and smoothing, even with metal or polysilicon ca¬ 
pacitors. 

6.9.2 The first filter realisation 

With the differential dynamically biased integrator, a third order elliptical low pass 
filter suitable for smoothing and anti-alias applications is implemented. The passive 
prototype of the filter is presented in Figure 6.26a and the component values of the 
filter are presented in Table 6.5. For this circuit, three state variable equations can be 
derived as, for example, in [4] as 


-V\ = 

,v(Cj +C 2 ) (*' v R, +V3sCi * 2 )’ 

(6.39) 

_ »2 


(6.40) 

■i = 

*(C 2 +C 3 )( aC2Vl + 

(6.41) 


These equations are easily represented as a block diagram using inverting integrators. 
Based on this block diagram, the differential current integrator ladder filter implemen¬ 
tation is derived, as presented in Figure 6.27, which also shows the off-chip compo¬ 
nents used. 

The test chip uses differential inputs and a single-ended output. The input voltage- 
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Figure 6.26 a) The used ladder filter prototype, b) The block diagram of the filter. 
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to-current conversion is achieved using an on-chip polysilicon resistor and an optional 
off-chip resistor. An on-chip resistance at the input is needed in order to prevent the 
input stray capacitances degrading the phase margin of the first integrator. In the output 
current-to-voltage conversion, the same combination of on- and off-chip resistance 
is used solely to increase the DC-gain accuracy. The filter capacitances are realised 
with polysilicon capacitors and therefore transmission zeroes are easily realised with 
floating capacitors. 

The transconductances and capacitors in the filter are often scaled so that signal 
maxima at all filter intermediate nodes are as closely matched as possible so that max¬ 
imum dynamic range can be reached. However, the signal maxima occur near the filter 
corner frequency and, since this filter is targeted at smoothing or antialias applications, 
the signal energy is not generally very high at this frequency range. Additionally, in 
this third order filter the peaks in the frequency responses are relatively low and thus 
the optimised dynamic range is merely a few decibels better than original. For these 
reasons, all outputs in the multi-output transconductors are unsealed. 


Integrator Q-enhancement 


The high-frequency behaviour of the differential integrator used is rather similar to 
simple single-ended high-gain current-conveyors. Therefore, the integrator quality 


factor can be approximated as 


G/M 



(6.42) 


where is the pole cause by the parasitic capacitances at the input of the driver 
amplifier (Figure 6.22) and on the transconductances of the input transistors MN1 and 


MN2: 


P 


SmMN I 



8mMN2 

ClNM 


(6.43) 


It is relatively easy to increase the transconductance of such NMOS input transistors is 
merely by increasing the bias current and aspect ratio. However, in order to minimise 
power consumption, it is preferable to use as low bias currents as possible. 

When the filter is realised with relatively low bias currents, the filter transfer func¬ 
tion will differ from the transfer function of the prototype filter. This is normally 
compensated by using predistorted filter coefficients that take into account the non¬ 
dominant pole of the integrator. Alternatively, optimisation can be used to find com¬ 
ponent values that match more closely the prototype filter. However, neither technique 
can accomodate the effects of process and temperature variation on the filter transfer 
function. 


In this filter, the capacitance values listed in Table 6.6 were calculated using the 
ideal component values, taking into account the parasitic capacitances. The effect of 
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(a) 

Figure 6.27 The realised filter including off-chip interfaces. 



Table 6.5 The normalised component values of the passive filter of Figure 6.26a. The passband 
ripple of this elliptical filter is 0.3 dB. 



Table 6.6 The final filter capacitance values after taking into account parasitic capacitances. 
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Figure 6.28 The realisation of the Q-enhaneement resistors. 


Transistors 

Aspect ratio / pm/pm 

MRZB 

8/8 

MR1 and MR2 

126.8/2 

MR3 and MR4 

90/2 

MR5 and MR6 

121.2/2 

MP1 

50/3 


Table 6.7 Transistor dimensions of the Q-enhancement circuit of Figure 6.28. 


the integrator non-dominant poles is minimised by Q-enhancement techniques. This is 
achieved by adding a resistor R. in series with the integrating capacitor [3,38]. Thus, 
a left half-plane zero Zcomp — jfc is added to the transfer function, resulting in an 
integrator quality factor of 

Q,(co)«- ■ (6.44) 

61 Pin Zcomp 


There are two alternative methods of realising Q-enhancement that involve by 
adding zeroes to the integrator transfer functions. By letting the resistance 


„ _ I Qnp 

Kz — r » 

SmMNi C 


(6.45) 


the integrator quality factor becomes infinite. Thus, the compensation resistor is added 
in series with every integrating capacitor in the filter, as shown in Figure 6.27. As a 
side-effect of this method, attenuation is decreased at frequencies well above the filter 
corner frequency. 

Alternatively, by letting the resistance 


R, 


2 C/mp 

RmMNl C 


(6.46) 


the resulting quality factor is -F^jp and consequently, in this integrator, the same amount 
of phase lead occurs as that of the phase lag in an uncompensated integrator. For ex- 
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ample, in this third order ladder filter, the second integrator forms a feedback loop with 
both the first and the third integrator and, as a result, adding the resistor to the second 
integrator cancels out the phase errors simultaneously in both integrator loops, as in 
the revised filter implementation of Figure 6.35. 

The resistance Rz is realised with an NMOS transistor biased in the triode region. 
The control voltage of the NMOS resistors is generated from the internal reference 
current with a diode-connected NMOS transistor as shown in Figure 6.28. Because of 
the tracking nature of the MOS-resistor biasing, the sensitivity of the filter to temper¬ 
ature and process variation is reduced. With this technique, a deeper notch is achieved 
than with optimised component values, without the phase lag compensation. The opti¬ 
mal transistor aspect ratios listed in Table 6.7 were found in simulations by sweeping 
the width of the transistors MR 1-6 until best matching with the prototype filter was 
accomplished. 

Experimental results 

The filter is fabricated with a 1.2 ,um CMOS-process. The micro-photograph of the 
filter is presented in Figure 6.29. While the area of the whole chip is 2.2 mm 2 , the 
filter area is only 0.15 mm 2 /pole. The filter operates with down to a 3 V single supply 
and the current consumption of the whole filter with interfaces is 850 /jA at room tem¬ 
perature (only the filter 230 ^/A/pole). The quiescent currents of the output transistors 
of the integrators are nominally 10 n A and the driver amplifier main branch currents 
are 20 /jA. The measured dynamic range of the filter is 65.5 dB when referenced to 
output signal with 1% total harmonic distortion. 

Nine of the ten fabricated filter chips operated well and their measured frequency 
responses are presented in Figure 6.30. All responses are very similar, so the circuit 
principle seems to work. However, the pass band ripple of the filter is higher than in 
simulations. Similarly, the stop band notch is not as deep as in simulations. Therefore, 
the Q-enhancement does not work as well as it should. 

Only Level 2 SPICE-models were available for the CMOS-process that was used. 
Unfortunately, these simple, old models cannot predict the high-frequency behaviour 
of the MOS-transistor with sufficient accuracy to predict the correct values for the Q- 
enhancement resistors. Since in the filter chip the gate node of the Q-enhancement 
resistors MR1-6 was accessible as an output pin, one filter chip was manually tuned 
with an external voltage bias to the correct frequency response. The manually tuned 
chip was selected so that the reference current of the filter remained as close as possible 
to the nominal value. The optimal value for this voltage bias was found to be 1.0 V. 
The original and tuned frequency responses are shown in Figure 6.31 along with a 
simulation with the same voltage bias. 




Frequency / Hz 


Figure 6.30 The measured frequency responses of the nine working filter chips. 












Amplitude/dB Amplitude/dB wj* Amplitude/dB Amplitude/dB 




Figure 6.32 The effect of Q-enhancement in simulations. 
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According to these results, it seems that the simulation models used are too opti¬ 
mistic in predicting the high-frequency performance of the transistors. Therefore, in 
the second test chip, the Q-enhancement circuitry was re-designed so that the targeted 
frequency response was the simulation result of the old filter with the 1.0 V bias, as 
shown in Figure 6.32. 

The measured total harmonic distortion of the first filter is below -40 dB up to the 
signal peak level of 60 /jA, which is 50 % more than the theoretical maximum of the 
linearisation principle. The second order distortion (Figure 6.33a) dominates the total 
harmonic distortion and is virtually independent of frequency, while the third order 
distortion (Figure 6.33b) rapidly decreases with frequency. 

The measured second order distortion is significantly larger than expected, based 
on the simulations. The used Level 2 SPICE-models assume only square-law nonlin¬ 
earity for transistors in saturation. Since the linearization technique used cancels out 
this nonlinearity entirely, overly optimistic results in distortion simulations will result. 
Similarly, the differential structure of the circuit will also reject even order distortion 
too radically in simulations. Therefore, no distortion simulation results were displayed 
for this filter. 

The previously mentioned shortcomings in the simulation of the filter do not ex¬ 
plain the relatively large and frequency independent second-order harmonic distortion. 
However, there is a design error in the differential to single-ended converter realised 
with a high-swing cascode PMOS current-mirror (Figure 6.34 and Table 6.9). The 
cascode transistors should have a larger bias voltage, since the mirror transistors fall 
into the triode region at high signal peaks. This unsymmetrical clipping generates the 
observed second order distortion. Furthermore, this operation on the edge of the sat¬ 
uration and triode region also increases the sensitivity to threshold voltage mismatch, 
thus increasing distortion. The Level 2 MOS-models used do not predict the transition 
region between saturation and triode region and consequently an error like this is easy 
to make. 

In any event, to use a current-mirror as a differential to single-ended converter in 
low distortion applications is unwise, as is frequently mentioned earlier in this book. 
However, those chapters discussing current-mirror noise were written after the filter 
was designed. Therefore in later designs based on this dynamically biased transcon¬ 
ductor, differential outputs are used. 

6.9.3 The second test chip 

As mentioned earlier, a revised version of the filter shown in Figure 6.35 was designed 
and fabricated. This filter uses differential outputs so that differential to single-ended 
conversions are realised with external circuitry if required. Additional 4 kti polysilicon 
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Figure 6.33 The measured distortion vs. frequency, a) The second order harmonic distortion 
b) The third order harmonic distortion. 
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Current-mode continuous-time filters 


Chip area 

all 

per pole 

2.2 mm 2 
0.15 mm 2 

Current consumption 

whole chip 
per pole 

850 jiA 
230 pA 

THD 

100 kHz 120/iApp 

-47 dBc 

IM3 

250 kHz 40 f/App 
400 kHz 40 /iApp 

-65 dBc 

Output noise 

BW 10 MHz 

22.6 nA 

Dynamic range 

THD 1% 

65.5 dB 


Table 6.8 The performance characteristics of the first filter chip. 
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Figure 6.34 The differential to single-ended conversion circuit. 


Transistors 

Aspect ratio / /mi///m 

MN1 and MN2 

200/3 

MN3 and MN4 

800/1.2 

MP1 and MP2 

200/3 

MP3 and MP4 

200/1.2 


Table 6.9 Transistor dimensions of the differential to single-ended conversion circuit of Figure 
6.34. 





6.9 Design case: A 1 MHz current-mode low-pass filter 


201 



Figure 6.35 The revised filter with differential outputs and simplified Q-enhancement. 

resistors are added to the output in order to minimise potential pass band gain errors. 
Similarly, the two resistors can be used to calibrate the frequency response of the 
external voltage to current converter. 

The transconductors were implemented in this filter with the simpler circuit topol¬ 
ogy of Figure 6.23b. This filter uses the simpler Q-enhancement method, whereby 
compensation resistors are added solely to the middle integrator. The new aspect ratios 
for these MOS-resistors is set to 14/2 and the bias circuit is identical to the first filter 
implementation. Additionally, two transistors with an external gate bias are added in 
parallel to the two MOS-transistors in case the Q-enhancement circuit should malfunc¬ 
tion. Similarly, because the bias voltage of the PMOS cascode transistors was found to 
be slightly too low, a degree of fine tuning was made to the aspect ratios of the current 
reference. 


Alternate driver implementation 

Because it was not certain that the measured second order distortion was due to the dif¬ 
ferential to single-ended converter, a second filter with an enhanced transimpedance 
driver topology was designed. Mismatches in transconductor transistors may gener¬ 
ate common-mode currents that are not entirely rejected by the common-mode feed¬ 
back of the driver amplifiers. Consequently, the remaining common-mode signal may 
modulate the transconductance of the transconductors, thus increasing second-order 















202 


Current-mode continuous-time filters 


distortion. 

These common-mode errors can be further reduced by using a common-mode 
feedforward structure in the transimpedance driver, as shown in Figure 6.36 [31]. Be¬ 
cause of the increased input capacitance of this circuit topology, three times larger bias 
currents are used than in the original driver. The input impedance of this driver is sig¬ 
nificantly lower than in the first implementation and thus low frequency accuracy can 
be enhanced with this topology. 

Although the driver amplifier is more complicated than the original implementa¬ 
tion, the transconductor can be simplified. In fact, the NMOS-current mirror in the 
transconductor does not need cascode transistors because the drain-source voltages of 
all transistors in the transconductor can be set to the same potential simply by using the 
same DC input voltage level in the driver and transconductor NMOS-mirrors. Thus, 
the transconductors can be realised as in the Figure 6.21 depicting the principle of the 
integrator. 

This current-mirror based driver can be used to extend the time constant range of 
the filter to lower frequencies. Because the transconductance of the transconductor 
topology used is identical to that of a single MOS transistor biased with the quies¬ 
cent current of the transconductor, realising large time constants may lead to too low 
bias currents or too large gate voltages. However, because the output conductance 
of a MOS-transistor is proportional to drain current, halving the current-mirroring 
ratio by halving the aspect ratios of the output branch transistors MN2A, MN2B, 
MN6A, MN6B, MP2A, MP2B, MP6A, and MP6B, for example, will double the output 
impedance of the driver while halving the effective transconductance. Thus, scaling 
the driver output transistors will scale the integrator time constant while the open-loop 
DC-gain remains unchanged. 

The differential current-buffers used at the output of the filters are shown in Figure 
6.37 and the transistor dimensions are listed in Table 6.11. For the sake of simplicity, 
only one half of the drivers is shown. The output buffer for the filter using the orig¬ 
inal driver topology is based on the output current-mirror of the first filter chip. The 
transistor aspect ratios are the same and only the gates of the PMOS-mirror are now 
rewired to implement two cascode current-sources. 

Because the DC-voltage levels at the transconductor outputs are different in the 
second filter, using the alternate driver topology, the output current buffer must also be 
different. Therefore, in the circuit of Figure 6.37b, regulated cascode stages are used. 
This minimises the DC-voltage differences at the transconductor transistor drains in 
the last integrator. Similarly, regulated cascodes ensure minimal distortion for the 
output stage. 
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Figure 6.36 The alternate transimpedance driver implementation. 


Transistors 

Aspect ratio / fjm/fjm 

MN1A-2B 

240/2 

MN3 and MN4 

120/2 

MN5A-6B and MN7 

240/1.2 

MP1A-2B and MP3 

150/3 

MP5A-6B and MP7 

150/1.2 


Table 6.10 Transistor dimensions of the alternate transimpedance driver of Figure 6.36. 


Transistors 

Aspect ratio / /jm/fjm 
Figure 6.37a Figure 6.37b 

MN1 

800/1.2 400/1.2 

MN2 

200/3 

MPI 

200/3 

MP2 

200/1.2 

MN3 

200/1.2 

MN4 

60/3 

MP3 

25/3 


Table 6.11 Transistor dimensions of the output current buffers of Figure 6.37. 
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Figure 6.37 a) A half-circuit of the differential output buffer based on first chip with a single- 
ended output, b) A half-circuit of the differential output buffer used in the filter using alternate 
transimpedance drivers. 
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Experimental results 

None of the received ten chips malfunctioned and thus the frequency responses of all 
chips could be measured. The measurement results for both filters are shown in Figure 
6.39. The measured pass-band ripple of the filter using the original driver implemen¬ 
tation (Figure 6.39a) is now very close to the ideal response. Similarly, the stop band 
notch is as deep as expected. The comer frequency variation is also moderately low 
when the fact that all chips use the same external 10 kQ resistor to set the bias current 
is taken into account. However, one of the frequency responses is still significantly 
apart from the other, perhaps caused by larger offset voltages in the current reference. 

The frequency responses of the filter using the alternate driver topology of Fig¬ 
ure 6.39b show a lower variation between chips. The low frequency gain variation in 
particular is extremely low compared to the filter using simpler drivers. This is ac¬ 
counted for by the lower input impedance of the alternate driver. The pass-band ripple 
is higher in this filter than in the simpler implementation. However, the capacitor and 
Q-enhancement resistors were identical in both filters, so equally accurate frequency 
responses were not expected. The effect of the common-mode feedforward on the fil¬ 
ter frequency response variation cannot be evaluated because the number of samples 
is insufficient to permit statistical analyses. 

The harmonic distortion was first measured from only one output current branch. 
In addition, differential outputs were combined into one single-ende signal by using the 
separate current-mode instrumentation amplifier described in Figure 5.8. The distor¬ 
tion measurement results for both new filters are presented in Figure 6.40. The second 
order harmonic distortion of the filter using the simple driver topology (Figure 6.40a) 
is significantly better than the second order distortion of the first filter chip, proving 
that the linearity of the first filter chip was indeed limited by the output differential to 
single-ended converter of Figure 6.34. Even the single-ended second order distortion 
of the revised filter is lower than the distortion of the first chip with the differential to 
single-ended converter. 

The second-order distortion of the filter using common-mode feedforward (Figure 
6.40b) is surprisingly large in the single-ended output configuration. The transcon¬ 
ductor used in conjunction with the common-mode feedforward driver includes no 
cascode devices. This transconductor is more sensitive to channel length modulation, 
which may account for the higher single-ended second order distortion. Furthermore, 
there are no common-mode feedforward circuitry at the output to further reject the 
second order distortion. 

The measurement results show that the common-mode feedforward does not im¬ 
prove the linearity of the filter. However, slightly less variation in the filter frequency 
response can be expected with this circuit topology. Additionally, with this driver. 



Frequency / Hz 


(b) 

Figure 6.39 The measured frequency responses of the second test chip using differential out¬ 
puts. a) Simple driver topology, b) Current-mirror based driver using common-mode feedfor- 
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Figure 6.40 The measured harmonic distortion of the second test chip with a 200 kHz sinu¬ 
soidal input signal, a) Simple driver topology, b) Current-mirror based driver using common 
mode feedforward. 
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larger filter time constants can be realised than with the simple driver. Therefore, there 
are applications where this common-mode feedforward technique may have advan¬ 
tages over other solutions. 

6.10 Final remarks 

The current-mode filter implementation described is similar to many OTA-C filters. 
However, the described filter implementation has advantages over voltage-mode OTA- 
C filters. The linearisation method employed, using dynamic biasing, exhibits ex¬ 
cellent linearity at high frequencies compared to most linearisation techniques using 
MOS-transistors in saturation. If better linearity is required, MOS-transistors operat¬ 
ing in the triode region must instead be used [15, 16, 32, 39], 

The linearization method used works well with current-integrators since the transcon¬ 
ductance tuning that involves setting the common-mode voltage level is achieved lo¬ 
cally inside the integrator. Similarly, the scalability of the dynamically biased transcon¬ 
ductor is beneficial particularly in current-mode filters. Because the filters designed 
were implemented with a relatively old 1.2 ,um CMOS-process, the full potential for 
high-frequency applications was not demonstrated. However, with this filter topol¬ 
ogy, a fifth order 50 MHz smoothing filter for a 10 bit D/A-converter is additionally 
successfully implemented [40,41]. 

Unlike OTA-C filters, the filter building block used can also be used to imple¬ 
ment differential active-RC filters. Then, very low distortion results by virtue of the 
linearised output stage. Similarly, this circuit can be used since a general purpose dif¬ 
ferential low distortion high-gain current amplifier. Therefore, based on these circuit 
topologies, it is possible to design a set of analogue standard cells for wide application 
range. 
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Chapter 7 


Current-mode logarithmic 
amplifiers 


Most non-linear functions are in effect current-mode circuits based on translinear prin¬ 
ciples, either using the exponential behaviour of the bipolar transistors [1-3] or the 
square law behaviour of MOS-transistors in saturation [4]. By using current signals 
throughout the system, these circuits can be further simplified by omitting unnecessary 
voltage-to-current and current-to-voltage conversions, as is shown in the balanced fre¬ 
quency mixer example in Chapter 5.3. 

The accuracy of bipolar transistor based translinear circuits is normally degraded 
deriving from the non-zero base current and Early-effect. Typically, the effects of these 
nonidealities can be reduced by placing the critical components inside a feedback loop 
of an operational amplifier. However, placing an active component inside a feedback 
loop can boost the loop gain and add additional poles to the transfer function thus 
making additional compensation techniques necessary. Alternatively, we could use 
current amplifiers rather than voltage-mode operational amplifiers in these applications 
and perhaps overcome some of the problems. 

In this chapter, logarithmic amplifiers are used as an example of non-linear current¬ 
mode applications. Based on this illustrative application, various ways to enhance 
circuit performance by using current-amplifiers can be tested. Logarithmic amplifiers 
are widely used in radio receivers as signal strength meters controlling variable gain 
amplifiers. Such applications additionally require rectifiers or peak detectors to detect 
the amplitude of the signal. Therefore one can discuss a wide variety of non-linear 
functions with different logarithmic amplifier implementations. 
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7.1 Diode-feedback logarithmic amplifiers 


A logarithmic function can be realised with a diode or a bipolar transistor as they 
have an almost exact logarithmic relationship between voltage and current. The i'/;/. 
of a bipolar transistor follows logarithmically the collector current ic for at least six 
decades as 


Villi 


kT i c 
--In--, 
\iq 's 


(7.1) 


where k is the Bolzman constant, T is the absolute temperature inKelvins, n is a pro¬ 
cess dependent constant between one and two, q is the electron charge and finally Is is 
the saturation current. The series resistance at the emitter will limit the logarithmic op¬ 
eration at high current levels but increasing the emitter area will extend the logarithmic 
operation a little further. 


7.1.1 Voltage-mode operational amplifier based realizations 


This principle can be utilised with a simple circuit realisation of Figure 7.1 a, where the 
bipolar transistor is placed as a feedback element in an operational amplifier circuit in 
inverting voltage amplifier configuration, resulting in an output voltage 


kT v/yv 

vout =-In 7-77- 

nq I S R\ 


(7.2) 


There are two temperature dependent terms in this equation, namely the temperature 
T itself and the saturation current 7y so that a degree of temperature compensation is 
conventionally required. Similarly, the logarithmic function should be referenced to a 
well known current level rather than the temperature and process variation dependent 
saturation current l s . 

Both requirements are satisfied with the circuit topology of Figure 7.1b, where 
a matched pair of bipolar transistor is used, so that the difference between the two 
base-emitter voltages is 


kT i n kT , \'in 

v bi: 1 - ''B£2 = — In y — = — In -—- 
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Then, the resulting output voltage can be expressed as 


(7.3) 
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Since this output voltage equation remains temperature dependent, the resistor R/c is 
conventionally a special resistor with a positive 3300...3500 ppm/K temperature co¬ 
efficient. However, these resistors are quite rare as discrete components. Similarly, 






216 


Current-mode logarithmic amplifiers 


in discrete circuits the temperature tracking between the resistor Rjc and the bipolar 
transistor pair is difficult to maintain. It may similarly be possible to realise this tem¬ 
perature dependent resistor ratio in integrated circuits by using two different resistor 
materials, but in this case the output voltage will be sensitive to process variation. 

Any parasitic capacitances in the two feedback loops of the logarithmic ampli¬ 
fier lead to phase lag at high frequencies and thus the internal compensation of the 
operational amplifiers cannot ensure stability in this application. Therefore, additional 
compensation capacitors C\ and C 2 are added to the circuit. These two capacitors shunt 
off the active transistor circuit at high frequencies thus ensuring stability. 

A very common application for logarithmic amplifiers is the detection of signal 
amplitude. Since the logarithmic amplifiers discussed require unipolar current signals, 
they cannot be used to process AC-signals with a large dynamic range. However, in 
Figure 7.2 a logarithmic peak detector is shown that can be used in such applications. 
In this circuit, the feedback network uses two diodes rather than one so that both posi¬ 
tive and negative signal peaks are compressed by a logarithmic function. The positive 
peaks are then detected by the peak detector circuit constructed of the amplifier A 2 , the 
diode £>3 and a discharging time constant set by Ri and Ci- In order to minimise the 
effects of offset voltages, a DC-decoupling capacitor Ci is added to the input. 

The output voltage of this logarithmic signal amplitude detector is still strongly 
temperature dependent and without a reference level the same way as with the circuit 
in Figure 7.1a. Therefore, an additional temperature compensation circuit is needed 
after the peak detector. 

The feedback-loop of the logarithmic amplifier is always closed whereas in the 
peak detector the loop is closed only when the input signal is higher than the last de¬ 
tected peak. Therefore, the settling time is not so crucial for the operation in the loga¬ 
rithmic amplifier, and a higher dynamic range and a wider bandwidth can be realised 
if the logarithmic amplifier precedes the peak detector. 

7.1.2 Design case: CCII°° based logarithmic peak detector 

All of the logarithmic amplifiers discussed have an identical problem with high fre¬ 
quency performance. The dynamic impedance of the feedback network is inversely 
proportional to the input signal level and thus, in a logarithmic amplifier with a 60 dB 
dynamic range for example, the feedback impedance varies three decades. As a con¬ 
sequence of the gain-bandwidth product limitation of the voltage-mode operational 
amplifier, reaching a 1 MHz minimum bandwidth with a 60 dB dynamic range, for 
example, would require an operational amplifier with a gain-bandwidth product in the 
range of 1 GHz. 

Most current-mode feedback amplifiers can overcome this gain-bandwidth product 
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limitation as was demonstrated in Chapter 4. A current-feedback operational amplifier, 
for instance, can maintain constant closed loop bandwidths up to 20...40 dB of closed 
loop gain. However, this is achieved by keeping the feedback impedance constant 
while varying the input resistor, as Equation 4.3 shows and consequently the current- 
feedback operational amplifier has a gain-bandwidth product limited operation in such 
applications. 

The closed loop corner frequency of a high-gain current conveyor in in effect rela¬ 
tively independent of the feedback impedance, as revealed by derived Equation 4.37 in 
Chapter 4.4, where the condition for a constant closed-loop bandwidth operation is that 
the output impedance of the conveyor should be higher than the feedback impedance. 
However, as the simulation results of the design example CCII°° in Figure 4.19 show, 
the Miller-effect in the output stage may also limit the bandwidth at high closed loop 
gains. 


BiCMOS implementation of a CCII°° 

Because bipolar transistors are necessary in this application, the logarithmic peak de¬ 
tector is implemented with a BiCMOS-process. The 1.2 pm BiCMOS-process used has 
vertical npn-transistors with an f, of 7 GHz and slow lateral pnp-transistors. Therefore, 
in the designed BiCMOS high-gain current-conveyor presented in Figure 7.3 [5,6], 
only npn-transistors are used to enhance the circuit performance. 

The required high output resistance is achieved with cascode transistors. The out¬ 
put current-source supplying 1.6 mA of bias current to the output common-source 
stage is a standard PMOS cascode current-source. In the output common-source stage, 
a bipolar transistor Q1 is used as the cascode device to reduce the Miller effect in MN3 
and to push the pole deriving from the cascode transistor to as high frequencies as pos¬ 
sible. 

The input stage of the conveyor is a voltage-follower realised with a PMOS dif¬ 
ferential pair driving a PMOS source-follower. Consequently, the nondominant pole 
cause by this stage is at relatively low frequencies. For this reason, adequate compen¬ 
sation is achieved with an off-chip 330 pF compensation capacitor Cc- 

Logarithmic peak detector implementation 

The schematic of the logarithmic amplifier and the peak detector is shown in Figure 
7.4 [5,6]. The feedback network includes two diode connected transistors (Q1 and Q2) 
for symmetrical output. Before the peak detector stage, there is an additional low pass 
filter realised with a voltage-follower, A3, and an internal RC-network with a -3 dB 
corner frequency of approximately 3 MHz (R | and C i). The purpose of this stage is to 
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Transistors 
MP3. MP4 and MN3 
MP1, MP2, MI5, MN1 and MN2 
Mil and MI2 
MI3 and MI4 
Q1 


Aspect ratio / /jml/jm 
400/1.2 
100 / 1.2 
300/1.2 
50 1.2 

12/1.2 (emitter) 


Table 7.1 The transistor dimensions of the amplifier in Figure 7.3. The compensation capacitor 
Cc is an off-chip 330 pF capacitor. 



Figure 7.4 The schematic of the designed logarithmic peak detector. 
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Figure 7.5 The simulated frequency response at the output of the BiCMOS CCII“ with a 
feedback resistance varied from 1 ki2 to 1 M12. 

filter out the possible overshooting in the detected waveforms. This enables accurate 
peak detection for a wider range of input signals. 

Because the input offset at the X-terminal of the high-gain current-conveyor is 
mainly current, the offset is not cancelled with a capacitor in series with the input re¬ 
sistor Rl. Therefore, the offset cancellation is realised with an additional feedback 
loop consisting of an operational transconductance amplifier A2 and an external 10 
fj F capacitor Cpc- This circuit additionally cancels the offsets of the following buffer 
stage but leaves the voltage offset of the OTA. Because the offset cancellation feedback 
loop includes the logarithmic amplifier, the high pass corner frequency is proportional 
to the feedback impedance, thus leading to the relative large capacitor value. Because 
the OTA is basically a DC-amplifier, its offset can be minimised by using large area 
input transistors and cross-coupled centroid-symmetrical layout techniques. An off¬ 
set compensation SC-network could be added to the input of the OTA for additional 
reduction of the offset voltage. 

In order to achieve fast settling, the peak detection is realised with an emitter- 
follower rather than a diode. The emitter-follower is driven by an NMOS differential 
amplifier stage A4 and, because the voltage swing at the output of the differential stage 
is small, the peak detector response time is shorter than with a complete operational 
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amplifier. Furthermore, because the dynamic range of the signal has been reduced by 
the logarithmic amplifier, such a simple circuit is practical. The discharge circuit of ft 2 
and C 2 is an external RC-network for various application requirements. 

In order to demonstrate the constant closed-loop bandwidth operation of the BiC¬ 
MOS CCIlco designed, the logarithmic amplifier is simulated using a feedback resistor 
rather than the diode-connected transistors Q1 and Q2. In this simulation (Figure 7.5), 
the feedback resistance is varied from 1 k£2 to 1 while the input resistor R1 is kept 
at a constant resistance value of 1 kO, showing almost constant bandwidth operation 
up to a 60 dB voltage gain. By using smaller input resistances, yet higher gains could 
be reached but in this case the maximum amplifier output current of 1.6 mA of the 
BiCMOS CCIIo* limits the maximum signal handling capability. 

A test of the fabricated chips revealed that the DC-feedback network failed to 
work so that the output was stuck close to the supply rails. Flowever, disabling the 
DC-feedback network by connecting the conveyor Y-terminal to the analogue ground 
enabled the circuit work to adequately. Therefore, the measurements were made with¬ 
out the offset compensation network. 

The measurement results with a 500 kHz sinusoidal input signal show logarithmic 
operation with approximately 55 dB dynamic range, as seen in Figures 7.6 and 7.7. 
The positive peak output voltage (solid line in Figure 7.7) is limited by the maximum 
source current of the amplifier whereas the emitter resistance of Q1 limits the logarith¬ 
mic behaviour of the negative peak voltages (dashed line in Figure 7.7) at high signal 
levels. 

There is a significant deviation from the ideal logarithmic function in the measured 
peak output voltage also in the middle range, partly as a result of the drift of offset 
voltage, both in the measurement set-up and the logarithmic amplifier itself. Further¬ 
more, the slight peaking on the frequency response at some feedback impedance levels 
demonstrated in Figure 7.5 may cause a degree of error. This error mechanism can be 
reduced at the expense of bandwidth by increasing the compensation capacitor Cc of 
the high-gain conveyor. However, there is yet another source of error in the behaviour 
of the logarithmic amplifier as the output voltage depends on the emitter current rather 
than the collector current, thus leading to a different equation for the base-emitter volt¬ 
age: 


kT, 

vbe = — In 
tiq 


P 


/.s-p+l 


(7.5) 


However, the current gain factor f) is relatively low in most integration processes, a 
factor which similarly varies with the bias current level. As a result, less accurate 
logarithmic behaviour can be achieved with this circuit topology than with topologies 
controlling the collector current. 

At signal levels below -50 dBm the accuracy is limited not only by the bandwidth 
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Figure 7.6 The measured output waveforms of the logarithmic amplifier when input signal 
amplitude is varied from -55 dBm to +10 dBm in 5 dBm steps. 



Figure 7.7 The minimum and maximum values of the waveforms of Figure 7.6 plotted against 
the input signal level. 
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and the input offset of the high-gain current-conveyor, but also by the time required to 
discharge the base-emitter junction charges of Q1 and Q2. Therefore, the used high- 
gain conveyor succeeded in eliciting the full performance from the feedback diodes. 
If a higher dynamic range is required, this could be achieved solely by increasing the 
current drive capabilities of the conveyor so that the maximum input signal level can 
be increased. In this case, the emitter resistances will limit the logarithmic accuracy 
with large signals unless larger emitters areas are used. This increases the base-emitter 
junction charging time, limiting the high-frequency operation at small signals levels 
even further. Therefore, the dynamic range can be increased only by few decibels 
without decreasing the logarithmic amplifier bandwidth with this circuit principle. 

Post processing of the logarithmic output voltage 

The output voltage of the logarithmic peak detector remains referenced to the tem¬ 
perature and process dependent saturation current /?. Additionally, there are other 
temperature and process dependencies present in the output voltage that should be 
compensated for. Therefore, additional post processing is required for the detected 
logarithm of signal amplitude. Because of the peak detector the processed signal is 
virtually a DC-signal, thus relaxing design specifications. 

Temperature compensation principle There are three temperature dependent terms 
in the detected peak signal, namely the temperature T itself, the saturation current 
and the current gain factor p. The saturation current can be cancelled out merely by 
subtracting another base-emitter voltage from the output voltage of the logarithmic 
amplifier, resulting in an output equation similar to Equation 7.3. In order to prevent 
the variation of p from affecting the logarithmic accuracy, this reference voltage should 
similarly be generated by using a diode connected transistor. Although an accurate 
reference level can be provided with this method, certain temperature dependencies 
remain uncompensated. 


VDD 


VDD 


‘IN 


© K { REF 
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Figure 7,8 The temperature compensation principle. 
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A more temperature independent logarithm can be produced by using two refer¬ 
ence base-emitter voltages rather than one, as seen in Figure 7.8 [ 6 ], The vbf. of the 
transistor Q i represents the output voltage of the logarithmic amplifier. Additionally, 
transistors 02 and Qi are biased with two reference currents Ikef and KIrrf- If the 
voltage differences Avbei — Vbe\ — and Avre 2 = VbE 2 ~ VBEi are divided, both A, 
and T are cancelled out: 


A KL In 'A i 

= , n JUL. ( 7.6) 

Avbe 2 ^ In In K Iref 

nq lURhf 

TheAvfi/;'i goes to zero when the input current i m reaches the current KIrer and thus 
the reference current KIref sets the full scale of the logarithmic output, while the 
reference current Irer sets the reference level when the sign of the output changes. 


Divider principle Although the voltage differences Avrra andAt’e £2 are easily pro¬ 
duced, the division of these voltages may lead into complicated circuits. One of the 
simplest implementations of a division function is the current controlled variable cur¬ 
rent mirror shown in Figure 7.9 [3, 7], The output current of this translinear circuit 
depends on the ratio of the emitter currents and ig of the transistors Q\ and Qj. 

iour = —<in- (7.7) 

IR 

Therefore, this circuit can be used both as a one-quadrant (i.e. all signals positive) 
multiplier and divider. 

The current mirroring accuracy is effected by the base currents of the transistors 
Q\ and Q 2 and by the Early-voltages of the transistors Q 3 and Q 4 . The base current 
induced errors can be avoided using an extra MOS-transistor buffer in the input. The 
Early-voltage error can be reduced by adding cascode transistors to the collectors of 
transistors Q 3 and g 4 or otherwise simply by keeping the collector-emitter voltages of 
these transistors as equal as possible. 
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Figure 7.L0 The temperature compensation circuit. 


Temperature compensation circuit The simplified schematic of the temperature 
compensation circuit designed is presented in Figure 7.10. The variable current mirror 
consists of transistors Q1 -4 and amplifiers A1 -4 and resistors R,\ and R/). The base cur¬ 
rents of npn-transistors Q1 and Q2 are buffered with a MOS differential amplifier A3 
in order to enhance the current mirror accuracy. The Early-voltages of the transistors 
Q3 and Q4 do not affect the mirroring accuracy because both transistors have equal 
collector-emitter voltages. The collector potential of Q3 is forced to virtual ground 
with the amplifier A3 and the collector potential of Q4 is forced to virtual ground 
with the operational amplifier A4. The amplifier A4 and the feedback impedance Z/y 
work either as a current to voltage converter ( Z/y is resistive) or as an integrator for 
AGC-loop control ( Z/y iscapacitive). 

The diode voltage differences are converted into the bias currents of the transistors 
Q1 and Q2 in the resistances R,\ and R The full scale reference is produced with 
transistors Q6 and Q7. If the input voltage \>in exceeds the base-emitter voltage of 
Q6, the collector current of Q1 reduces to zero and thus the circuit ceases to operate 
correctly. This problem can be avoided by choosing the full scale reference larger 
than the maximum output voltage of the logarithmic amplifier, which is limited by the 
current sourcing capability of the high-gain current-conveyor. 


If the input voltage v//v of the temperature compensation circuit is the detected 
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peak value of the logarithmic amplifier output voltage 


kT 


vin = — 
<7 


in 


vin 

RinIs ’ 


then the equation for the output current is 


bur - 


Rb {vin - VBE6) . , 

Ra(vbE5~VbE6)) 83 83 


(7.8) 


(7.9) 


By using Equation (7.6) andletting R& = Rb the output current equation is reduced 


to 


hi . 

,0Ur = ~MC l " 


m 

RinIb\ ’ 


(7.10) 


where the constant K in the equation is 


hi Ae 6 
hi A E s 


(7.11) 


where A £-5 andAf 6 are the emitter areas of the transistors Q5 and Q 6 . The bias currents 
hi > hi and I B 3 are converted from an external reference voltage Vbg to a current with 
a resistor Rbq and are 

hi = I f = mi = ~- (7.i2) 

L Kbg 

The output current i 0 ur is converted to a voltage Vout with the operational ampli¬ 
fier A4 and the impedance Z/y: 


Vbg Z/y Rbgv/n 
10In K Rbg RinVbg 


(7.13) 


The output voltage is now a logarithm of the ratio of the peak input voltage and the 
handgap voltage. 


Accuracy considerations There are three resistor ratios, and j*, and a cur¬ 

rent mirroring ratio of 10 (the currents hi and hi), which can all be realised quite 
accurately in an integrated circuit. In addition, the constant K which involves a current 
ratio of two and an emitter area ratio of two, can be realised accurately with a careful 
layout design. There is, however, a systematic error mechanism present in the constant 
K: the transistor Q 6 is not diode connected as in the principle (Figure 7.8), but instead 
uses an extra transistor Q7 for sourcing the collector current for transistors Q1 and Q2. 
If the transistor current gain factor (J is low and the collector current of the Q7 differs 
substantially from the collector current of Q 6 , there is an input voltage dependent term 
in the constant K. This error can not be completely cancelled, because the collector 
current of the Q7 is input voltage dependent. 
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The collector-emitter voltage of Q1 similarly depends on the input voltage. The 
vcf. of Q1 is in the range of two diode voltages and the input voltage variation is a few 
hundreds of millivolts and consequently the variation ofvc/t is less than 15 % and the 
error arising from the Early-voltage is small. 

The amplifiers Al, A2 and A3 contribute also to the total error. The amplifier 
A3 buffers only the base currents of the transistors Q1 and Q2 and only large input 
offsets may lead to current mirroring errors arising from finite Early-voltages of the 
transistors Q3 and Q4. Therefore, the Al is realised with a simple differential amplifier 
stage. The amplifiers Al and A2 require a voltage gain of at least 60 dB in order not 
to contribute to the total error and are thus realised as a two-stage Miller-compensated 
CMOS-operational amplifier. Because the generated Avhf'.s are small, the offsets of 
the amplifiers Al and A2 and the peak detector circuit affect the absolute accuracy. 
The offset voltages do not change substantially over the temperature range, so the 
temperature compensation is not degraded by them. 


Feedback loop compensation Because both low power CMOS operational ampli¬ 
fiers Al and A2 drive one bipolar transistor emitter (Q1 or Q2 ) and one base ( Q3 
or Q4 ), the normal Miller frequency compensation does not work because of the low 
impedance load. In the feedback loop consisting of the amplifier Al, the transistor 
Ql, and the resistor R A , the bipolar transistor acts more like a cascode transistor than 
as a feedback element. Therefore, the 4 pF Miller-capacitor Cci is connected to the 
collector of the transistor Ql, rather than the output node of Al, as shown in Figure 
7.11. 

The mirror input feedback loop (A3, Ql and Q3) could be compensated in the 
same manner, but because the transistor Ql may turn off in the case of large signal 
levels, it was compensated with an external 10 nF capacitor Qyt to the ground. For 
the same reason, the feedback loop of the amplifier Al is protected by a 1.5 pF shunt 
capacitor Cc 2 to resist the turning off of transistor Ql. 


Simulation results Figure 7.12a depicts the simulated output current sweeps of the 
temperature compensation circuit. Because of the complexity of the entire logarith¬ 
mic circuit, the input voltage of the temperature compensation circuit is generated by 
means of a single diode-connected transistor and a current source, in preference to the 
logarithmic amplifier and peak detector. The simulations show accurate operation near 
the intended operating amplitude. The accuracy decreases further from the reference 
level (354 /jA). In most extreme case, at a 1 /.iA current level the curves are within 4.5 
% in the temperature range of -40...+120 °C. 

The error of the logarithmic amplifier is generally referred to the input signal level 
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Figure 7.11 The feedback loop compensation principle. 


[ 8 ]. In this case.the logarithmic function is numerically fitted into a function 

i()UT = Pi201og 10 + po- (7.14) 

IREF 

After evaluating the first order polynomial coefficients po and p\, the input referred 
error can be calculated in decibels 


oni '/« 'out ~ Po 

E/, w = 20 log 1 0 ~---. (7.15) 

‘Rir Pi 

Based on this principle the simulated input referred error of this temperature compen¬ 
sated logarithmic amplifier is displayed in Figure 7.12b. 

This error plot shows that the output current deviates from the ideal output, which 
is most probably caused by the emitter resistances of transistors Q5 and Q 6 . The emit¬ 
ter areas of these two transistor are chosen relatively small as the diode connected 
feedback transistors of the high-gain conveyor based logarithmic peak detector should 
also be small in order to minimise the base-emitter junction capacitance limiting high- 
frequency operation at low signal levels. The temperature dependency of the output 
signal is caused by the temperature dependency of the bipolar transistor current gain. 
Clearly, in the simulation, random variations that increase the output errors are ex¬ 
cluded. Nevertheless, the accuracy is adequate for controlling receiver AGC-loops. 
Furthermore, in these applications, the accuracy near the reference level is the most 
important requirement as the AGC-circuitry tries to adjust the signal amplitude pre¬ 
cisely to this reference level. 

The temperature compensation circuit was included in the same chip with the high- 
gain current-conveyor logarithmic peak detector. However, because of an error in the 
offset compensation circuit, the total accuracy of the logarithm could not be evaluated. 
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(a) 



(b) 

Figure 7.12 a) The simulated output current vs. input current with the temperature varied 
from -40°C to +120 °C in 20 °C steps, b) The input referred error in decibels of the same 
simulation. 
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Figure 7.13 The microphotograph of the logarithmic peak detector and the temperature com¬ 
pensation circuit. 


Nevertheless, the temperature compensation circuit operated functionally as predicted 
in simulations. The processed chip shown in Figure 7.13, which includes other cir¬ 
cuitry, has a die area of 3.5 mm 2 , of which the logarithm circuit discussed takes up 
one half. The power consumption of the circuit is approximately 25 mW with a 4.5 V 
supply voltage. 


Final remarks on the design 

Because of the error in the offset compensation network the performance of the log¬ 
arithmic could not be fully evaluated. This design additionally demonstrates the im¬ 
portance of additional test pins in a prototype chip as there was not enough of them 
to discover the problem. In any case, a minor error in generating the bias voltages 
for example could easily have generated so much current offset at the conveyor X- 
terminal that the offset compensation network was no longer capable of correcting 
it. Furthermore, the current driving capabilities of the offset compensation OTA is 
also very limited as a very low transconductance was required and then quite a minor 
amount of leakage currents at the OTA output could disturb the operation of the offset 
compensation network. 

A new process run was not made because the specifications changed so that the 
supply voltage fell to 3 volts, making this circuit topology inapplicable. Nevertheless, 
the circuit demonstrated that high-gain current-conveyors can extend the frequency 
range of many non-linear analogue functions. For example, the multiplier/divider cir¬ 
cuit used as the core of the temperature compensation circuit could easily be realised 
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(a) 



(b) 

Figure 7.14 Piece-wise linear approximation of the logarithm function, a) Cascaded limiting 
amplifiers stages, b) A cascade of parallel connected limiting amplifiers and unity gain buffers. 


using high-gain conveyors, thus enabling a constant wide bandwidth over a relatively 
large signal amplitude range. In this circuit, operational amplifiers were used because 
the wide bandwidth was not required and an unnecessarily wide bandwidth would in¬ 
crease the total output noise. 


7.2 Pseudologarithmic amplifiers 

Logarithmic amplifiers can also be realised without resorting to the logarithmic be¬ 
haviour of the pn-junction. A piece-wise linear approximation of the logarithm func¬ 
tion can be realised using a cascade of limiting amplifiers [9-12], The most common 
way to use these limiting amplifiers is shown in Figure 7.14a where all the outputs of 
N cascaded limiting amplifiers are combined to form the logarithmic output signal. 
The limiting amplifier is in most pseudologarithmic amplifiers a simple differential 
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amplifier stage as in the bipolar implementation in Figure 7.15a. In this case, neglect¬ 
ing the base currents and letting R\ = R 2 = R, the large signal equation for the output 
voltage is [13] 

, d. , (nq vi N - - v//v+ \ 

vout+ - vout- = IbbR tanh I — - - - I • (7.16) 

A a consequence of the tanh-function the limiting action is relatively smooth thus 
reducing the error of the piece-wise linear approximation. 

Because every amplifier stage adds a degree of delay to the signal, the output signal 
waveform becomes distorted at very high frequencies. In applications where only the 
signal amplitude is important, this does not pose a problem. Moreover, in most loga¬ 
rithmic amplifiers aimed for signal strength application, each of the limiting amplifier 
outputs are either half- of full-wave rectified before summing [10-12]. This output 
signal is then integrated, thus forming an output signal solely dependent on the signal 
energy. 

In radar applications, for example, logarithmic amplifiers are used to compress the 
dynamic range of the signal without distorting the phase information of the received 
signal. In this case, the circuit principle of Figure 7.14a does not perform adequately 
anymore. Less error in the phase information is generated by forming the amplifier 
cascade from a limiting amplifier and a linear unity-gain amplifier connected in par¬ 
allel as depicted in Figure 7.14b. The two parallel connected amplifiers are relatively 
straightforward to realise, for example by using two differential pairs where one of the 
pairs is linearised by emitter-degeneration resistors, as shown in Figure 7.15b [9], 

7.2.1 Limiting CMOS voltage amplifiers 

The CMOS implementations of limiting voltage amplifies are conventionally based 
on a simple differential amplifier stage, as demonstrated in Figure 7.16. The other 
differential pair ( A /3 and A/ 4 ) forms a summing output which is tied together with 
corresponding outputs of other limiting amplifiers in the pseudologarithmic amplifier, 
thus forming the logarithmic output. 

If saturation region operation for the differential pair transistors is assumed, and 
Pl=p2 = P and R\ = R 2 = R, the large signal differential output voltage equation can 
be derived as in Equation C.21 in Appendix C: 

vout = VOUT+ - VOUT- = Vih~\J$(4Ibb - P vf n ), (7.17) 


if |v//y| = |v/a/ + — V//V-I < J^r- Similarly, the small-signal voltage gain of the am- 
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(a) (b) 

Figure 7.15 a) A bipolar differential limiting voltage amplifier b) A bipolar single-ended 
implementation of a parallel connected limiting amplifier and unity gain buffer [9|. 


VDD 



Figure 7.16 CMOS implementation of a differential limiting voltage amplifier providing the 
summing outputs for the logarithmic output. 
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plifier is 

Av = RVWb, (7.18) 

and the limiting voltage level at the output is 

max (vqut) = Rlirn- (7.19) 


Therefore, both the gain and the limiting level are process and temperature dependent. 
However, in a cascade of several limiting amplifiers the maximum output voltage of 
the limiting amplifier does not control the limiting level to the same extent as the 
maximum input voltage of the next amplifier. Therefore, the limiting voltage level 
caused by the input saturation is based on the Equation (7.17) as 


Vlim = 



(7.20) 


And also this parameter is process and temperature dependent. 

If the limiting amplifier is biased with a similar current reference to that in the 
current-mode filter design case depicted in Figure 6.24 so that the bias current is in¬ 
versely proportional to (3 and to the square of R 


Ibb ~ 


I 

P 5 ’ 


(7.21) 


the temperature and process variation of the voltage gain can be cancelled out. How¬ 
ever, the limiting level is now even more temperature and process variation dependent 
as before: 


Vlim ~ 


P* 


(7.22) 


Alternatively, in an n-well CMOS process, a PMOS differential pair with diode- 
connected PMOS load transistors can be used in order to achieve a process and tem¬ 
perature independent voltage gain [12]. In this case, the limiting voltage level can be 
stabilised with a bias current proportional to PMOS-transistor p. However, generating 
such a bias current generally leads to a rather complicated circuitry and, as a result, 
this process and temperature dependency is often left uncompensated [12], 


7.2.2 Limiting CMOS current amplifiers 

If a MOS current-mirror is used as a limiting amplifier, the gain of the amplifier is 
easy to set by scaling the aspect ratios of the transistor. Similarly the limiting level can 
be accurately set with the bias current but, however, this works only with a unipolar 
current signal [14], By way of illustration, a current-mirror based pseudologarithmic 
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Figure 7.17 A three-stage current-mirror based pseudologarithmic amplifier. 


VDD 



Figure 7.18 A differential limiting current amplifier. 

amplifier is presented in Figure 7.17. For the sake of simplicity, this amplifier uses 
only three limiting levels. For a better accuracy, however, as many limiting stages as 
required can be added. 

This simple circuit gives many levels of freedom to the designer. One design 
method is to scale the input current-mirror output transistors A/ 2 , A /5 and A/s and use 
identical aspect ratios for the three output current mirrors with identical limiting cur¬ 
rent levels. Alternatively, the output current mirrors and the limiting level current 
sources can be scaled while the input mirror transistor are implemented with equally 
sized transistors. Flowever, for an optimal area and accuracy, it would be feasible to 
scale all transistors and current-sources. 

It is also possible to implement limiting current amplifiers for bipolar current sig¬ 
nals as the differential limiting current amplifier example of Figure 7.18. Once more. 
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Figure 7.19 The theoretical and simulated limiting action of the MOS limiting voltage ampli¬ 
fier of Figure 7.16 compared to ideal hard clipping function and to the soft clipping behaviour 
of a bipolar differential pair. Both the input and output are scaled with the maximum output 
voltage. 


the current gain A, is set by scaling the aspect ratios so that 
W 3 _ W 4 _ W\ _ VV 2 

17 “17 “ A %~ Ai V 

ho — Ajhi- 


(7.23) 

(7.24) 


Similarly, the limiting level is accurately set by the bias current, provided that these 
bias currents can be generated with low process and temperature dependencies. 


7.2.3 Accuracy of the pseudologarithmic amplifier 

The limiting current amplifier does not distort the signal before clipping, so hard clip¬ 
ping rather than soft-clipping occurs. Therefore, the piece-wise approximation of the 
logarithmic function is smoothed with voltage amplifiers and, therefore, with the same 
amount of limiting amplifier stages, the voltage-mode realisation results in a smaller 
maximum error than is the case in the current-mode realisation. 

The smoothing effect of bipolar and MOS differential amplifier stages is demon¬ 
strated and compared with the hard clipping behaviour of limiting current amplifiers 
in Figure 7.19. In this case, the ideal clipping behaviour of bipolar and MOS limiting 
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voltage amplifiers of Equations (7.16) and (7.17) is also compared with the simulated 
clipping behaviour of the MOS limiting voltage amplifier. For a more revealing com¬ 
parison, all transfer curves are normalised by dividing both X- and Y-axis co-ordinates 
by the maximum output voltage level. Similarly, the load resistors are selected so that 
a gain of 3 is reached in all cases. 

The simulations are repeated with two different aspect ratios using modern BSIM 
3V3.1 simulation models so that the MOS transistor behaviour is also modelled ade¬ 
quately in the weak and moderate inversion. With an NMOS differential pair with an 
aspect ratio of 200^//1.2/i and a bias current of lOOpA, the clipping action is almost as 
smooth as in the bipolar amplifier. Even in the case of MOS transistors, with ten times 
smaller aspect ratios and the same 100 /jA bias current, the clipping action is smoother 
than the ideal square-law behaviour of Equation (7.17) predicts. Therefore, when even 
one of the input MOS transistors is operating in weak inversion, significantly smoother 
limiting behaviour occurs. 

In Figure 7.20, the current-mode hard-clipping limiting amplifier based logarith¬ 
mic amplifier is compared to the voltage-mode bipolar and MOS limiting functions 
of Equations (7.16) and (7.17). The pseudologarithmic amplifier is constructed of 
seven identical cascaded limiting amplifier stages with a gain of three with all outputs 
summed together to form the logarithmic output signal as in Figure 7.14a. Because 
of the tanh-type large signal behaviour of the bipolar differential pair, the piece-wise 
linear approximation is more accurate than any CMOS realisations. However, the sim¬ 
ulations of the MOS limiting amplifier demonstrate that the clipping is smoother than 
predicted in Equation (7.17) and thus lower error results in the case of MOS limiting 
voltage amplifiers than Figure 7.20 shows. 

In this example, identical liming amplifier stages are used and as the error will 
rise very rapidly above the piece-wise linear approximation range, the error can be 
further minimised by summing the input signal to the summed output. Alternatively, 
the output of the last output in the amplifier cascade can be rescaled to minimise this 
error. 

7.2.4 Amplitude detection in pseudologarithmic amplifiers 

CMOS rectifiers 

When the CMOS pseudologarithmic amplifier is used to measure the amplitude of the 
received signal, additional non-linear signal processing is required. A simple way to 
produce an output signal proportional to its amplitude is to rectify the signal and then 
filter it. As an example, in Figure 7.21, the summing output of the CMOS limiting 
voltage amplifier of Figure 7.16 is modified to provide a half-wave rectified output 
[11]. This is achieved by converting the drain currents of transistors My and M 4 into 
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(a) 



(b) 


Figure 7.20 The operation of pseudologarithmic amplifiers with hard-clipping and MOS and 
bipolar soft-clipping, a) The output signal of the amplifier, b) The input referred error of the 
logarithmic output. 
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a single-ended bi-directional current with the current-mirror constructed of transistors 
A /5 and A/f,. This signal is then fed into a second current-mirror (transistors A /7 and 
A/s) and as this current-mirror cannot sink current but only source it, the output signal 
is half-rectified. 

Similarly, the current-mirror based pseudologarithmic amplifier of Figure 7.17 can 
be used to half-wave rectify the input signal. Flowever, since in this case the input 
current-mirror has several scaled outputs, the total input capacitance of this ampli¬ 
fier will limit the frequency range, particularly in the case of low signal amplitudes. 
Therefore, a local rectifier mirror in individual limiting amplifiers provides more ef¬ 
ficient high frequency operation when the signal amplitude variation is low and the 
parasitic capacitances are minimal. 

CMOS squarers 

As an alternative to rectifying the signal, it can be squared, thus proving a true RMS 
output signal after filtering. The square of the signal is easily achieved by using, for 
example, a four-quadrant multiplier such as a Gilbert-cell as the summing amplifier 
stage [12]. In this case, the input signal is simultaneously fed into both multiplier 
inputs to provide squared output. 

However, there are also MOS circuits that provide the squaring function directly. 
By replacing the rectifier mirror transistor A /7 and A/« in Figure 7.21 with the circuit in 
Figure 7.22 [15], a squared output signal is provided. If all transistors in this squarer 
are assumed identical, the output current is a non-linear function of the input current 

;2 

’OUT = 2I 0 + . (7.25) 

O'Q 

In order to prevent the transistors from turning off, the amplitude of input signal should 
be kept below 4 Iq. When this squarer circuit is used instead of the current-mirror 
rectifier in the limiting amplifier of Figure 7.21, setting Iq to one third of/ /w( represents 
a convenient compromise between high frequency operation and the squarer output 
signal. 

CMOS peak detectors 

When both a logarithmically compressed AC-signal and a DC-signal proportional to 
the signal amplitude are required simultaneously, a conveniently modular approach is 
to use a peak rectifier to detect signal amplitude at the logarithmic output. The simplest 
way to implement a CMOS voltage peak detector is to use a voltage amplifier and a 
diode connected NMOS-transistor, as presented in Figure 7.23a. 
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Figure 7.22 A simple squaring circuit optimised for an n-well CMOS-process 115]. 




Figure 7.24 a) A simple CMOS current peak detector, b) A low voltage current peak detector. 
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However, in this approach the output voltage range is quite limited since the gate- 
source voltage increases rapidly with the output voltage deriving from the bulk effect. 
Furthermore, a floating-well MOS-device with source and bulk connected together 
cannot be used because the bulk-drain pn-junction begins to conduct when the MOS- 
diode is reverse biased. For these reasons, a circuit structure of Figure 7.23b is pre¬ 
ferred [16]. In this case, the amplifier A \ and PMOS-transistor M\ together construct 
an amplifier that can source current to the load but not sink it. 

The maximum voltage of the peak detector is limited by the common-mode range 
of the amplifier A i. In high speed applications, the delay in peak detection must be 
minimised and consequently complex rail-to-rail common-mode range input stages 
cannot be used and the dynamic range will be relatively low with low supply voltages. 
The maximum speed is also limited by the hold capacitor C\. 

However, current peak detectors are also possible with a CMOS-technology. A 
simple CMOS current peak detector is presented in Figure 7.24a [17]. It is constructed 
of a current-mirror (transistors Mi and M 2 ) and a diode-connected transistor M 3 . The 
gate-source capacitances of Mi and M 2 hold the gate-source voltage which corresponds 
to the peak value of the current. 

There are several performance limitations in this circuit. The supply voltage cannot 
be very low because the diode-connected transistor must be biased on top of the mirror 
gate-source voltage. In addition, there are large voltage transients at the current-mirror 
input node which are not suppressed entirely even with additional cascode transistors. 
For a bi-directional input current, bias current sources are needed and thus mismatch of 
the bias currents degrade the detection accuracy at low signal levels. Additionally, the 
discharging of the gate-source capacitance of the current-mirror by a resistor results in 
a signal dependent discharge time constant. 

The current peak detector in Figure 7.24b [18,19] consists of an NMOS current 
mirror (Mi and M 2 ), a CMOS inverter (M 5 and M&), a PMOS switch (M 3 ), and a 
diode-connected PMOS transistor (M 4 ). The NMOS current mirror acts as a current- 
memory, which stores the peak current as in the first mirror. The CMOS inverter acts as 
a current comparator, which compares the incoming current with the drain current 
of the transistor Mi. 

When a peak is detected i.e. the input current is larger than the drain current 
of the Mi, the PMOS switch M 3 connects the current mirror gates to the input and the 
current mirror follows the input current. When the input current begins to decrease, 
the inverter output rises and leaves the current mirror gate node floating and thus the 
current mirror holds the peak current. The diode-connected transistor M 4 then begins 
to supply the difference of the input current /'/# and the drain current of transistor M\ 
to the input node. 
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At low current levels, the correct operation range is limited by the signal source 
impedance rather than the detector input impedance because the input impedance de¬ 
pends on the detected peak current and is thus very high at low current levels even 
without cascoding. A further limiting factor is the voltage gain of the CMOS inverter. 

Because of the CMOS-inverter with a PMOS-diode feedback, this current peak 
detector can also operate with a bi-directional input current. In addition, the input 
voltage is held relatively constant. As a result, current mirror structures are not re¬ 
quired because the gate-source capacitances of mirror transistors M\ and Mi should 
be moderately large in order to hold the current-level accurately, which results in a 
long channel and low channel length modulation for these transistors. At high current 
levels, the operation range is limited by the current sourcing capability of the diode- 
feedback inverter. The only drawback attached to this circuit is that discharging the 
gate-source capacitance of the current-mirror by a resistor similarly results in a signal 
dependent discharge time constant with this current peak detector. 

7.2.5 Design case: A 2.5 V CMOS pseudologarithmic current amplifier 

A pseudologarithmic amplifier with 60 dB of logarithmic range and a 2.5 V single 
supply is implemented with a 1.2 pm CMOS-process [18]. For this logarithmic am¬ 
plifier, limiting current amplifiers are chosen for accurate control of current gain and 
limiting level. The block diagram of this circuit is presented in Figure 7.25. The loga¬ 
rithmic behaviour is approximated by seven cascaded limiting current amplifier stages 
with a current gain of three. The main output of the limiting amplifier chain is used 
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Transistors 

Aspect ratio / /jml/jm 
jst 2 nc * 6 l h 7 th 

MB 1-2, MSI 

60/3 

MB3 

120/6 

MB4 

40/3 

Mil 

180/3 

60/3 

60/3 

MI2-3 

180/6 

60/6 

60/6 

MI4-5 

60/3 

20/3 

20/3 

MOl 

180/3 

180/3 

60/3 

M02-3 

180/6 

180/6 

60/6 

M04-5 

60/3 

60/3 

20/3 

MS2-3 

60/6 

MI6-9 

60/3 

- 

- 

MI 10-11, MZ 

40/3 

- 

- 


Table 7.2 Transistor dimension of the limiting amplifiers in Figure 7.26. 


exclusively for offset compensation purposes. The summed currents are processed 
further with a current peak-detector because the logarithmic amplifier is used for sig¬ 
nal strength measuring applications. All limiting amplifiers are biased with a current 
reference with a low temperature dependency. A constant current is subtracted from 
the detected peak current so that a control signal to drive an AGC-loop to the desired 
signal level is obtained. 


Limiting amplifier 

The limiting current amplifier designed is presented in Figure 7.26a. It uses a single- 
ended topology and the output stage transistor aspect ratios (MO 1-5) are three times 
the input stage transistor aspect ratios (MII-5) for a current gain of three. The bias 
current IgiAS supplied from the current reference via additional current-mirrors is set 
nominally to 10 fjA leading to a current limiting level of ±10 /jA. Three additional 
transistors (MS1-3) provide two currents /$/> and Ism- One current (I$p) from each 
limiting amplifier are combined to form the logarithmic output. The other current 
output ( I SM ) is unused and connected to the negative supply. 

In order to achieve proper input voltage-to-current conversion with a single resis¬ 
tor, the input impedance of the first limiting amplifier stage is realised as a high-gain 
current amplifier in a closed-loop configuration as depicted in Figure7.26b. In this 
case, a 3 pF compensation capacitor Cc in needed to stabilise the feedback loop. 

The final limiting amplifier stage is used only in the offset compensation loop and, 
since the open-loop gain is already sufficiently high, the gain of this amplifier stage is 
set to one rather than three. The transconductance amplifier feeding the offset compen¬ 
sation feedback signal to the limiting amplifier cascade is implemented with a simple 
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vss 

Figure 7.27 The temperature compensated current-reference. 


Device 

Measure 

Value 

MN1-4 

Aspect ratio 

600/jJb/j 

MP1-2, MP5-6 

Aspect ratio 

100 p/ 6 p 

MP3-4 

Aspect ratio 

50yu/6/j 

Q1 

Relative area 

1 

Q2 

Relative area 

10 

Q3 

Relative area 

4 

R1 

Resistance 

1.5 k£2 

R2 

Resistance 

15kD 


Table 7.3 Transistor dimensions and resistance values of the current-reference in Figure 7.27. 


PMOS differential amplifier stage with identical device dimension to the limiting am¬ 
plifier transistors MI1-5. 


Current reference 

Current references with low temperature dependencies are conventionally realised with 
a bandgap voltage reference and a V/I converter. With a low supply voltage converting 
accurately a 1.2 V reference voltage to current becomes increasingly difficult. There¬ 
fore, in the present approach the bandgap voltage is totally omitted by combining 
the output currents of separate PTAT and Vbe current references in order to realise a 
bandgap-like current reference as shown in Figure 7.27. The PMOS current-mirrors 
are implemented as cascode current-mirrors in order to minimise errors deriving from 
channel length modulation but they are omitted in the schematic for simplicity. For the 
same reason, the start-up and power-down circuitry is similarly omitted. 
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Figure 7.28 The current peak detector. 


Transistors 

Aspect ratio / fjm/jum 

MN1-2 

500/10 

MN3 

20/1.2 

MP1-3 

60/1.2 

MN5 

300/5 

MN4, MN6 

30/20 

MP4-5 

30/6 


Table 7.4 Transistor dimensions of the current peak detector in Figure 7.28. 


The equation for the output current can be expressed as 


lREF = 


IPTAT + IVHE 

2 


kT [n A E2 V BL3 

2nqR\ A/-i 2R 2 


(7.26) 


In this case, the positive 3300 ppm/K temperature dependency of PTAT-reference cur¬ 
rent can be almost cancelled out by the negative approximately -2 mV/K temperature 
dependency of the base-emitter voltage of the transistor Q3 by adjusting the resistor 
ratio and the emitter area ratio [13]. Because transistor mismatches easily de¬ 
grade the accuracy of the reference current, the emitter area ratio ^ should be as 
large as possible. The pnp-type bipolar transistors used in this n-well CMOS-process 
are implemented by realising the emitter with p-diffusion and the base with n-well 
while the substrate acts as the collector. Typically, in CMOS-processes, two floating 
wells in different potential cannot be placed close to each other, which results in a very 
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large die area for the bipolar transistor array. 

In order to minimise the temperature dependencies in the logarithmic output, the 
resistors R\ and Rj are fabricated from identical resistive material (polysilicon) to the 
input voltage-to-current conversion resistor. Similarly, the output current-to-voltage 
conversion must be realised with a similar integrated resistor and therefore an addi¬ 
tional 15 kDpolysilicon resistor is added to the chip. This resistor can then be used as 
a feedback impedance for an off-chip current-to-voltage converter, resulting in almost 
temperature and process independent output voltage. 

Current peak detector 

The designed current peak detector in Figure 7.28 is based on the circuit principle 
of Figure 7.24b. In addition to the current memory (MN1-2), the current comparator 
(MN3, MP3), the PMOS-switch (MP1) and the PMOS-diode (MP2), an additional 
discharging time constant circuitry (MN4-6, MP4-5) is added. 

The discharging time constant is realised by sinking a small amount of current from 
the current memory gates of transistors MN1 and MN2 by the current mirror MN4 and 
MN5. The same amount of current must be added to the peak detector input in order 
to prevent a peak detection error using transistors MN6, MP4 and MP5. The time 
constant can be further adjusted with an off-chip capacitor. However, the discharging 
time constant is signal dependent but in this application the detected peak varies from 
only 35 fjAto 70 //A and thus the time constant signal dependency is small. 

Experimental results 

The microphotograph of the fabricated chip is presented in Figure 7.29, where the 
area of the chip is 3.2 mm 2 . The integrated resistors and the bipolar transistor array 
consume almost one third of active circuit area. The circuit operates with as low as a 
2.2 V single supply voltage and the power consumption is 3 mW with the nominal 2.5 
V supply. 

The measured logarithmic output voltage vs. input signal level in different tem¬ 
peratures is presented in Figure 7.30. The logarithmic output current is converted into 
voltage with an external operational amplifier and an on-chip polysilicon resistor. This 
resistor has the same 15 k£2 nominal resistance value as the input voltage-to-current 
conversion resistor. In the measurement set-up a sinusoidal 100 kHz signal, a dis¬ 
charge current of 1 ^/A, and a 150 pF external hold capacitor were used. Similarly, a 
100 nF DC-decoupling capacitor was added at the input. 

The logarithm accuracy is within ±3 dB in a 60 dB dynamic range and within 
±1 dB in a 42 dB dynamic range. The offset compensation does not seem to work 
effectively enough to reduce errors at low signal levels. However, at these amplitude 
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Figure 7.29 The microphotograph of the logarithmic amplifier. 


levels many other effects such as crosstalk and limited power supply rejection begins 
to limit the operation. In this logarithmic amplifier, all limiting amplifiers are identical 
and thus the piece-wise linear approximation is not optimal for the full dynamic range. 
The error with a large input signal amplitude can be reduced by resizing the summing 
currents of the first two limiting amplifiers. 

The temperature dependency of the detected signal amplitude is within ±1 dB in 
a temperature range from -20 °C to +80 °C. As can be seen from the output voltage 
vs. the temperature plot in Figure 7.31, the operation of the current reference is not 
yet optimal. Temperature behaviour of the devices is not generally modelled accu¬ 
rately enough, so this is the accuracy expected in the first process run. By resizing 
MP3 and MP4 in the current reference, it would be possible to reduce the temperature 
dependency to 10-20 ppm/K rather than the-150 ppm/K in this test chip. 

The temperature dependent error can be regarded as output offset and almost no 
gain error is present in this logarithmic amplifier. However, in the other published 
MOS pseudologarithmic amplifiers [11, 12J, significant temperature dependent gain 
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Input signal level / dBm 


(a) 



Input signal level / dBm 


(b) 


Figure 7.30 The measured logarithm accuracy in the temperature range of -20.. .+80 °C. a) 
The logarithmic output voltage, b) The input referred error in decibels. 
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Figure 7.31 The output voltage vs. temperature with a 100 kHz -20 dBm input signal. 


error is present caused by the temperature and process dependent liming voltage level. 
Furthermore, in [12] the measurements are obtained with an accurate external bias 
current rather than an on-chip reference bias circuit. Therefore, if the piece-wise linear 
approximation error is reduced by using more amplifier stages with a lower gain and 
rescaling the summing outputs, very accurate logarithmic amplifiers can be realised 
with this circuit topology. 


If the supply voltage were further reduced, a differential limiting current amplifier 
topology of 7.18 could be used as in this case the NMOS current-mirrors in the in¬ 
put and output differential stages can be changed into NMOS current-sources. These 
NMOS current-mirrors also cause asymmetric settling behaviour when the signal am¬ 
plitude exceeds the limiting level of the amplifier. This asymmetric operation causes 
errors in the offset compensation network, thus limiting accuracy at high frequencies. 
This error mechanism is not present in the differential limiting current amplifier and 
thus also more satisfactory high frequency operation is achieved. 
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Figure 7.32 The peak detector discharge time constant adjustment principle. 


Transistors 

Aspect ratio / /jm/ym 

MN1-2 

500/10 

MP3 

20/0.5 

MP1 

60/0.5 

MP2-3 

120/0.5 

MND1 

250/5 

MND2-3 

10/10 

MPDI 

20/10 

MPD2-3 

4/10 


Table 7.5 The device dimension of the current peak detector in Figure 7.32. 
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7.3 Other approaches 

Current peak detector with enhanced discharging time constant adjustment 

A discharging time constant can be added in the traditional voltage-mode peak detector 
by adding a resistor R parallel to the peak voltage holding capacitor C. In this case, the 
output voltage can be expressed as a function of time as 

vout = ve~ (7.27) 


This means that the output voltage decreases with a rate dependent on the initial signal 
peak in addition to the time constant itself 


(Ivqut 

dt 



(7.28) 


In the current peak detector a discharging resistor becomes too large to be inte¬ 
grated. Furthermore, because of the square-law voltage-to-current conversion char¬ 
acteristics of the MOS-transistor, the discharging operation is significantly different. 
In the current peak detector used in the designed pseudologarithmic amplifier (Figure 
7.28 and Table 7.4), the current memory gate charge is discharged with a constant 
current Iqq resulting in an output current equation 


iour = 


P 

2 



(7.29) 


Then, the output current decreases with a rate 


dipur _ $h)Q 
dt ~ C 




(7.30) 


Thus, the output current decreases at an almost fixed rate. Therefore, at high input 
signal levels, the detected peaks are held for a very long time while at low signal levels, 
these detected peaks are discharged very rapidly. In the designed pseudologarithmic 
amplifier, the variation of current amplitude was relatively low so this nonideality did 
not cause any problems. However, if the dynamic range of the detected signal is large, 
this discharging behaviour is not acceptable. 

This problem can be avoided by the enhanced current peak detector in Figure 7.32 
[19]. In this case, the transistor MND1 and the resistor R D q convert the voltage at the 
peak current memory node A into a signal dependent discharge current. This current is 
further attenuated in the PMOS current-mirror (MPD1-3). The discharge current I D q 
is supplied both into the input and the current memory node in order to avoid offset 
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current in the detected peak current. 

The discharge time constant can be controlled by the resistor Rqq, by the mirroring 
ratio of the PMOS current memory MPD1-3 or by adding external capacitance to the 
current memory node A. In order to maximise the speed without sacrificing adjusta¬ 
bility internal capacitance and an external resistance are preferred. 


Simulation results The current peak detector is designed and simulated with a mod¬ 
ern 0.5 jjm CMOS-process, using BSIM 3V3.1 simulation models for the transistors. 
An additional 1 pF capacitor is added to the input to simulate the effect of parasitic 
capacitances. The resistance Rdq controlling the discharge time constant is set to 100 
kQ while other device dimensions are listed in Table 7.5. 

The simulated waveforms of the peak detector with the enhanced discharge time 
constant circuitry are presented in Figure 7.33. The frequency of the sinusoidal input 
frequency is 500 kHz and the input peak current varies from 1 /uA to 1 mA. Further¬ 
more, the supply voltage is set to 3 V. The simulations show that the discharge time 
constant is almost constant as long as the detector itself operates correctly. Similarly, as 
the discharging ramp is almost linear in a logarithmic scale, the discharging behaviour 
is similar to the exponential discharging behaviour of the conventional voltage-mode 
peak detector. 



Figure 7.33 The simulated peak detector output current with the input current amplitude varied 
from 1 /jA to 1 mA. 



Relative peak detection error / dB RMS output current / A 
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Peak input current / A 


(a) 



(b) 


Figure 7.34 a) The simulated RMS output current vs. input signal amplitude, b) The simulated 
peak detection error vs. supply voltage. 
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Figure 7.35 The frequency response of the peak detector with 10 /iA, 100 /./A and 1 mA inpul 
amplitudes. 


A more efficient measure tor the peak detection accuracy is the RMS value of the 
detector output current in Figure 7.34a. At high negative current peaks, the inverter 
with the diode-feedback (MP2-3 and MN3) fails to source enough current and in worst 
case situation the inverter output voltage drops to a level at which the PMOS-switch 
MP1 begins to conduct again and thus the current memory transistors MN1 and MN2 
fail to hold the detected peak value. 

The simulated RMS output current is further used to show the peak detection error 
in Figure 7.34b. The approximately 0.4 dB systematic error deriving from the output 
voltage ripple is subtracted from this error plot. Peak detection accuracy better than 
1 dB is possible in a dynamic range of 44 dB with a 2 V supply voltage. With a 3 V 
supply voltage, the dynamic range increases to 51 dB and with larger supply voltages, 
even wider dynamic range is reached. 

The frequency response of the peak detector is simulated by varying the input sig¬ 
nal frequency in transient analysis with three different input signal amplitudes (10 ,uA, 
100 /jA, and 1 mA). The peak output current values are displayed in Figure 7.35 and 
the results are normalised with the input current amplitude and expressed in decibels. 
The simulations show that the -3 dB corner frequency is approximately 3 MHz with a 
10 /li A signal amplitude and this corner frequency exceeds 100 MHz at a 1 mA signal 
amplitude. The detection corner frequency depends strongly on the hold capacitance 
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and thus by using smaller gate areas for the current memory transistors, faster oper¬ 
ation is achieved. However, in this case, the tuning range of the discharge current is 
limited by transistor leakage currents and additionally errors caused by the switching 
transients will limit the detection accuracy. 

Applications The dynamic range is limited by the current driving capabilities of the 
inverter when bi-directional input currents are used. Therefore, the dynamic range 
depends strongly on the supply voltage. However, with a unipolar input current, this 
peak detector operates well even with larger currents. In any event, this peak de¬ 
tector exhibits relatively large dynamic range and wide bandwidth with very simple 
circuitry. Therefore, in logarithmic signal strength measuring applications this peak 
detector could be placed before the logarithmic amplifier. In this case, the logarithmic 
amplifier must process only slowly varying unipolar currents resulting in much simpler 
logarithmic amplifier realisations such as the diode-feedback logarithmic amplifier of 
Figure 7.1 or the current-mirror based pseudologarithmic amplifier of Figure 7.17. 

References 

[1] B. Gilbert, “Translinear circuits: a proposed classification," Electronics Letters, 
vol. 11, pp. 14-16, 1975. 

[2] B. Gilbert, "Current-mode circuits from a translinear viewpoint: a tutorial,” In: 
C. Toumazou, F.J. Lidgey and D.G. Haigh (ed), Analogue IC design: the current¬ 
mode approach. Peter Peregnirus, London, 1990, pp. 11-91 (Chapter 2). 

[3] B. Gilbert, "Translinear circuits: an historical review ” Analog Integrated Circuits 
and Signal Processing, vol. 9, pp. 95-118, March 1996. 

[4J E. Seevink, R. Wiegerink, "Generalized Translinear Circuit Principle,” IEEE J. 
Solid State Circuits, vol. 26, pp. 1098-1102, 1991. 

[5] K. Koli, K. Halonen, "BiCMOS current-feedback operational amplifier with 60 
dB constant bandwidth range," International Symposium on Circuits and Sys¬ 
tems, London, May 1994, pp. 525-528. 

[6] K. Koli, K. Halonen, "Temperature compensated logarithmic peak detector”. 
Analog Integrated Circuits and Signal Processing, vol. 9, pp. 131-140, March 

1996. 

[7] B. Gilbert, “Bipolar current mirrors,” In: C. Toumazou, F.J. Lidgey and D.G. 
Haigh (ed), Analogue IC design: the current-mode approach, Peter Peregnirus, 
London, 1990, pp. 239-296 (Chapter 6). 




References 


257 


[8] J. Greer, “Error analysis for pseudologarithmic amplification”, Measure and Sci¬ 
ence Technol., vol. 3, pp. 939-942, 1992. 

[9] W. Barber, E. Brown, “A true logarithmic amplifier for radar IF applications,” 
IEEE J. Solid State Circuits, vol. SC-15, June 1980, pp. 291-295. 

[10] B. Gilbert and B. Clarke, “Monolithic DC-120 MHz log amp is stable and accu¬ 
rate (AD640),” Analog Devices, vol.23, no. 3, pp 3-6, 1989. 

[11] K. Kimura, “A CMOS logarithmic IF amplifier with unbalanced source-coupled 
pairs,” IEEE Journal of Solid-State Circuits, vol. SC-28, pp. 78-83, 1993 

[12] S. Khorram, A. Rofougaran, A. Abidi, “A CMOS limiting amplifier and signal- 
strength indicator,” Symposium on VLSI Circuits, 1995, pp. 95-96. 

[13] P. Gray, R. Meyer, Analysis and Design of Analog Integrated Circuits, second 
edition. New York, John Wiley & Sons, 1984, 771 p. 

[14] J. Ramirez-Angulo, E. Sanchez-Sinencio, A. Rodriguez-Vazquez, “A piecewise- 
linear function approximation using current mode circuits,” Proc. IEEE Int. Sym¬ 
posium on Circuits and Systems (ISCAS-92), San Diego, May 1992, pp. 2025- 
2028. 

[15] K. Bult, H. Wallinga, “A class of analog CMOS circuits based on the square-law 
characteristic of an MOS transistor in saturation,” IEEE J. Solid State Circuits, 
vol. SC-22, pp. 357-365, June 1987. 

[16] B. Linares-Barranco, A. Rodriguez-Vazquez, E. Sanchez-Sinencio, J. Ramirez- 
Angulo, “Generation, design and tuning of OTA-C high-frequency sinusoidal os¬ 
cillators”, IEE Proceedings-G, vol. 139, no. 5, pp.557-568, Oct. 1992. 

[17] T. Fiez, R. Croman, E. Schneider, M. Goldenberg, “Current-mode signal process¬ 
ing,” in M. Ismail, T. Fiez (ed.). Analog VLSI Signal and Information Processing, 
MacGraw Hill, 1994, pp. 248-311 (Chapter 6). 

[18] Koli, K., Halonen. K., “A 2.5 V temperature compensated CMOS logarithmic 
amplifier,” Proc. IEEE Custom Integrated Circuits Conference (CICC’97), Santa 
Clara, May 1997, pp.79-82. 

[19] Koli, K., Halonen, K., “Low voltage MOS-transistor-only precision current peak 
detector with signal independent discharge time constant,” Proc. IEEE Interna¬ 
tional Symposium on Circuits and Systems (ISCAS’97), Hong Kong, June 1997, 
pp. 1992-1995. 



This page intentionally left blank 



Conclusions 


The push-pull second-generation current-conveyor realised with a complementary bipo¬ 
lar integration technology is probably the most appropriate choice as a building block 
for low-distortion current-mode signal processing applications when supply voltages 
are relatively large (±5 V or larger). Furthermore, this amplifier is already commer¬ 
cially available. There are current-feedback operational amplifiers such as AD844 and 
OPA 660 in the market that can additionally be used as a current-conveyor. 

In modern low-voltage CMOS-processes push-pull second-generation current-con¬ 
veyors have numerous shortcomings. First, it has a very limited input voltage range 
because of the bulk effect. Furthermore, the linearity of this amplifier depends con¬ 
siderably on the matching between PMOS- and NMOS-transistors. Finally, the X- 
terminal impedance of CMOS second-generation current-conveyors is usually too high 
for high-frequency low-distortion applications. 

Although most low-gain CMOS current amplifiers operating in open-loop attain 
only moderate performance, there are high-gain CMOS current amplifier topologies 
that work well even with low supply voltages. Both current-mode operational am¬ 
plifiers and high-gain current-conveyors provide a large open-loop current gain with 
a wide bandwidth with a relatively simple circuitry. These amplifiers exhibit distor¬ 
tion performance comparable to voltage-mode CMOS operational amplifiers. When 
low load and feedback impedance levels are required, these current amplifiers have 
better linearity than voltage-mode operational amplifiers since the linearity of current¬ 
mode operational amplifiers and high-gain current-conveyors is virtually independent 
of impedance level. Additionally, these current amplifiers can reach a higher full power 
bandwidth than voltage-mode operational amplifiers and while the CMOS-processes 
are further scaled down, this difference becomes even greater. 

The current-mode operational amplifier and the high-gain current-conveyor are al¬ 
most identical devices. They both have a second-generation current-conveyor as an 
input stage although in the current-mode operational amplifier, the input stage is a 
positive conveyor whereas in the high-gain conveyor, this input stage is a negative 
conveyor. Similarly, the output stage of a high-gain conveyor could also be a differen¬ 
tial amplifier stage, in which case only the output ports must be interchanged. There 
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are in addition many applications in which the noninverting output is grounded so that 
half of the output stage current is unused and thus a high-gain current-conveyor could 
be used in preference. 

Voltage-mode operational amplifier based circuits can be converted by the adjoint 
principle to current-mode circuits using current-mode operational amplifiers as active 
elements. According to the adjoint principle, the single-ended voltage output of the 
voltage-mode operational amplifier is converted to a single-ended current input in the 
case of the current-mode operational amplifier. However, in many applications, a low 
impedance input without a well defined voltage level is difficult to use. Therefore, the 
hidden input conveyor Y-terminal should be available as an additional input terminal, 
rendering the input of the current-mode operational amplifier identical to the input of 
the high-gain current-conveyor. 

Based on these facts, it would be convenient to include the current-mode opera¬ 
tional amplifier in the category of high-gain current-conveyors. In this case, only the 
output stage topology can be selected according to the requirements of the applica¬ 
tion, which, however, is often also the case in the design of voltage-mode operational 
amplifier based circuits. 

The design examples of current-mode filters implemented with a differential high- 
gain conveyor with a linearized output stage in Chapter 6.9 show promising perfor¬ 
mance with low supply voltages. Because the used output stage topology is easily 
scalable, programmable current-mode signal processing applications can also be re¬ 
alised with this differential high-gain conveyor. Similarly, this conveyor can be used 
as a highly linear amplifier in a closed-loop configuration. 

Limiting current amplifiers is a simple and relatively process variation independent 
solution to piece-wise approximation of non-linear functions in CMOS-technology. 
Similarly, many other non-linear signal processing functions such as peak rectifiers 
can provide relatively wide bandwidth and dynamic range. 

Although current-mode circuit techniques represent an efficient way to realise 
CMOS circuits there are however certain applications in which voltage-mode tech¬ 
niques are a more appropriate option. For example voltage followers are best realised 
with voltage-mode operational amplifiers with rail-to-rail input and output voltage 
swing. Similarly, in applications where low input offset currents are required volt¬ 
age amplifiers perform more efficiently than current amplifiers. When designing in¬ 
tegrated circuits, there are no limits in choosing the design techniques. It is hoped 
that this thesis may have provided sufficient information to help the circuit designer 
choose the most appropriate circuit technique for the application in hand. The correct 
current amplifier in the correct application may provide far better performance than 
the conventional “low risk” approach. 
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Basic distortion definitions 

A.l Harmonic distortion 

The nonlinearity of weakly non-linear circuits can be modelled by means of a power 
series, in which case, the nonlinearity of a voltage amplifier can be modelled as 

vour = a 0 + a iv in + a 2 vj„ + a 3 v-„ + a 4 vf„ +... (A.l) 

and similarly, the nonlinearity of a current amplifier can be modeled as 

iour = «o + «i</n + a 2‘l, + a 3'?„ + a 4*?„ + •■• (A.2) 


If one assumes that, in the case of the current amplifier, the input signal is 

ii„ = isincor, (A.3) 

the harmonic components can be collected with simple trigonometric equations as 


‘out 


1 -5 ( * 3 , . 

«o + -tf2f + 7<?3/ I sinco/ 


—a2< z cos2cDt — -a-\r sin 3cot, 
2 4 


(A.4) 


where polynomial terms higher than third order are neglected as they seldom are sig¬ 
nificant anyway in weakly non-linear circuits. In this case, the second order harmonic 
distortion can be expressed as a ratio of spectral components at frequencies 2(0 and (0 


1 a 2 

2 


as 


HD2 


(A.5) 
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if one assumes a\l^S> . Respectively, third order harmonic distortion is expressed 
as a ratio of spectral components at frequencies 3(0 and co, relying on the same as¬ 
sumptions as 

T) 

HD3fu'- — . (A.6) 

4 a | 


A.2 Interlmodulation distortion 


Let us assume an input signal contains two frequencies (0; and or? with the same am¬ 
plitude /: 

= /'(sintoif 4-sinOb/) . (A. 7) 

By using similar trigonometric manipulations, one can collect the terms at frequencies 
(0; ± 0)2 and divide them either with the term at (0; or ( 1)1 to form the second order 
intermodulation distortion as 

HD2xs—i. (A.8) 

«i 

Similarly, collecting the term at frequencies 2(0| ±(th and CO) ± 2(0i, results in a third 
order intermodulation distortion as 

3 ci'] 

HD2 « —-r. (A.9) 

4 ci\ 

When the harmonic and intermodulation distortion equations are compared, it is clear 
that there is a simple ratio between them 

I M2 = 2HD2, (A. 10) 

I M3 = 3HD3. (A. I 1) 

Therefore, in weakly non-linear circuits there is a one-to-one correspondence between 
harmonic and intermodulation distortion, only one which needs to be calculated or 
measured. In many cases, it is easier to measure intermodulation distortion because 
the distortion of the signal source and the device under test can be shifted to differ¬ 
ent frequencies. Moreover, harmonic distortion measurements may be impossible in 
narrow-band applications such as bandpass filters. 
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A.3 Distortion in feedback amplifiers 
A.3.1 Distortion in quasi-static feedback amplifiers 

The block diagram of a voltage amplifier with feedback is presented in Figure A.l. 
The main amplifier is assumed to have a polynomial nonlinearity 

a i V,- + a 2 vj + a^vj +... (A. 12) 

in open-loop configuration if the amplifier is assumed quasi-static so that there are no 
time constants affecting the circuit behaviour in the frequency range of interest. This 
assumption is valid considerably below the dominant pole of the amplifier. A part (or 
all) of the output signal V/ = fv„ is subtracted from the signal v v coming from the 
source so that the signal V; at the amplifier input is 

Vi = v s -fv u , (A. 13) 


which leads to a recursive equation for the output signal 

v„ = «i (v s -/)'„) +a 2 (v i ~fv 0 ) 2 +a 3 (v s -fv„) ? '+... (A. 14) 


Once more, the feedback is assumed frequency independent. 

An alternative power series expression for the closed-loop output voltage can be 
written as 

V 0 ! =a l \V.,+a l 2vj + a' i v] + ... (A.15) 


where the coefficients are obtained by the Taylor series approximation by 


a 


i 

n 


1 d"v 0 
n\ 


l >,=0 


(A.16) 


Because v 0 = f(v s ) the coefficients a!„ can be obtained from Equation (A. 14) by intrin¬ 
sic derivation, relations between open-loop a„ and closed-loop a' n nonlinearity coeffi¬ 
cients can be derived as 



(A. 17) 


Figure A.l The block diagram of an amplifier with feedback. 
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“2 


a 3 


ai 

(l+/«,) 3 ’ 

g3p +/fl|) -lfa\ 

(1 +f a i) 5 


(A. 18) 
(A. 19) 


The closed-loop harmonic distortion can be expressed by using these coefficients in 
conjunction with Equations (A.5) and (A.6). Thus, the second-order harmonic distor¬ 
tion is 




a 2 


2 a { (1 +fa\f' 
and the third-order harmonic distortion is 


HD3 = 


v 2 s Ml+/ai)-2/fl£| 


(A.20) 


(A.21) 


4 a\ (1 + fci\f 

The equations show that, if the loop-gain T = fa\ is sufficiently large, the feed¬ 
back effectively reduces distortion. Moreover, there is third-order distortion present in 
the closed-loop amplifier, even if the open-loop equation has only second order distor¬ 
tion because a part of the distorted signal is fed back to the amplifier input, creating 
an infinite number of harmonics, even with an ideal square law nonlinearity. It is also 
possible that, with certain nonlinearity and feedback coefficient values, cancellation of 
third order distortion may occur. However, this minimum in distortion is a very nar¬ 
row region and process variation renders it impossible to use this feature in distortion 
reduction. 


A.3.2 Distortion in dynamic feedback amplifiers 

In high gain feedback amplifiers, the open-loop gain decreases with frequency, start¬ 
ing from the dominant pole of the transfer function, which may be several decades 
below the closed-loop corner frequency. Problematically, the derived harmonic dis¬ 
tortion equations assume that all polynomial coefficients are independent of frequency 
and therefore Equations (A.20) and (A.21) cannot accurately predict the distortion at 
frequencies above the dominant pole of the amplifier open-loop gain. 

In high gain amplifiers, the signal amplitude constantly increases in the signal path 
from the input to output. The distortion is strongly dependent on the signal amplitude 


+} 



V / 




- 0 - 


Figure A.2 The block diagram of a two stage amplifier with feedback. 
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and therefore, in most cases, it is safe to assume that the output stage of the amplifier 
dominates the nonlinearity of the amplifier. In this case, the amplifier can be divided to 
produce a cascade of two amplifiers whereby a linear frequency dependent amplifier 
drives a non-linear frequency independent amplifier, as depicted in Figure A.2. 

The non-linear output amplifier is assumed to have a polynomial nonlinearity 

v 0 (t) =b\v h + b 2 vl + bivl + ... (A.22) 

The small-signal open loop gain of the whole amplifier between the dominant and the 
nondominant pole can be approximated as 

A 0 ((s) = — = —. (A.23) 

Vi s 

Then the output voltage of the linear input amplifier stage as a function of time is 

Vh (0 - ~ J v s -fv 0 dt. (A.24) 

If one assumes sinusoidal input voltage 

v s (t) = v„e m , (A.25) 

it can be surmised that the voltage at the input of the output amplifier stage is 

v h {t) = V\e iw> + V 2 e 2jw + VT,e ijw , (A.26) 


It is evident that higher order harmonic components are present in the feedback ampli¬ 
fier but they can be neglected if low distortion conditions are assumed. With this input 
voltage, the output voltage of the whole amplifier is 

v 0 (t) = b^e^ + (b l V 2 + b 2 V 2 )e 2jm ‘ 

+ (i>iV 3 + lb 2 V\V 2 + fc 3 V?) e 3 '™ + ... (A.27) 


Similarly, v; can be expressed as a function of v b as 
b { dv b {t) 


Vi(t ) = 


coo dt 

= b\V\ J —e JW + 2b ] V 2 ^e 2jw +3b i V 3 ^J Ja ‘. 
COo COo ®0 


(A.28) 
(A.29) 


Because v; = y, — fv 0 , equations can be set up for the three frequencies 
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2biV 2 — = b\V 2 + b 2 vf, 

®0 

3b\V-\— = b\V 2 + 2b 2 V\ V 2 + b 2 V?, 

C0() 


and solve Vi , V 2 and V 3 : 

v _ v s top 
1 b\ jCi)+/(»o’ 

v 2 = - V 1 __, 

b] (y'o) + /coo) 2 (2yco + /o)o)’ 

v _ /cQqV^ foi 63 (2jto + /(Op) - 2fb\fh\) 

b \ (j(i> + /to 0) 3 (2y'co + /too) (3/co + /too) 


(A.31) 
(A.32) 

(A.33) 
(A.34) 
(A.35) 


As Vft(t) is now solved, the coefficients Vi , V 2 and V 3 can be substituted to Equation 
(A.29) and the output voltage expressed as 


Vo(t) 


V.v ~ Vi 

f 

COqV v 




+ 


2vi 


b 2 j(MC>l 


j<a + f(Oo~ ' b] (70 4 -/coo) 2 (2j(o + /o>o) 
3cOqv| bjbj {2ju>+ /top) - 2 /^/coq 




+ 


* 1 (y® + /coo) 3 (2y'co + /COo) (3yta + /coq) 


(A.36) 


(A.37) 


The magnitudes of these coefficients are needed to express the harmonic distortion 
of that amplifier. The second order harmonic distortion is therefore derived as before 
as 


HD2 = v„ 


b 2 tocoo 

/; i ^/to 2 +/ 2 to^4a) 2 +/ 2 o)g 


(A.38) 


and respectively the third order harmonic distortion is 


HD3 = 


3v? 


OXOn 


(C0 2 + / 2 C0 2 ) ^90)2+/ 


2 ®n 
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t/dco^T / 2 ®o 


(A.39) 


Since the open-loop amplifier is assumed as an integrator, Equations (A.38) and (A.39) 
predict the harmonic distortion adequately only at a frequency range between the dom¬ 
inant and the nondominant pole of the amplifier open-loop transfer function. However, 
because of stability and settling time requirements, the nondominant pole of the am¬ 
plifier is normally two or three times the unity gain frequency (Do and the harmonic 
distortion is predicted accurately enough at frequencies below a>o. Similarly, at low 
frequencies Equations (A.20) and (A.21) can be used to predict the harmonic distor¬ 
tion of the amplifier. 
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Since the focus here is on the distortion within the closed-loop bandwidth of the 
amplifier, if (0 < Equation (A.38) simplifies to 


HD2 = 


to I) 2 A 
/Wo b ] V ' 


(A.40) 


Letting v x = fv„ and v„ = b\ v/,, the distortion in respect to the open-loop distortion can 
be rewritten 


HD2 = — HD2 b = 
/Mo 


HD2 h 

/K,(2(0)|’ 


(A.41) 


where 

Vi, bi 

HD2 h (A.42) 

2 b\ 

is the open-loop second order distortion of the output amplifier. Therefore, the closed- 
loop second order distortion of the entire amplifier is equal to the open-loop second 
order distortion of the output amplifier divided by the loop gain at the frequency of the 
harmonic component. Similarly, the third order harmonic distortion can be rewritten 
as 


HD3 


3 co „ 2 \bsh\ -2b\ 
4fhao V ' bj 
\HD\-2HD2l\ 

~ f\A„i( 3m)| ’ 


(A.43) 
(A.44) 


if (0 < (jj. Once more, in this case the distortion is attenuated by the loop gain at 3(0. 
However, the closed-loop third order distortion depends both on the second and third 
order distortion of the output amplifier. 
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Appendix B 


Distortion in push-pull current 
amplifiers 

B.l Class-A operation 

At signal current amplitudes significantly lower than the quiescent current (class-A 
operation), the input signal is divided approximately equally between the upper and 
lower half-circuit: 

4 » Iq+ y, (B.l) 

4 ~ /fi-y- (B.2) 

The nonlinearity of the two separate signal paths can be modelled with power series 
fix) and g(x): 


f(x) = «o + a l x + a 2 x 2 + 03^ + 04/ + (B. 3 ) 

g(x) = bo+bix + i‘2x 2 +/73X 3 + b 4 x 4 + ..., (B.4) 

so that the harmonic distortion of one of the half-circuits can be approximated by 
letting x = i sin (at and collecting the harmonic components as 


HD2 w 
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a 2 

a \ 


(B.5) 
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HD3 ss 
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-4N. 

(B.6) 


In this case, the output current can be approximated as 

'out = /(4) - &(4) 
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ci\ +b\ . 

flo - bn + («i —b |) Iq H--—fw 
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(B.7) 


By letting i/fj = i sin CO/ and collecting the harmonic components the second harmonic 
distortion in a class-A push-pull current amplifier is 


HD2 


i I ci 2 - b 2 
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a i +b i 
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(B.8) 


and the third harmonic is 


HD3t 


ai + bj 


a\ +b | 


— |« 3 - 


(B.9) 


As a consequence of the signal division at the input, the signal amplitudes in the 
two half-circuits are half those of the original signal, which attenuates the second order 
harmonic distortion by 6 dB and the third harmonic distortion by 12 dB when com¬ 
pared to the distortion of the half-circuits. If the nonlinearities of the half-circuits are 
correlated, the even order harmonic components are efficiently attenuated. Problemat¬ 
ically, most of the distortion generation mechanisms in the half-circuits are relatively 
random processes and therefore exact cancellation is not possible. Furthermore, since 
the upper and lower half-circuits are fabricated with opposite type of transistors, the 
matching of the nonlinearities between the two half-circuits is difficult to achieve. 
Furthermore, as a result, the input current signal division is not exactly symmetrical, 
which increases at least the second order distortion. 

The operation of the push-pull amplifier is similar to differential amplifier struc¬ 
tures, which similarly reject even nonlinearities. However, in differential structures, 
the two half-circuits have closer matching since both amplifiers use the same type of 
transistors and have equal device sizes. The decision whether to use push-pull or dif¬ 
ferential structures depends on the requirements of the application: 


• Push-pull structures need twice the supply voltage of differential structures while 
differential structures need twice the supply current of push-pull structures. 


• The even nonlinearities are more accurately cancelled in differential circuits. 


• The differential structures are usually limited to class-A operation while most 
push-pull structures can operate with much larger signal currents. 
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B.2 Class-AB operation 


In a push-pull connected class-AB current amplifier operating with signal amplitudes 
significantly larger than the quiescent current the class-A region rapidly becomes a 
small zero crossing region. In the time domain, therefore, the class-AB amplifier is 
in the class-A region for a very small fraction of the signal cycle time. Moreover, 
class-AB amplifiers are typically very linear at the class-A region, as explained in 
Appendix B.l. Because the operation in the class-B region is usually strongly non¬ 
linear, the distortion of a class-AB amplifier becomes almost equal to the distortion of 
the same amplifier biased as a class-B amplifier as signal amplitudes increase. There is 
additionally cross-over distortion present in a class-B amplifier, but it is not included 
in these calculations as they include transients, which depend on the signal amplitude 
and frequency and circuit topology and are therefore very difficult to predict. 


Let us assume a current amplifier that amplifies positive halves of the input signal 
by a current gain ofri| and the negative halves of the input signal by a current gain of 
b |. Additionally, second order nonlinearity is assumed and thus the output current is 


iour(t) 


a i iw+ 'f ‘in > 0) 
b\iiN-b 2 ‘ 2 iN if i/N < 0 , 


(BIO) 


where i/pj = /sin CO/. The positive and negative amplification coefficients differ from 
each other only slightly so that a„ ~ b n . In this case, the harmonic content of the output 
current can be calculated by deriving the complex coefficients of the Fourier series: 



where T = ~ represents the period of the fundamental input frequency and n is a 
positive integer. 

After a process of integrating and making simplifications, the equation reduces to 
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(B. 12 ) 
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where C„i combines the first two sum term due to the gain coefficients a\ and b\, and 
C„ 2 combines the last two sum terms due to the second order nonlinearity coefficients 
a 2 and b 2 . The term C„| is zero when n is odd. Furthermore, C„i is undefined when 
n = 1. By substituting n = 1 +5, where 8 <C 1, and approximating e“^ w I + cijnb, 
C n i can be rewritten near n = 1: 

g -jn(l+8) i e -2jn(l+8) e -jit(l+8) 

C "' = 7t8(5 + 2 ) +b ' 7t8(8 + 2) 

-a\ jn8 - b{ jn6 ,a\+b\ ,a\+b\ 

“ ,6(8 + 2) -* lB ' ,3) 

5 -> 0 


Accordingly, the term C „2 is zero when n is odd and undefined when n = 2. When 
n — 2 + 8 is substituted and the same series approximation as with C„i is used, C „2 can 
be rewritten near n — 2 : 


e -2Ji(2+8) _ , e - 2 jn( 2 +&) + g -jn (2 18) 

2fl2 jiS(S + 2)(8 + 4) _2Z, ‘ 718(8 + 2 ) (8 + 4) 

n -a 2 jnb + b 2 jKb _ n . «2 - 1>2 u 2 ~b 2 

718(8 + 2 ) (8 + 4) " J (8 + 2) (8 + 4) ~ J 4 

8 0 


Consequently, these results can be collected for all positive values of n: 


-%(a\+h\)-‘^ j -{ai + b 1 ) if«=l, 

— ^ — — T («2 — ^ 2 ) if« = 2, 

~ m( 4 /- 4 ) fa + h) ifnisoddandn > 3, 

~ n(+-t) ( fl| ~^t) if n is even and u > 4. 


(B. 15) 


These results reveal that the second order distortion depends on the matching of the 
gain and nonlinearity of the positive and negative signal paths. Furthermore, push- 
pull operation converts even nonlinearities of the two signal paths to odd harmonics 
in the output current. At low signal amplitudes, the gain mismatch dominates the 
distortion and therefore it is not necessary to calculate the effects of any higher order 
nonlinearities. 

The second order harmonic distortion of the push-pull amplifier is 


HD2 


4 at - b[ 
3tc a 1 +b\ 


(B.16) 


because the terms due to the distortion coefficients a 2 and b 2 become significant com¬ 
pared to the terms constructed from the current gain coefficients a 1 and b\ solely with 
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very large signal amplitudes. Moreover, third or even higher order distortion were as¬ 
sumed for the push-pull amplifiers, the contribution of these higher order distortion 
coefficients to the total distortion would have been insignificant as these coefficients 
would be initially small and decrease very rapidly with the signal amplitude. 

According to the same assumptions as with the second order harmonic distortion, 
the third order harmonic distortion is 


HD3 



112 + hj 
a i +bi 


(B.17) 


If this is compared to the initial nonlinearity of the push-pull connected amplifiers the 
third order harmonic distortion is 


16 16 

HD3 l>ush - pu ,i * — HD2 a « — HD2 h . (B.18) 

Thus, the push-pull connection converts second order distortion to third order distor¬ 
tion and attenuates it to approximately 9 dB. However, this is somewhat difficult to 
verify because the harmonic distortion of a half-circuit cannot be simulated or other¬ 
wise calculated at higher signal amplitudes than the quiescent current. 
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Distortion in CMOS operational 
amplifiers 


C.l Miller-compensated unbuffered operational amplifier 

In Figure C.l, a typical two-stage operational amplifier realised by using an n-well 
CMOS-process is presented. It uses Miller-capacitance for frequency compensation 
and has no output voltage buffer, so it is referred to as an unbuffered operational am¬ 
plifier. Because of the lack of output voltage buffer, the voltage gain of the output stage 
is relatively small and therefore a large voltage gain in the input differential stage (tran¬ 
sistors M i, M2, M3, M4 and M5) is required. For the same reason, the only significant 
source of nonlinearity in the amplifier is the output stage (transistors Mf, and M 5 ). In 
this case, the non-linear output current can be expressed as 

lour = VGS6 3 / 2 + 2 P6 v GX6- (C. 1) 

This output current is then converted into a non-linear output voltage 

vout = Rtiour, (C.2) 

where R' L is the effective output load impedance, including the output impedance of 
the amplifier and the loading effect of the feedback network in addition to the actual 
load impedance Ri. 

At low frequencies, the output voltage can be expressed as a function of the input 
voltage as 

vout = (C.3) 

where A v( / is the voltage gain of the input differential stage. If v,„ = — fvour< the 

closed loop harmonic distortion of the amplifier can be expressed by using equations 
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VDD 



Figure C.l An unbuffered Miller-compensated operational amplifier realised with a n-well 
CMOS-technology. 



Figure C.2 Equivalent circuit for high frequency distortion calculations. 


(A.20) and (A.21), derived in Appendix A 


HD2(0) = 


A' 


SIboR'i. (\ + fA'J 2 


(C.4) 


where A' ot = A v( tR' L y/2$fJfto is the loaded open-loop DC-gain of the operational am¬ 
plifier. In this case, it is more convenient to express the harmonic distortion in terms 
of output current amplitude rather than the input voltage amplitude and thus letting 
v,( = fR'Jom results in a second order harmonic distortion equation 


HD2(Q) = - 


i mu 


fK, 
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8 l »o (1 + fA ' ol ) 2 l »o 


(C.5) 


Similarly, the third order harmonic distortion can be expressed in terms of output cur¬ 
rent amplitude, by means of Equation (A.21), as 


HD3(0) = 


i L, fK) 

32/ «« (1 +/A’,i) 4 
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(C.6) 
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Since the compensation capacitor acts as a feedback element for the output stage at 
high frequencies, Equations (A.38) and (A.39), derived in Appendix A cannot be used 
to depict the distortion performance of the amplifier. Therefore, the high frequency 
distortion based on the equivalent circuit of Figure C.2 is calculated. The effect of 
channel length modulation in this equivalent circuit is ignored because it is important 
exclusively at low frequencies and the low frequency distortion equations are already 
derived. 

In this case, if one assumes that the voltages Vcs6 and vgs6 contain two harmonics 
in addition to the fundamental frequency: 

VG56 = V^+V^ + V^, (C.l) 

vovt = V ol e Ja ' + V„ 2 e 2ja, + V o3 e 3w . (C.8) 

Thus, Kirchoff’s law can be expressed in both nodes and the terms with the same 
frequency can be equated to solvecoefficients ...V^3 and V 0 i...V 0 3 . Additionally,the 
load conductance in the equivalent circuit is gi = -jjr and the global feedback is taken 
into account by letting 

vd = + fvour- (C.9) 


The output fundamental frequency component calculated is 

y _ _ gm\R' L vA b \ -j®Cc) _ 

01 bJg ml R' L + jaC c (1 + b l R' L - fg m [R ' L )' 


(C.10) 


Both b\R' L and fg m \R' L are significantly greater than one and in most cases the in¬ 
put transconductance g m \ is significantly smaller than b\ — g m (,. Therefore, one can 
approximate the equation as 


„ - 8mi b\ - jaC c _ , ®o - 

Vol ~ V, 1 ' r> — Ks . , r 5 

b\ fgm\+jaCc j(o + f(Oo 


(C.ll) 


where 0)o = Based on the same assumptions, the coefficients for the two harmonic 
frequencies are: 

v K 2^b 2 joml (1 + mR'tC, ) 1 

b\Z'i [j(£> + /coo) 2 (2ju) + /too)' 

„ t>v]b\j(i>(al (1 + yco/?',C r ) 3 

v o3 ~- u n ; - -t~ -r• (C.Uj 

b\R'l (yco + /coo) (3y(0 + /roo) 


Letting b\ = g m 6 = y/lfoho, ^2 = jf^and y t = fR'Joui results in a second order 
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harmonic distortion equation 
| Vo2 ! ^ bw/ 


HD2(a) = 


/®(®0 + ® 2 i’ml W L) 


= . (C.I4) 


2|v wl | 4 !r o /?; ^/(0 2 + / 2 ft)< 2 , \J 4 o ) 2 + / 2 0) ( 2 ,y kI ,0)2 -h/^co 2 

At frequencies below this equation can be approximated by a simpler expression 


HD2(u>) 


I 1 +co WfCf 


2 ho gmbR'i. ./|'4»/(2co)| 


(C.15) 


Therefore, at frequencies below CO;, = the distortion is proportional to frequency 
but above tothe distortion is proportional to the third power of the frequency. 
Similarly, the third order distortion is 


HD3((o) 


_ 2 l i/jtti \ 

~32 VW 


co/ 2 (cog + cox ,i K 2 ) z 


K (“ 2 + / 2 “o) l yjti, 


CD" 




(C. 16) 


Once more, at frequencies below this equation can be approximated by a simpler 
expression 


HD3(ai) 


ii 


1 _ 1 _ 

32 \ho) gmt>R'i. /|A„/(3co)| 


(C.I7) 


Since the distortion is dependent on the output current amplitude with very high 
impedance feedback and load, the distortion is very low. However, in order to max¬ 
imise the power efficiency, the maximum current and voltage swing should be reached 
almost simultaneously. The local feedback in the output stage caused by the compen¬ 
sation capacitor is similarly efficient only in the case of high impedance loads. 

At high frequencies, the gain at the output stage is low deriving from the com¬ 
pensation capacitor C, , in which case the nonlinearity of the differential stage plays 
a larger role in the nonlinearity of the amplifier. Generally, in Miller-compensated 
operational amplifiers, a resistor is added in series with the compensation capacitor 
C,. to compensate the phase shift arising from the right half-plane zero. This resistor 
reduces the local feedback in the output stage at high frequencies. Similarly, the load 
can no longer be assumed to be resistive near (Of,. Moreover, capacitive load reduces 
the voltage gain of the output stage and thus the high frequency distortion performance 
is altered. 

Taking these effect into account leads problematically to extremely complicated 
equations. In any event, several experimental and theoretical results show that the 
Miller-compensated operational amplifiers have a large distortion peak near the corner 
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Figure C.3 A folded cascode operational transconductance amplifier realised with a n-well 
CMOS-process. 


frequency [2, 3], as the derived equations show. Moreover, below the corner frequency 
the output transistor M remains the dominant source of distortion [3]. 


C.2 Folded cascode operational transconductance amplifier 

A typical folded cascode operational transconductance amplifier (OTA) is presented 
in Figure C.3. In this amplifier, the nonlinearity of the output current comes from the 
differential pair since there is no subsequent current gain in the circuit. If one assumes 
the differential pair transistors to be ideally matched, the differential input voltage is 

V'm = ('toI -V, ) - (>to2 - y,) = 1 

Because it can be assumed that l^p = ip\ + ip 2 , both input transistor currents can be 
solved as 

im = + (C.19) 

ini - P'i). (C.20) 

Since ip 2 is mirrored to the output, the total output current results in 


iour = im - im = y P (4//t» - P' 7 „), 
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if the errors due to the PMOS current-mirror are neglected. This equation holds true 
only if \v in \ < . 


Using Taylor-series approximation, the non-linear output current can then be writ¬ 
ten as 



(C.22) 


Since there is no quadratic term in the equation, in theory there is no second order 
distortion. At low frequencies, this output current is then converted into a non-linear 
output voltage 


vout = 


Z'Jout = Z' L Vi„ \/P/bd - 



(C.23) 


where Z' L is the effective output load impedance including the output impedance of the 
amplifier and the loading effect of the feedback network in addition to the actual load 
impedance Zi. In this case, letting v in = v, ? — fvour and using equation (A.21), the 
third order harmonic distortion at low frequencies expressed in terms of output current 
amplitude i ou , « v -j \jLim is 


HD3(0) = 1 


(La 2 f 

\ ! bd) (1 +fA' ol f 



(C.24) 


where A' ol = Z' L \f^lLu represents the loaded DC-gain of the amplifier. If this equa¬ 
tion is compared to the third order distortion of the Miller-compensated operational 
amplifier described in equation (C.6), the closed-loop distortion of the OTA displays a 
much stronger dependency on the loaded open-loop voltage gain. Because the open- 
loop voltage gain of an OTA depends strongly on the output load impedance, it is to 
be expected that the distortion increases rapidly if A' ol decreases. 

For a wide frequency range a one-pole approximation with a unity gain fre¬ 
quency 



represents an accurate model for the open-loop voltage gain of the OTA. Similarly, the 
non-linear model for the OTA can be thought of as a cascade of a non-linear amplifier 
stage and an integrator, as depicted in Appendix A. In this case, however, the non¬ 
linear amplifier precedes the integrator and thus Equations (A.38) and (A.39) cannot 
be used to depict the distortion performance of the OTA. 

If it is assumed that the input voltage of the OTA contains three frequencies 


= V ] e ju> ' + V 2 e 2jw + V 3 c 3 -' < ", 


(C.26) 
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the output voltage of the OTA can be expressed as 


vour{t) 


where 



(C.27) 

(C.28) 


= \/P Ibd 


(C.29) 

(C.30) 


By substituting Equations (C.26) and (C.28) with (C.9) and equating at all three fre¬ 
quencies the coefficient V \, Vi and V 3 can be solved as 



Vi 

V 3 


. 700 

Vi y'co+coo ’ 

°, 

.3 b3{j(0) 3 f(0o 

' b x (jco + Wo) 3 (3y{o + (Mo) 


(C.31) 

(C.32) 

(C.33) 


Finally, the frequency components of the output voltage can be expressed by means 
of Equation (C.9), resulting in a third order distortion as 


HD3(w) = 


Yi 

f 


. /■> , 2 3 
1 f lout \ d) 

32 UJ 


(C.34) 


where the harmonic distortion is once more expressed in terms of output current am¬ 
plitude l oW « At frequencies significantly below /(Oo, this equation can be 

approximated by using a simpler expression 


HD3[<a) 




1 /* \ 2 / \ 3 

1 / lout | | ® | 

32 \Ibo) \/cOo/ 


(C.35) 


Similarly, at frequencies above (Oo, the third order distortion can be approximated as 


HD3{a) 





(C.36) 


At high frequencies, the cascode transistors M 5 and M(, in addition to the PMOS 
cascode current-mirror, begin to generate distortion, leading to a non-zero second order 
distortion. However, in most cases, the closed-loop bandwidth is low compared to the 
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non-dominant poles deriving from the cascodes and the current-mirror and thus the 
amount of added high frequency distortion is similarly low. 
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Appendix D 


Distortion in a dual current-mirror 
integrator 


D.l Single-ended integrator 


A lossless inverting integrator can be constructed from a cascade of two current- 
mirrors, as depicted in Figure D.l [1J. In order to simplify calculations, all transistors 
are assumed to be ideally matched. Similarly, a second-order nonlinearity in the form 
of 

bn = b\ Vcsn + b 2 Va y„; n= 1. ..5, (D. 1) 

is assumed for each transistor. As the gate-source capacitances are relatively linear 
when the transistors are operating in the saturation region, the total mirror input capac¬ 
itances are represented as two linear capacitances, Ci and C 2 . 


VDD 



Figure D.l The principle of a dual current-mirror lossless integrator [ 1 ). 
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If one assumes a sinusoidal input current 

is(t) = (D.2) 

the voltages at the inputs of the two current-mirror inputs can be estimated to be in a 
form of 


vg.si(0 = Vi + Vi2e 2 -i u)l + (D.3) 

VGSi(t) = V’3ie-'“ + V-ije 2 ^ 1 + V^e 3 ^. (D.4) 

Higher order harmonic components are present caused by the feedback in the mirror 
input transistors, but they can be neglected if low distortion conditions are assumed. 
In this case, the Kirchoff’s current equation can be employed in the input node of the 
first current-mirror as 

ioi (0 + 104 W + ici (0 =4(0- (D.5) 

By collecting signal components of the same frequency, one can set up equations for 
three frequencies 


b\ (Hu -+- V 3 ,) -H 7 C 0 C 1 V, 1 = t„ (D. 6 ) 

bi {V \2 + V 32 ) + b 2 (H, 2 , +1/, 2 ,) + 2ycoC, V l2 = 0, (D.7) 

b,(V l3 +V 33 )+2b2(VuV l 2+V3,V 32 ) + 3j<oC l V l3 = 0. (D.8) 

Similarly, Kirchoff’s current equation in the input node of the second current-mirror is 

'D2(0 + iDt(0 + ic2{l) =0. (D.9) 

By collecting signal components of the same frequency, one can set up a further three 
equations as 


*1 (V, 1 + V 3I ) + y«oC 2 V 3 i - 0, (D.10) 

bi{V l2 + Vi2) + b2{V? [ +Vt l )+2juC 2 VT,2 = 0, (D.ll) 

bi{V li + V 33 )+2b 2 (VuVn + V i] V) 2 ) + 3j(0C2Vn = 0. (D.12) 

These six equations can be used to solve Hu, V12 , H13, V31, H32 and V33. The 
resulting frequency components for the first mirror gate voltage are 

v = fci+y(oC 2 

11 ja b\ (C\ +C 2 ) +y(nC l C 2 ’ 

„ b 2 C 2 % 2b] + 2j<Ab\C 2 -CW 

V\2 = -«- 5 -, (L>.14) 

to 2 (bi (C, + C 2 ) + jwC\C 2 ) 2 {b\ (C[ + C 2 ) +2jwCiC 2 ) 
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2 b\C 2 ^ 2b] + 2 jab { C 2 - Cfo 2 
j® 3 (b l (C ] +C 2 ) + jwC l C 2 ) 3 

_ MCi -C 2 )+2 7 0)C| _ 

X (*i (C, + C 2 ) + 2ycoC,C 2 ) (fr, (Ci +C 2 ) + 3ycoC,C 2 )' 


(D.15) 


Similarly, the resulting frequency components for the second mirror gate voltage are 


V31 — 

^32 = 

V 33 = 


_ 4 _ b\ _ 

j(£>b\ (C| +C 2 ) +y'coCiC 2 ’ 
h 2 C| 26 2 + 2 yrnfc | C 2 — C|(B 2 

® 2 (ii (C| + c 2 ) + y'(i)C|C 2 ) 2 (fc, (C, + C 2 ) + 2yfiaC,C 2 ) ’ 
2b\C\ 1 3 2£> 2 + 2yft)/t 1 C 2 — C|(0 2 
;® 3 (4| (Ci +C 2 ) + y'(t)C|C 2 ) 3 

x _ £>t (Ci -C 2 ) + 2yroC 2 _ 

(b\ (Ci +C 2 ) + 2yloCiC 2 ) (ftj (Ci + C 2 ) 4- 3ycoCiC 2 ) 


(D.l 6) 
(D.17) 


(D.l 8) 


In this case, letting C 1 = and C 2 = ^ and substituting V31, V32, and V33 to the 
drain current equation of the output transistor Ms, one can simplify and collect signal 
components of the same frequency, resulting in an output current 

iouT = 1\e J “ + he 2jw + he vw +... + / 6 e 62 “', (D. 19) 


where the fundamental frequency component 

_ - ®l®2 

1 li j<a(j<o+{Oi +a>2) ’ 


the second harmonic component 


h 


-2 i 2 mfo) 2 (m 2 + (0|(o 2 -co 2 ) 

1 /t 2 co 2 (yco -I- (Oi +co 2 ) 2 (2yco + (o l +0)2)’ 


and the third harmonic component 

_ rJ 2 ^(o ](02 (to 2 + 2jowy 1 - 2a» 2 ) (yffl(®i +3t02) -t- 2oi|( 02 ) 
’’ 4fito 3 (y(o + coi +(02) 3 (2yco + ooi +(02)(3y(0 + a)| + 0 ) 2 ) 


(D.20) 


(D. 21 ) 


(D.22) 


In order to realise an accurate integrator with this circuit, one of the mirror input 
capacitances must be significantly larger than the other. Normally, this is realised 
by placing the integrating capacitance at the input of the second current-mirror and 
thus the capacitance C 2 is much larger than the capacitance C\. Therefore, the second 
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harmonic component can be simplified by assuming (O 2 CO], resulting in 


h « 


*2 ^2 6^2 


(D.23) 


By means of simple calculations, it is clear that this result is identical to the second or¬ 
der harmonic component of the lossless integrator realised by a single MOS-transistor 
shown in Figure 6.9b. However, if the integrating capacitor is placed at the input of the 
first current-mirror, one can assume that ©2 CD 1 and Equation D.21 simplifies to 


h 


~zbi to 


(D.24) 


Therefore, this harmonic component would cancel the second harmonic component of 
the single MOS-transistor integrator. It would, however, be easier to use differential 
integrators to get the same effect. 

When the same assumptions are used to simplify the third harmonic component of 
Equation D.22, it is clear that 


h 


( 02 « 0 )| 


h 


0>2»UJ| 


«0. 


(D.25) 


Therefore, the nonlinearity of the dual current-mirror lossless integrator is almost iden¬ 
tical to a single MOS-transistor lossless integrator when one of the mirror capacitances 
is significantly larger than the other. 

Additionally, there is a notch in the second harmonic component at 


(0 = 




©2 - ( 0 ( 0 ) 2 , 


(D.26) 


if C0 2 > CO). Problematically, the notch is very nearer and is thus at too a high fre¬ 
quency to be useful in any application. Furthermore, in practical applications, an in¬ 
tegrator capacitance ten times greater than the plain current-mirror input capacitance 
readily results in a capacitor of at least 10 pF thus the two mirror poles cannot be 
moved far away from each other. Thus, a significant third harmonic component re¬ 
mains present and thus the integrator generates more distortion than a single MOS- 
transistor integrator. 


D.2 Differential integrator 

The two current-mirror loop can be rearranged to a differential lossless integrator, as 
seen in Figure D.2 [2,3]. In this case, the Kirchoff’s current equation can be used in 
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both input nodes as 


tDl (0 + lD4(t) + id (/) = hi 1 )- 

>D2{t) + im{t) += ~is( 0 - 


(D.27) 

(D.28) 


By comparing these equations to the current equations of the single-ended circuit, it 
is clear that Equations (D. 6 ), (D.7), (D. 8 ), (D. 11) and (D.12) apply similarly to this 
differential circuit; Equation (D.10) is only slightly modified, resulting in 

bt (V,, + V 3l ) + 7(0C 2 V 3I = -l. (D.29) 


In an ideally matched case, one can assume C\ = C 2 = C and thus solve Vn, V| 2 , Vi 3 , 
V 31 , V 32 and V 33 from these following equations 


V|| =-v 3 , 

_ I.v 

(TOO) 


jcoC 

V 12 = ^32 

bih 

(0 2 C 2 ( b\ + joC) 

(D.31) 

V\3 = ^33 

= 0 , 

(D.32) 


Similarly, one can let C = ^ and substitute Vu, V 12 , and Vi 3 to the drain current 
equation of the output transistor Ms and V 31 , V 32 , and V 33 to the drain current equation 
of the output transistor M 6 , leading to a differential output current with merely a third 
order harmonic component 

i out = i out+ - iour- = he jw + , (D.33) 


where the fundamental frequency component 


h 


-is 


2 (Oo 

m' 


and the third harmonic component 


h 


p 4b jap 

s ^yco 3 (i(o + coo)' 


(D.34) 


(D.35) 


In a simple OTA based current integrator (Figure D.3a), where the non-linear out¬ 
put current of the OTA is assumed as 


lour = a I v in + «2 vf„ + Clyvl, , 


(D.36) 


the integrator output current with a sinusoidal current excitation i s (t) = i s e jm results 
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VDD 



Figure D.2 Current-mirror based differential lossless integrator [2,31. 



(a) (b) 


Figure D.3 a) Simple transconductance amplifier based current integrator, b) A simple NMOS 
differential pair. 
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a 2lj 




(D.37) 


0 ) 2 C 2 yco 3 C 3 

Therefore, the linear integrator and non-linear transconductance can similarly be sep¬ 
arated in the case of the current-mirror based differential lossless integrator. Thus, the 
non-linear output current without the integrating function is 


‘out (v ’in) = ‘OUT+ (y) - ‘out- (- y) = b\v in - ^ — + ^ a)C . v L (D.38) 

This result can be compared to the nonlinear output current of a simple NMOS 
differential pair of Figure D.3b. This equation was previously derived in Appendix C 
as Equation (C.22) and can be rewritten for more convenient comparison as 

iour(vin) = iD\ (y) -/^(-y) ~b,v in + (D-39) 

It can be seen that Equations (D.38) and (D.39) are almost equal. There remains, 
however, an interesting difference in that the nonlinearity of the current-mirror based 
differential lossless integrator begins to decrease above the integrator unity-gain fre¬ 
quency' COo = |l. 
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